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} GENERAL 


1.4. SCOPE OF THE COURSE ON PULSE CIRCUITS 


By pulse circuits we mean active and passive circuits intended to 
generate, shape, store and handle pulse and switching waveforms. 

In pulsed operation, a circuit generates (shapes) or is acted upon 
by discontinuous signals appearing as pulses varying in waveshape. 
The term waveshape (or waveform) refers to the manner in which 
the associated voltage or current varies with time. 

The basic pulse waveforms are rectangular (Fig. 1.1a), trapezoidal 
(Fig. 1.16), sawtooth (triangular) (Fig. 1.4c) and exponential 
(Fig. 1.1d). They have no r.f. carrier and are called video pulses. 

Figure 1.1 shows idealized pulse waveforms. They are only useful 
as linear models of zeroth approximation in pulse waveform analy- 
sis. Real pulses are not geometrically regular owing to the nonlinear 
behaviour of the tubes or semiconductor devices producing them and 
the presence of reactances in the associated circuits. Real rectangular 
(or square) pulses, most important in practice, have the waveshape 
-hown in Fig. 1.4e. The major portion of the rise of a pulse is known 
as the leading edge, and the major portion of the fall of a pulse is 
referred to as the trailing edge. The portion between the leading and 
trailing edges is called the top of a pulse. 

It is customary to define the interval of time required for the 
leading edge of a pulse to rise from 10 % to 90% of its peak amplitude, 
Vim, as the pulse rise time, t,. Similarly, the interval of time required 
for the trailing edge of a pulse to fall from 90% to 10% of its peak 
amplitude is defined as the pulse fall time, t;. The time interval 
required for the instantaneous pulse amplitude to go from the 50-% 
point on the leading edge through the peak value and return to the 
50-% point on the trailing edge is called pulse duration (pulse length 
or pulse width), t,. The pulse waveform shown in Fig. 1.1¢ has a back- 
swing with an amplitude V,,,. The illustration also shows damped 
sinusoidal oscillations (known as ringing) superimposed on the 
pulse top. The amplitude of the first maximum excursion is referred 
to as the overshoot of a pulse, AV. 

A first-approximation linearized model of a rectangular pulse 
is shown in Fig. 1.1f. The straight-line segments ab, be and cd 
approximate, respectively, the leading edge, top, and trailing edge 
of a real pulse. The rate of pulse voltage (or current) rise in Fig. 1.1 
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Fig. 4.1 


is expressed in terms of the slope of the leading edge, SI = V,,/t,, 
and the rate of pulse top fall as the fractional tilt, droop or sag, 5Vp, 
= AV/Vm- 

The duration of real pulse signals ranges between broad limits: 
from a few nanoseconds to tens of seconds. Those most frequently 
used in computers, pulse communication, radar, TV and other fields 
of radio and electronics are microsecond pulses with durations from 
10-7 to 10-1 s, 

As often as not, the waveforms used in pulse circuitry are more 
elaborate in shape than those shown in Fig. 1.1. As an example, 
Fig. 1.2a shows an idealized voltage waveform appearing at the out- 
put of an LA-circuit driven by a sawtooth current. Figure 1.26 
and c shows the current waveform in the deflection yoke and the 
voltage waveform in the beam-deflecting circuit of an alpha-num- 
eric display CRT. 

Intelligence transmitted by rectangular pulses can be embedded 
in some time function of the pulse: amplitude V,,, duration t, 
and time position (repetition period) 7. 

According to the manner in which the intelligence-carrying time 
function of the pulse is modulated, existing pulse circuits may be 
classed into analog and digital. In analog pulse circuits, the intel- 
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ligence-carrying time function can, at y 

least in principle, take on any val- 

ues, however closely spaced, between 

the defined limits of an interval. In t 

digital pulse circuits, the intelligence- 

carrying time function can take on 

only distinct values forming a finite (a) 

set in an interval. The members of 

this set can be coded as digits in the 

binary, octonary, decimal or any other 

number system. = 
Binary codes are preferable in many 

applications owing to their high noise : 

immunity and also because they can (b) 

readily be instrumented with switching 

circuits. Physically, a binary code uses 

level or pulse signals. In the level 


type of binary coding, an intelligence- t 
bearing signal is a rectangular voltage 

waveform in which one level repre- (c) 

sents a logic 1, and another level a 

logic 0. In the pulse type of binary Fig. 1.2 


coding, the intelligence waveform is 
sampled at discrete clock intervals, and a logic 1 represents the 
presence of asample pulse, and a logic 0 its absence. 

Pulse working is implemented with linear circuits and electronic 
switches. The linear circuits are pulse amplifiers, RCL-circuits, 
pulse transformers, and delay lines. Of them, recourse is mostly 
had to pulse amplifiers and RC-circuits, because they can readily 
be microminiaturized. 

Electronic switches are basically nonlinear devices, such as diodes, 
transistors, vacuum and gas-filled tubes, square B/H loop ferromag- 
netic cores, and negative-resistance semiconductor devices. As with 
linear circuits, preference is given to those of the switching circuits 
that can be built in microminiaturized form (diodes and transistors). 


1.2. ANALYSIS OF PULSE CIRCUITS 


Lumped-constant circuits are analyzed by Kirchhoff’s laws equally 
applicable to both linear and nonlinear networks. Analysis of linear 
circuits in which the parameters of R, C and L elements and of 
controlled oscillators are independent of voltage and current relies 
on other simplifying rules, such as the superposition theorem, Theve- 
nin’s and Norton’s theorems, etc. 

In the pulse field, one is concerned with the analysis of the static 
and transient responses of circuits, sensitivity of intelligence-carrying 
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time functions or operating characteristics of pulse circuits towards 
destabilizing factors (noise, interference, climatic and mechanical 
factors, variations in the circuit parameters). The mathematical 
techniques used for the purpose are based on finite-difference or 
differential equations relating the unknown currents and voltages 
(circuit-state equations). 

If a complex pulse circuit is to be analyzed and designed to the 
utmost of accuracy, it is essential to consider the nonlinear behaviour 
of its active and passive elements. As a result, the equations of state 
for such a circuit become nonlinear and have to be solved by numer- 
ical methods. One way to enhauce the accuracy and speed of effort 
in such situations is through the use of computer-aided design tech- 
niques. 

As the term itself implies, computer-aided design techniques are 
based on the use of computers and appropriate software (individual 
programs and program packages). The theoretical basis of computer- 
aided design is circuit analysis theory, and techniques of computa- 
tional mathematics and programming. In the USSR, the combina- 
tion of hardware and software intended for the above purpose has 
come to be known as a computer-aided! design system (CADS). 

The CADS is capable of handling a wide range of problems encount- 
ered in circuit and system design and engineering, and does so with 
an appreciable economic gain in terms of reduced time requirements. 
improved quality, and better coordination of the noncreative aspects 
automatically handled by a computer with the creative work that 
can only be done by the human designer manually. 

Computer-aided circuit design on the basis of numerical methods 
removes most of the constraints otherwise imposed on the human 
designer in “manual” work by analytical methods. One of the crucial 
constraints is that the designer is forced to simplify as much as pos- 
sible mathematical models for nonlinear elements by resort to the 
piecewise-linear approximation of their characteristics and to re- 
duce the number of circuit elements in equivalent circuits. Since num- 
erical methods readily supply solutions to practically any nonlinear 
equations likely to be encountered in circuit analysis and design, 
there is no need to simplify models for the circuit elements. 

Another advantage of computer-aided design is that circuit en- 
gineering can now be extended to include large circuits containing 
hundreds or even thousands of elements and described, respectively, 
by hundreds and thousands of equations — a task unattainable in 
manual design and analysis. 

Finally, computer-aided design provides a sufficiently accurate 
tool for handling statistical and circuit-optimization problems which, 
in manual analysis and design, are not taken up at all or treated 
very approximately, so that the results are only of qualitative value 
in all but the simplest cases. 
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The foregoing, however, is not meant to say that a computer can 
relieve the human designer of the necessity to evaluate circuit confi- 
gurations on the basis of piecewise-linear models. As experience 
shows, cases are not infrequent in which the end results prove im- 
probable because of the round-off errors inevitable in a computer be- 
cause of an incorrect or an inaccurate statement of the original pro- 
blem (for example. the designer may violate the constraints imposed 
on the range of values for model parameters adopted in a particular 
program). Such errors can be detected only if the designer knows an 
approximate solution close to the true one at least in terms of the 
order of magnitudes involved. 

In determining the qualitative effect of pulse-circuit parameters 
on performance and an approximate quantitative estimate of the 
pulse-circuit behaviour, the designer ordinarily limits himself to 
rough calculations based on a piecewise-linear approximation of the 
V-I characteristics of active elements and linear equivalent circuits 
with time-switched parameters. In such cases, it is more convenient 
to use Laplace-transform calculus, and this is done in the present 
text. 


y) PULSE SHAPING 
BY LINEAR CIRCUITS 


2.1. GENERAL 


In pulse work, pulses of a desired waveform are widely shaped by 
linear RCL-circuits. The simplest pulse-shaping circuit is a series 
RC-network. The output voltage can be picked off either its resistor 
or its capacitor—in either case the pulse-shaping response of the 
network will be different. 


2.2. PULSE RESPONSE OF A SERIES CR-CIRCUIT LOADED 
BY A RESISTOR 


Let the input voltage source have a zero internal resistance and 
the load resistance be infinitely large (Fig. 2.1). As the input volt- 
age, we may use an ideal rectangular pulse and a ramp voltage. Such 
input signals provide sufficient insight into the pulse-shaping behav- 
iour of the circuit and enable real rectangular pulses with edges of 
finite slope to be at least roughly approximated. The Laplace trans- 
form of the transmission gain of the circuit shown in Fig. 2.1 has 
the form 


K (s) = sto/(1 + sty) (2.1) 


where t) = RC. 

Single voltage pulse input. The initial change of voltage cor- 
responding to the leading edge of an ideal rectangular pulse with 
an amplitude EF (Fig. 2.2) will be passed by the capacitor on to the 
output without attenuation. Then, as the charge on the capacitor 
builds up, the circuit current and, as a consequence, the output volt- 
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age will decay exponentially: 
v = E exp (—t/T) (2.2a) 


At the instant when the pulse ceases (t = t), the output voltage will 
be v (t) = E exp (—1/Tp). 

The trailing edge of the pulse is the negative change of voltage 
of amplitude £, appearing across the resistor. Thus, at the time 

= 1, the direction of current flow and the polarity of output volt- 
age are suddenly reversed. The backswing of the output pulse, cor- 
responding to the discharge of the capacitor during the interval 
t >T varies as 


= —AV exp [—(t — 1)/t9] (2.2b) 
where 
AV = E — v(t) = E [it — exp (—1/t,)] 


Over the time from zero to t, the charge on the capacitor is increm- 
ented by an amount 


T. 4 (Tt 
Qen = \jidt== { vat 
After the pulse ceases, the charge is decremented by an amount 
co. 4 i) 
Qais = ‘s idt= a \° vdt 


After all transients in the circuit die out, the initial charge on 
the capacitor remains unchanged, that is, 


Qch — Qais = 9 (2.3a) 


Geometrically, Q-n and Qi, are represented by areas A,, and Ais, 
respectively, bounded by the output voltage waveform in the 
intervals from zero to t and from t to infinity. This leads us to a 
condition of practical importance— the equality of areas 


Ach = A ais (2.3b) 


For an arbitrary waveform of the unipolar input signal, Eqs. (2.3) 
will hold if the time t be taken as the instant when the circuit current 
and output voltage reverse in polarity. The condition defined by 
Eqs. (2.3) describes the loss of the d.c. component that can exist in 
the input signal. 

When an RC-circuit is employed as a d.c. blocking network, it 
must distort the waveform of the transmitted pulse as little as prac- 
ticable, that is, it must satisfy the following inequality: 


tit <1 (2.4) 


On expanding exp (—t/t,) [see Eq. (2.2a)] into a power series 
and dropping all terms except the first one following the unity, we 
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obtain an expression describing the 
fractional droop of the output pulse 
(Fig. 2.2) 


8V = AV/IE & t/% (2.5) 


Thus, for the maximum tilt (expres- 

sed as a percentage of the peak pulse 

amplitude) not to exceed 1%, the time 

Fig. 2.3 constant of the circuit must be at 

least 100 times the pulse duration. 

When the circuit in question is driven by a single ramp pulse 

(Fig. 2.3) (e = At for 0 <t <1), in the interval from zero to t 
the Laplace transform of the output voltage will be 


v (s) = At)/s (1 + Sto) 
and the respective original time function will be 
v (t) = At, [1 — exp (—t/T))] (2.6) 


At the time ¢ = t, the input pulse ceases, and at other times 
t >, the output pulse will vary as defined by Eq. (2.2b), but AV 
will be different: 


AV =e (t) —v (t) = At — At, [4 — exp (—T/T))] (2.7) 


If Eq. (2.4) is satisfied, the distortion that a ramp pulse suffers 
on passing through a CR-network can be evaluated in terms of the 
ramp pulse tilt defined as 


Vramp = AV/At 


(Fig. 2.3). To obtain a first approximation to Viamp, the power 
series of the exponential functions in Eqs. (2.6) and (2.7) must 
now retain the quadratic terms. Then, 


Vramp © 0.51/% (2.8) 


Pulse train input. If a pulse train with a repetition period 7 is 
to pass through a d.c. blocking network with little distortion, it is 
usually required to satisfy both the condition defined by Eq. (2.4) 
and the inequality (2.9) 


(T — t/t) <1 (2.9) 


As a consequence, the capacitor will have no time to recover its 
original charge between pulses. Now (Fig. 2.4a), the early pulses 
of the train bring about a transient rise in the residual charge on the 
capacitor, and some time later a state of dynamic equilibrium sets 
in. so that the increment in charge, AQ cn, over the pulse duration 
becomes equal to the decrement in charge, AQgi;, between pulses. 
As before, the values of AQ.» and AQ4q,, are proportional to the areas 
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Fig. 2.4 


bounded by the output voltage waveform over the intervals t and 7-t 
(shown shaded in Fig. 2.4a). 

In view of Eqs. (2.4) and (2.9), distortion in the waveshape of the 
output pulses can be ignored to a first approximation. Then the 
effect of the RC-network in question consists in shifting the initial 
level of the output pulses by Vy. If we agree to count the pulse dura- 
tion from the instant when the circuit current and the output voltage 
reverse in polarity, the above conclusion can be extended to pulses 
of any arbitrary waveshape, e (t). Over an nth interval, for the state 
of dynamic equilibrium we may write 


ra for O<tcxct 
VA | —V, for t<t<T 


From the equality of the shaded areas in Fig. 2.4a 


s T 
(f(e—V%) di= { Vide 
we get 


BPR at AEE i 
Via \redtas + | ede=e (2.10a) 
where @ is the input voltage averaged over a period. 

Changing the upper limit for the integral in Eq. (2.10a) from t 
to T stresses that in the interval 7-t the applied voltage is zero. 
To sum up, transmission of a pulse train through a d.c. blocking 
network with low distortion entails a shift in the initial level, equal 
in a first approximation to the average value, e, of the input signals 
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and independent of the circuit parameters. (Methods for changing 
the initia! level of pulses at the output of an RC-network are exam- 
ined in Chap. 4.) 

Because the current charging the d.c. blocking capacitor in 
the state of dynamic equilibrium is smaller than the similar 
current for a single pulse, the tilt for a pulse train is smaller 
than the value given by Eqs. (2.5) and (2.8). 

The value of 6V for rectangular pulses can be found by reference 
to Fig. 2.4b which shows the output voltage v and the capacitor 
voltage vg in the state of dynamic equilibrium. Locating the origin 
at point nJ and using the generalized equation for an exponential 
function, x (t) — x (co) — Ix (co) — x (0)| exp (—t/T,), the exponen- 
tial functions describing the charging and discharging of a capacitor 
can be written 


ae exp (— é/t,) forO<<t<%, 
a a (Vo + AV) exp [— (t—1)/to] fortp KET 


Using the boundary conditions, vg (t) = Vo 4- AV and vg (T) = Vo, 
and limiting ourselves to the linear terms of the expansion, we get 


8V = AV/E & (t/t)) (1 — 1/T) (2.10b) 
Similarly, for a train of ramp pulses the tilt is 
SViamp = AV/AT & (1/2T) (1 — 1/T) (2.10c) 


Pulse shortening. As often as not, the circuit of Fig. 2.1 serves 
to shorten pulses. The desired waveshape for the output signal pro- 
duced by shortening an ideal rectangular pulse (Fig. 2.5) can be 
obtained by choosing the time constant for the circuit such that 


t/t) > 1 (2.44) 


where t is, as before, the duration of the input pulse. 

The output bipolar pulses corresponding to the leading and trail- 
ing edges of the input pulse decay exponentially, as described by 
Eq. (2.2a). In an idealized case, the duration of these pulses, tout 
fz 38%), at 5% E may be shortened to any value, however small. In 


Fig. 2.6 
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Fig. 2.7 


practice, an unbounded decrease in the duration of output pulses 
with decreasing time constant of the circuit is prevented by 
the decrease in their amplitude, because the rise and fall times of 
the input pulses are finite and the previously neglected parasitic 
elements begin to be felt. 

It is a relatively simple matter to evaluate the effect of the finite 
rise and fall times of the input pulse, if we assume that the voltages 
corresponding to the leading and trailing edges vary in a nearly 
linear fashion. To begin with, let us see how the output signal 
(Fig. 2.6) described by Eq. (2.6) varies under the conditions defined. 
by Eq. (2.11). After the exponential term in Eq. (2.6) has decayed, 
the amplitude of the output voltage, At), will remain constant and 
proportional to the rate of change of the input voltage. Thus, 
the circuit in question takes an approximate differential of the input 
signal, and the error of differentiation (defined as the difference in 
ordinate between the line At ) and the output voltage waveform) 
will increase as the time of differentiation is decreased. Ways and 
means of improving the accuracy of differentiation are discussed. 
in Sec. 2.4. 

Turning now to variations in the amplitude of a pulse with a fi- 
nite-slope leading and trailing edge approximated by ramp waveforms, 
it is an easy matter to see that a decrease in the time constant of 
a pulse-shortening network will decrease the amplitude of the output 
voltage. If the condition defined by Eq. (2.11) is met, the effect 
of the exponential term will only be significant within the initial 
portion of the output pulse, and the amplitude of the latter will 
be directly proportional to the time constant (Fig. 2.7). 

Effect of stray elements in a pulse-shortening RC-network. The 
principal stray elements that must be considered in pulse-shortening 
networks are the internal resistance R,of the input signal source 
and the stray capacitive component, C,, 
of the load impedance (Fig. 2.8). Be- 
cause of these elements, the output 
voltage cannot change abruptly, so the 
shortened pulses may substantially differ 
from the idealized case discussed above 
in both waveform and amplitude. 


Q* 
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If the input voltage e supplied by the source (Fig. 2.8) is a step 
input, e = E at t > 0, that is, if e (s) = E/s, the Laplace transform 
of the output voltage will be 

v (s) = E/t, (s — 81) (8 — 82) (2.12a) 
where t, = C,fts, T, = RC, s, and Ss, are the roots of the character- 
istic equation 

s+ s(14+ Yat Y¥e)/tst 1/t.% = 0 
For yr = #,/R and yc = C,/C, these roots are 


4 tae 1 , 4¥r¥o 

s= — a (1+ ret v0) [1 a anes 
1 4yRYVc 

g=—p-(Utretre[1+V 1-7 tee | 


Noting that the fractions under the radical signs are smaller than 
unity, we can retain only the first two terms in the respective expan- 
sions. Then 

sy= — 1/7, = — [tT (1+ ¥r+ Ve) 

sg= —1/t,  —(1 +r +YVe)/ts 
The inverse Laplace transform (time function) of the output voltage 
(Fig. 2.9) is 

v (t) = (E/T) [41/(s, — s2)] [exp (st) — exp (Sot)] (2.18) 


where | s, | < | S$ |. 

As is seen from Fig. 2.9 where the exponential components of 
v (t) are shown by a dashed line,the leading edge of the output pulse 
has at first a finite slope, | dv/dé |,~9, governed by the ratio £/Ts. 
By the time ¢,, determined primarily by the decay of the second 
exponential term in Eq. (2.13), the output pulse reaches a peak 
amplitude followed by a fall of voltage during which the controlling 
factor is the decay of the first exponential term in Eq. (2.13). It 
follows from Eq. (2.13) that a decrease in the circuit parameters of 


(2.12b) 


Fig. 2.9 
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a pulse-shortening RC-network will inevitable lead to a decrease 
in the amplitude of the output pulse. 

An analysis (see, for example [2] and [34]) would show that when 
the duration of the output pulse and the amplitude of the input pulse 
are fixed in advance and the stray parameters remain unchanged, 
the parameters of the C-network have certain optimal values, 
Ropt and Copt, such that the amplitude of the output pulse is at 
a maximum. 


2.3. PULSE RESPONSE OF A SERIES RC-NETWORK LOADED 
BY A CAPACITOR 


In transform notation, the transmission gain of an RC-network 
loaded by a capacitor (Fig. 2.10) is 


K (s) = (1+ sto)“! (2.14) 


Step input. When a step input wilh an amplitude —& is applied 
to the RC-network of Fig. 2.10, the output signal builds up exponen- 
tially: 


v = E [1 — exp (—t/t,)] (2.15) 


The rise time of the output signal to 90%, 95% and 99% of £ is 
2.37), 38%), and 4.61), respectively. 

Rectangular pulse input. When the input signal is a rectangular 
pulse with a duration t and an amplitude &, the leading edge of 
the output pulse is described by Eq. (2.15), and the trailing edge 
decays exponentially 


v = v (t) exp [— (£ — 1)/To] (2.16) 
where 
v (t) = F [1 — exp (—1/1,)] 


Pulse train input. The network of Fig. 2.10 is often a combination 
of the output resistance of an amplifying or a pulse-shaping stage and 
the stray capacitance ordinarily formed by three components, namely 
the oulput capacitance of the transistor, the wiring (circuit) capacit- 
ance, and the load capacitance. In the circumstances, the pulse- 
shaping action of the network is regarded as 
an undesirable effect on the waveshape of the 
input pulse. This effect takes the form of an 
exponential variation in the leading and 
trailing edges of the output voltage (curve / 
in Fig. 2.11). No generalized index has been 
adopted for this distortion yet. In practice, 
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the transmission of the input pulse may be taken as satisfactory 
if t, <0.1t. If the pulse rise time be taken as the time inter- 
val required for the output signal to become equal to 90%, 95% 
or 99% of F, then it is essential that ty be less than or equal 
to 0.041, 0.031, or 0.021, respectively. If the pulse rise time be 
taken as the time interval required for the output signal to rise 
from 10% to 90% of F, equal to 2.2t), a satisfactory transmission 
of an input pulse requires that t, be less than or equal to 0.05t. 
The same reasoning applies to the pulse fall time. The duration 
of the output pulse remains equal to that of the input pulse in all 
cases. Because the input and output terminals of the network 
shown in Fig. 2.10 are coupled conductively, the initial level of 
the input signal is transmitted without any change. 

Pulse stretching. When the RC-network of Fig. 2.10 is used to 
stretch input pulses, the output pulse has the waveshape illustrated 
by curve 2 in Fig. 2.11. To a first approximation, the duration of 
the output pulse is given by 


Tout & 0.97 + 0.77) (2.17) 


It is an easy matter to see that in the circuit in question an increase 
in the duration of the output pulse is accompanied by a fall in its 
amplitude, V,,, even under idealized conditions. 

The principal parasitic element for a pulse-stretching RC-net- 
work is the load resistance R;, connected across the network capac- 
itor C (Fig. 2.12a). The effect of this resistance can be evaluated 
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(a) (b) 
Fig. 2.12 


2.3 PULSE RESPONSE OF A SERIES RC-NETWORK 23 


by transforming the circuit of yy 
Fig. 2.12a into its equivalent cir- 
cuit (Fig. 2.12b) on the basis of 
Thevenin’s theorem. The emf éq of 
the equivalent voltage generator 
and the equivalent resistance Req 
used in the circuit of Fig. 2.126 are 
defined as 


Il 


Ceq eR N(R + Rr) 


and 
Req = RR,/(R + Rx) Fig. 2.43 


Thus, the effect of the load resist- 
ance consists in reducing the amplitude and duration of the output 
signal. 

Ramp voltage input. When the network of Fig. 2.10 is driven by 
a ramp voltage waveform, the output signal has a waveshape shown 
in Fig. 2.13 for two values of the relative pulse duration, t/To. 
Curve 7 illustrates the distortion brought about in the ramp input 
by a typical amplifying stage, when the capacitance of the RC-net- 
work is a parasitic one. Over the interval from 0 to t, the output volt- 
age can be described as 


v (s) = 1/s? (1 + 8t,) 


(2.18) 
v (t)= At— At, [1 —exp (— Z/T))] 

With a ramp input, the condition defined by Eq. (2.11) is usually 
satisfied. Therefore, the distortion produced in the output signal 
takes the form of a nonlinear initial portion and, after the exponential 
term in Eq. (2.18) has decayed, of a delay (shift) of the forward 
(rising) portion of the ramp waveform by t). When the input ramp 
pulse ceases, variations in the output voltage, caused by the disch- 
arge of the capacitor C, are described by Eq. (2.16) where v (t) 
we A (T — T)- 

Curve 2 applies when the ratio between the duration of the rising 
portion of a ramp input and the time constant of the network is as 
given by Eq. (2.4). On expanding into a power series the exponential 
term of Eq. (2.18) and retaining only the quadratic term, we obtain 


v & 0.5At?/t, (2.19) 


This voltage is proportional to the time integral of the input volt- 
age. Thus, in the case on hand, the RC-network performs approx- 
imate integration. 
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2.4. DIFFERENTIATION AND INTEGRATION 
OF PULSE SIGNALS 


The RC-networks examined above can be used for approximate 
differentiation and integration of input signals with respect to 
time. These operations are among the basic ones in analog computers 
and automatic process control systems. 

Differentiation. The transfer function of a true differentiating 
element is 


Kq (s) = sta (2.20) 


From a comparison of Eqs. (2.1) and (2.20), it is seen that the 
transfer function of an idealized RC-network (see Fig. 2.1) will 
approach Kg (s) only as s tends to zero. Practically, differentiation 
is sufficiently accurate for the spectral components of the input 
signal which satisfy the following condition 


0% <1 (2.21) 


It follows from Eq. (2.41) that when the above condition is satisfied, 
the amplitude of the output signal decreases. 

Another factor standing in the way of reducing the time constant 
tT) in order to enhance the accuracy of differentiation is the effect 
of the stray parameters R, and C, which modify the transfer func- 
tion to the value 


K (s) = s/t, (8 — 81) ($s — Sp) (2.22) 


From a comparison of Eqs. (2.20), (2.1), and (2.22). it can be 
seen that a decrease in the circuit parameters of the RC-network 
is accompanied by an improvement in the accuracy of differentia- 
tion so long as the stray parameters can be neglected, that is, so 
long as yp and ye are much less than unity. 

The basic approach to improving the accuracy of differentiation 
(as well as of integration), while keeping the amplitude constant, is 
to apply a compensating voltage; this matter will be taken up later. 

Integration. The transfer function of a true integrating element is 


Ky (s) = {/st;. (2.23) 


Obviously, an RC-network loaded by a capacitor (see Fig. 2.10) 
will perform the operation of approximate integration only for 
the high-frequency spectral components of the signal for which 


OT) > 4 (2.24) 


which, as with differentiation, leads to a reduction in the amplitude 
of the output signal. 

Compensating voltage. It is an easy matter to see that the accu- 
racy of differentiation and integration can be improved by minim- 
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ca 


Fig. 2.14 Fig. 2.45 


izing the effect of the output signal on the current flowing in the 
network. To demonstrate, for the network of Fig. 2.14, we may 
write 


v= iZ, 
i= (e — vy/Z, 25) 
If we assume that v <e, then 
iw e/Z, 
v ~ eZ,/Z, (2-20) 


Thus, if the impedances Z, and Z, are respectively a capacitor C 
and a resistor R, the network will perform the operation of dif- 
ferentiation. If, on the other hand, Z, Rand Z, - 1/sC. the net- 
work will perform the operation of integration on the input signal. 

Reduction in the amplitude of the oulput signal can be avoided 
by minimizing the dependence of current on voltage.This can be 
done by using a compensating voltage Veon», as shown in Fig. 2.15. 
As a result, the current flowing around the circuit will be i 
= (€ —V + Veomp)/Z1, and at V = Veonp the current will be indep- 
endent of the output voltage. 

Generalized circuit of the: operational amplifier. In the circuit of 
Fig. 2.15, the compensating voltage is supplied by a negative-feed- 
back amplifier ordinarily referred to as an operational amplifier 
(opamp). In block-diagram form. it is shown in Fig. 2.16 where the 
notation for the signals and terminals is the same as in Fig. 2.15. 
Assuming that the opamp of Fig. 2.16 is an ideal voltage amplifies 


Fig. 2.16 
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(Rin is infinity and Ro, is zero), then, using the principle of super- 
position, the input voltage vj, can be written 

Vin = —Veomp/Ko = (€Z2 + Veomp41)/(Z, + Ze) (2.27) 
Solving Eq. (2.27) for K (s) = Vcomp/e gives 


Z Ky 


K()= —7at ky TPM tka a, 


(2.28) 


The voltages v and Vcomp are connected by a relation of the form 


V = —Veomp (1 + Ko)/Ko (2.29) 
If the gain Kp» is chosen such that 
Ky>1 (2.30a) 


the equality of v and Vcomp will be nearly complete. If the condi- 
tion defined by Eq. (2.30a) is satisfied and the second term in the 
denominator of Eq. (2.28) is negligibly small so that 


| Z2/(1 + Ko) |X [Z,} (2.30b) 


then, by resolving the rational function of Eq. (2.28) into partial 
fractions and retaining only the first-order infinitesimals, we have 


K (s) 7a” qd coed Zo! KZ) Z2/Z4 (2.31) 


It may be concluded from inspection of Eq. (2.34) that an opamp 
used under the specified idealized conditions can improve the ac- 
curacy of differentiation and integration Ky times as compared 
with a simple RC-network, without reducing the amplitude of the 
output signal, because the opamp uses negative voltage feedback. 

Basically, a practical opamp differs from the idealized circuit 
of Fig. 2.16 in that the input resistance is finite (R\, + oo). Using 
the same approach as before and allowing for Rj,, we obtain 


—_ _ Ko A Zal(4-+ Ko) 1-1 

K=~ are Bt pte e.32) 
From a comparison of Eqs. (2.32) and (2.28), it is seen that the 
finiteness of R,, manifests itself in increasing the second (correction) 
term in the denominator of Eq. (2.32) which brings about a propor- 
tionate impairment in accuracy. 

Integrated-circuit opamp of the differentiating type. A generalized 
circuit diagram of a differentiating opamp is shown in Fig. 2.17a 
where A, is the gain of the circuit in terms of the difference in input 
voltages at Z, = oo. Let Ky be independent of the complex fre- 
quency variable s. This assumption will hold for slowly varying volt- 
ages and currents when the time lag (inertia) of the amplifier may 
he neglected. For fast signals, the dependence of Ky on s may be 
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Fig. 2.47 


a source of an additional error in differentiation and integration. 
At Z, # oo, inspection of the quasi-static equivalent circuit 
of the amplifier input and output (Fig. 2.17b) gives 


Kor = v/(e, — @2) = —KoZz/(Rout + Zr) (2.33) 


As a rule, the inequality Z,; >> R.y, holds for the main portion 
of the signal spectrum. Then, it may be deemed that Kyo, ~ Ko. 
Terminal 7 is usually called the inverting input of an opamp, and 
terminal 2, its noninverting (direct) input. 

Let us derive the transfer function for a differentiating opamp 
(Fig. 2.18a). assuming that Ri, = co and Roy, — OV. Invoking the 
principle of superposition. we obtain from the equivalent circuit 
of Fig. 2.185 


ZytuZ 
Vin = —v/Ky= =F Lig, (2.34) 
Hence, 
: Ky eZa—€2 (21 i-%2) 1 
OT AK. Meg (le Raley oy (2.35) 


Grounding the noninverting input (e, — Q) in the circuit of Fig. 2.18a 
gives an operational amplifier. Now A (s) = v (s)/e (s) is the same 
as defined by Eq. (2.28). 


22 


Fig. 2.18 
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It is of practical interest also to know the transfer function of an 
opamp referred to the noninverting input, when e, = 0: 


Ky (1+2Z,/Z,) 
K (s) =U (s)/e5 (s)= TZU Kae (2.36) 
Subject to the condition defined by Eq. (2.30a), the transfer func- 
tion referred to the noninverting input does not, in a first approxim- 
ation, depend on K,: 
K (s) © 1 + Zz (s)/Z, (s) (2.37) 


In particular, we can derive a circuit analogous to a highly efficient 
emitter follower, if we assume that Z, = R and Z, = O or that 
Z,= © and Z,=R. 

When the differential input resistance is finite (Rin ~ oo), the 
second (correction) term in the denominator of Eq. (2.35) increases 
asin the circuit of Fig. 2.146. Therefore, for the opamp to operate 
correctly (with the effect of Ky, minimized), it is essential, in addi- 
tion to Eq. (2.30a), to satisfy also (he condition defined by Eq. (2.38): 


Ze 
Raia ky ee) 
The current trend in the USSR is to build operational amplifiers 
from integrated circuils [27, 42] and discrete elements Z, and Zo. 
A typical [C differentiating opamp consists essentially of four stages, 
namely aninpul differential amplifier, a vollage amplifier, a d.c.-level 
shift circuit. and an oulput power amplifier [55]. The voltage gain 
of such amplifiers ranges from 10' to 10°. The input stage may be 
based on bipolar and field-effect structures and have an input resist- 
ance of 10 k® to 10 M® and an oulputl resistance of several tens or 
even hundreds of ohms. 


2.5. PULSE RESPONSE OF AN RL-NETWORK 


If in the previous HC-network we replace the C by an Rand'the R 
hy an L. everything we have Jearned about the pulse-shaping action 
of RC-networks can be extended to the resultant #L-network. Unfort- 
unately. such AL-networks are unsuitable for electrical differentia- 
tion and integration because real inductors have an ohmic series 
resistance. r, and a stray distributed shunt capacitance. For this 
reason, AL-networks are primarily used lo shorten pulses in cases 
where the input pulses are relatively short. Then the inductors may 
be made small and without iron cores. 

Figure 2.149a@ shows an inductor connected in the drain lead -of 
a FET operating within the lew-slope portion of the output 1-7 
characteristics. From reference to the equivalent circuit of Fig. 2.190, 
we find that in the circumstances the a.c. voltage vo across the 
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inductor (with r ~ 0) is: 
_. &m se (8) 
0 (8) 90 BCR ey PCE oe 
where Reg = R; || R. 
For a step input voltage (e = £), 


v_(s)= ee + 


(— 8) @—%) 


~ [exp (st) —exp (s2t)] (2.40b) 


(2.40a) 


v_(t)= (8mE/C) = 


where 
Sire “3 Ores —V4) 


Sy = —+ Tie (1+ VA) (2.41) 
A=1—(2Req/p)?, p=V LIC 


Any one of several transient responses in the resonant circuit 
can be utilized to shape the output voltage, the choice being depend- 
ent on the value of A,g which is in turn decided by the shunting 
resistance, A. The overdamped response is used to shorten pulses 
but seldom, but it frequently serves to attenuate output pulses of 
undesired polarity. For this purpose, a clipping diode is connected 
in parallel with the inductor. 

As a rule, pulse-shortening networks are critically damped (A 
= 0) or underdamped (A <0). In order to obtain a single output 
voltage pulse in the underdamped (or oscillatory) case, corresponding 
to the first half-cycle of a sine wave, a clipping diode must he placed 
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across the inductor. The diode must be connected in a polarity such 
that it is reverse-biased during the first half-cycle. When the voltage 
across the inductor reverses in polarity, the diode is forward-biased, 
and the network produces an overdamped response with a negligible 
amplitude because the impedance of the conducting diode is a small 
fraction of the characteristic impedance of the inductor. Sometimes, 
the inductor is replaced by a differentiating transformer [30] which, 
given a properly chosen transformation ratio, can substantially 
build up the amplitude of the output pulse. 

Shock-excited resonant circuit. Given a step input and an oscil- 
latory response (A <0), the sinusoidal oscillations generated in 
an inductor shunted by a capacitor are sometimes utilized to pro- 
duce time marks—a sequence of pulses spaced accurately known and 
unvarying time intervals apart. Quite aptly, the circuit is called 
a time-mark generator. The accuracy of such a generator improves 
with an increase in the initial amplitude V,,,; (Fig. 2.19c), a decrease 
in its attenuation from pulse to pulse, and an improvement in the 
stability of oscillation period 9. As a result, the transistor loaded into 
the inductor operates in the switching mode with a heavy initial 
current. In the no-signal condition, the transistor and inductor carry 
the quiescent current /,, and the amplitude EF of the controlling 
voltage change exceeds the cut-off voltage of the transistor. As a rule, 
no discrete shunting resistor need be included, and the resistance R 
refers to the equivalent resistance of the circuit (ordinarily called 
a shock-excited resonant circuit). This equivalent resistance com- 
bines the series resistance of the inductor and the equivalent load 
resistance. The basic component of the resonant-circuit capacitance C 
is that of the capacitor connected in parallel with the inductor to 
fix the frequency of the shock-excited sinusoidal oscillations. In 
the case of a time-mark generator, the amplitude of the shock-excited 
oscillations is usually stabilized by positive feedback [38]. 


2.6. PULSE TRANSFORMERS 


Pulse transformers are intended to transmit or shape pulses with 
a duration from several nanoseconds to tens or even hundreds of micro- 
seconds. Above all, pulse transformers are required to transmit 
pulses with the least possible change in waveshape. They are widely 
used to control the amplitude, polarity and initial level of voltage 
and current pulses, to match and transform interstage impedances 
in pulse amplifiers, and to shorten pulses. A pulse transformer is 
a basic element of a blocking oscillator (see Chap. 8). 

Transmission of voltage pulses. Let a step-input voltage e he 
impressed on the primary of a two-winding transformer at time 
t) (Fig. 2.20a). The transformer shown in the figure is an idealized 
one in the sense that it is assumed to have no stray parameters, 
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(a) (b) 
Fig. 2.20 


such as series loss resistances. leakage inductances, shunt capac~ 
itances, eddy currents in the core. and variations in the permeab- 
ility of the core material. The only difference of this transformer 
from an ideal one in the strict sense is that the primary inductance. 
L, is finite. so the open-circuit magnetizing current is non-zero. 
However, the finite value of magnetizing current will not affect 
the waveshape of the output signal, because the internal impedance 
of the pulse generator is taken to be zero. An equivalent circuit for 
the transformer of Fig. 2.20a, referred to the primary winding, is 
shown in Fig. 2.20b where the magnetizing inductance L,, and the. 
parameters referred to the primary are 


Ly = paw7Se/le 
Ry =R_,/n? (2.42): 
n=W,/W,, i,=Nig, v'=v/n 


where p, is the absolute permeability (uz = [Ho), S- is the cross- 
sectional area of the core. and /, is the mean length of the core. 

It follows from the equivalent circuit of Fig. 2.20b that a step 
input (e = £) brings about a linear rise in the magnetic induction B, 
the magnetic intensity H in the core, and the magnetizing current i,. 
As a consequence, on transmitting a pulse with an area Et, the core 
induction is incremented by 


AB = Ev/(w,S,) (2.43): 


In other words, in passing an ideal rectangular pulse of duration t 
and amplitude £, the increments in the magnetic induction, magnetic 
intensity and magnetizing current are solely controlled by the trans- 
former design and magnetic-circuit material and are independent of 
load. The only variable which depends on load is the primary cur- 
rent i, of the transformer. If no bound is placed on the generator 
current, then, in the absence of impedances between the input and 
output of the equivalent circuit in Fig. 2.20b, the magnetizing in- 
ductance L,, will solely affect i,,. and not the waveshape of the signal. 
Tn practice, the above assumptions do not hold. and the magnetizing 
current i, does affect the waveshape of the output signal (by reduc- 
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ing its amplitude). As a consequence, L, ought not to be smaller 
than the required value. 

In practice, pulse transformers depart from the idealized behav- 
iour discussed above owing to magnetic hysteresis, eddy currents, 
leakage flux, and displacement current in the transformer windings. 

Magnetic hysteresis. For the magnetic materials that go to make 
transformer cores, the magnetic induction is a nonlinear function 
of the magnetic intensity. Graphically, this relationship is depicted 
by what are called the normal magnetization curve and the hystere- 
sis loop plotted for a limiting symmetrical cycle of magnetization 
and demagnetization when the current traversing the transformer 
primary varies at a relatively low rate (Fig. 2.21). The physical 
quantities usually stated in data sheets for transformer cores are 
the residual flux density or remanence 8,,, the coercive force H., 
the saturation flux density AB,a, at some fixed value of /T,a;. The 
point .W is the cusp of the limiting hysteresis loop; beyond that 
point, the magnetization proceeds without hysteresis [31]. Let the 
initial state of magnetization in a core be designated by point 0 
where the residual magnetization is zero. Then, as the transformer 
passes a sequence of pulses, the first pulse of area Et will cause 
the representative point to move along the normal magnetization 
curve to point 8, where the normal magnetization curve intersects 
a horizontal line, 2 = AB, and the flux-density increment AB 
is given by Eq. (2.43). 

When the first pulse ceases, the representative point moves to 
point B,, along the descending arm 8,-B,,. Arrival of the next 
pulse causes the representative point to move to A,, first along the 
ascending arm of the curve, adjacent to the normal magnetization 
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curve, then along the normal magnetization curve, and the differ- 
ence in flux density between 8, and B,, remains AB as it was before. 
When the second pulse ceases, the representative point moves to 
B,, along the other descending arm. This build-up in remanence 
in response to arrival of every next pulse will continue until the 
representative point reaches 0’ corresponding to the remanence of 
the limiting cycle, B,). With arrival of every next pulse, the repre- 
sentative point will move between 0’ and m along the minor (unsym- 
metrical) hysteresis loop (shown shaded in Fig. 2.21) whose slope 
will be determined by the value of AB. Thus, the permeability 
averaged over a pulse, called the permeability on the limiting minor 
cycle, wa, will be given by (see Fig. 2.21): 


Ma = tana = AB/AH (2.44) 


The value of ua is always smaller than the normal (quasi-static) 
permeability at point m (4 = Bm'H m). and the difference between 
them will increase with increasing remanence B,9. To avoid any 
distortion in the waveshape of the output pulse, A@ over the pulse 
should not exceed ABnay = Bu — Bro. 

Thus. the core material for a pulse transformer should have the 
lowest possible remanence #,9. a high saturation flux density Byat 
and a high permeability p,. 

At present, low-power pulse transformers predominantly use fer- 
rite cores. Ferrites* have high permeability (about 1500 gauss 
per oersted at AB < 2 kilogauss [31]), a good temperature stability 
of pa. and low eddy-current losses. Because of this, they have rapidly 
ousted expensive strip- and ribbon-wound cores from cold-rolled 
silicon steel and Permalloy. 

Typically, ferrite cores have B,.,, = 1500 to 3000 gauss, Byo 
= 80 to 1 000 gauss, and ABmax = 700 to 2000 gauss. As a way 
of reducing the remanence, they are made with an air gap with a width 
equal to from 0.001 to 0.0001 of the mean core length and placed in 
an auxiliary demagnetizing field H, of about 1 to 2 gauss [34]. 
In such cases, it is preferable to employ square-loop ferrites for 
which Bpo/Bgat > 0.8. 

To take care of magnetic hysteresis in designing a pulse transfor- 
mer, the absolute permeability yp, in Eq. (2.42) should be replaced 
with wa, and the maximum increment in magnetic induction, AB, 
should be limited by increasing w, or S¢. 

Eddy currents. Fast variations in the magnetic flux threading 
the core of a pulse transformer give rise to eddy currents which tend 


* Ferrite is a powdered, compressed and sintered magnetic material con- 
sisting chiefly of ferric oxide combined with one or more other metals. Examples 
of ferrite compositions include nickel ferrite, nickel-cobalt ferrite, manganese- 
magnesium ferrite and some others.—Translator’s note. 
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to weaken the main magnetic field. To make up for this effect, an 
additional magnetizing field must be applied. In the equivalent 
circuit of Fig. 2.20b, the increase in the resultant magnetic flux 
is represented by the increase in the magnetizing current i, produced 
by additional parallel RL-networks [4]. The magnetizing inductance 
can be replaced by an apparent inductance Lz, which is defined 
by Eq. (2.42), with p, replaced by the apparent permeability pap 
which is a function of the pulse duration. The resistivity of ferrite 
cores is about 107 times as high as that of cores from cold-rolled steel 
and Permalloy. Because of this, eddy currents in ferrite cores are 
negligibly small, and there is practically no reduction in the value 
of Ae 

The pulse permeability of ferrite cores is reduced by what is known 
as magnetic viscosity which is responsible for the time delay with 
which the sense of magnetization in a ferrite core can be reversed. 
According to data sheets which quote the values of u, with allowance 
for magnetic viscosity, the reduction in pulse duration from 3 to 5 
or 1 ps, the permeability goes down by no more than 10%. 

Leakage flux and displacement currents in the windings. In a real 
transformer, an electric field is set up between the windings and 
also between each winding and the core (frame). When a pulse voltage 
or current is impressed on the transformer, the intensity of this field 
varies at a very high rate, giving rise to displacement currents which 
shift the balance of currents in the transformer. The magnitude 
of displacement currents is decided by the distributed capacitance 
C, of the transformer windings. The value of Cy can be found by 
treating the winding layers as the parallel plates of a capacitor [3]. 

In the equivalent circuit of a pulse transformer, the distributed 
capacitances must be replaced by lumped equivalent (dynamic) 
capacitances whose value will depend on the point of connection in 
the circuit, turns number, and the arrangement of the windings. 
For practical purposes, it is reasonably accurate to place one equi- 
valent (dynamic) capacitance in parallel with each transformer wind- 
ing. The dynamic capacitances can be calculated by assuming that 
the electrostatic energy stored in the windings is equal to that stored 
by the equivalent lumped capacitor, and also that the potentials 
vary linearly along the Jength of the windings [5]. For a real pulse 
transformer, the equivalent capacitances can be found by exper- 
iment in the same manner as the equivalent distributed capacitances 
of inductors. 

Leakage flux in a pulse transformer is that part of the total mag- 
netic flux which is diverted from the main path and links with various 
groups of turns adjacent to a given turn. Because of this, the voltage 
transformation ratio is reduced in comparison with the value given 
by Eq. (2.42) and becomes dependent on the signal spectrum and 
the character of load. 
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Fig. 2.22 Fig. 2.23 


If we assume, as a rough approximation, that the current is the 
same in all the turns of a given winding, the magnetic fluxes thread- 
ing the transformer windings will differ as much as the coupling 
factor k, differs from unity: 


ke=M/VIAL, (2.45) 
where M is the coefficient of mutual inductance between the wind- 
ings. 

Figure 2.22 shows an equivalent circuit of a pulse transformer with 
allowance for displacement currents and leakage flux. It also shows 
the series loss resistances r; and r, of the windings and the internal 
resistance #, of the pulse source. The capacitors C, and C, include 
the capacitive components, C, and C,, of the pulse generator and 
load, and the dynamic capacitances C q of the transformer windings: 


Cy=C,4+ Ca, Cg= Crt Cas (2.46) 


The principal components of the dynamic capacitances are the equi- 
valent capacitance between the primary and secondary windings, 
Cai. and the equivajent capacitances, Cq),9 and Cayo, between 
the windings and the transformer core (frame) usually held at zero 
(ground) potential: 


Car=Casot+Cater Caz=Cae,o (2.47) 


Equivalent circuit of a real pulse transformer. The relations des- 
cribing the equivalent-circuit parameters depend on the point of 
connection of the series inductance characterizing magnetic leakage. 
Since, however, the leakage inductance Lj, in a pulse transformer 
is small, the difference in parameters between a real transformer 
and its equivalent circuit is negligible. Therefore, the leakage induc- 
tance Ly}, = L, is most often placed ahead of the magnetizing induct- 
ance L,, (Fig. 2.23) given by Eq. (2.42) for p = wp. The parameters 
of this equivalent circuit are [6]: 


Ly= (1 —k3) Ly 2L,(1—ke), Lys kil, & Ly 
Cy = (n*/ke) C, Cyn? (2.48) 
rye=rykiln® ~rl/n?, Ryp= Rykj/n? ~ R,/n? 


The approximate relations defined by Eqs. (2.48) are developed 
on the assumption that in properly designed pulse transformers the 
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coupling coefficient will usually be greater than 0.99. Therefore, 
the leakage inductance does not normally exceed 0.01L, and can 
range from a few tenths of a microhenry to tens of microhenrys, ac- 
cording to type of transformer. 

The total winding resistance r, + rz ~ 2r, will usually be a few 
per cent of the sum Ry, + Ri, and it is ordinarily neglected. The 
effects of hysteresis and eddy currents are taken care of by placing 
the magnetizing inductance L, in the parallel arm of the circuit 
(see Fig. 2.23). 

Transients in the above circuit are described by fourth-order dif- 
ferential equations. For this reason, fast processes (such as may 
be associated with the leading and trailing edges of pulses) are ana- 
lyzed separately from slow processes (associated with the pulse top) 
in approximate sketch calculations. Where high accuracy is import- 
ant, the equations describing the state of a circuit are developed 
and solved by a computer [28]. 

Tilt of the pulse top. For an approximate evaluation of the tilt 
of a pulse of duration t, the equivalent circuit of Fig. 2.23 is re-ar- 
ranged to drop the stray capacitances C, and C, and the leakage 
inductance L;,, because their effect on the shaping of the pulse top is 
negligible in comparison with the magnetizing inductance L,. The 
equivalent circuit may further be simplified by dropping the series 
loss resistances of the windings which, as already noted, are neglig- 
ibly small. With these simplifications, the pulse tilt is stated in 
fractional form as 


§V = tty (2.49) 
where 

Ty = Ly/ Req 
and 

Reqg= R, \| Ry, 


Distortion of the leading and trailing edges. For an approximate 
evaluation of distortion suffered by the leading and trailing edges 
of the output pulse, the parallel arm containing the magnetizing 
inductance L,, may be dropped from the circuit of Fig. 2.23 because 
variations of magnetizing current over these relatively short intervals 
may be ignored. Because L, is small, C, and C} are customarily 
replaced by a single capacitance, C = C, + C}, which is placed 
instead of the larger of the two. For step-up transformers (n > 1), 
C, is usually less than C}, whereas for step-down transformers (n < 1), 
C,>C;. In practice, it often happens that after the input pulse 
ceases, the source impedance R, and the load impedance R, are 
sharply changed, as this occurs in blocking oscillators (see Chap. 8). 
Therefore, the parameters R,, C and R_ in the equivalent circuits 
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for the leading and trailing edges are different in the general case. 

The pulse rise time is a minimum for an underdamped (oscilla- 
tory) response, but damped oscillations (ringing) are superimposed 
on the pulse top then. 

The resultant waveshape of the output pulse can be determined 
from analysis of simplified equivalent circuits by recourse to curve- 
fitting for the slow and fast transients. As is shown in [31], this in- 
volves multiplying together the normalized transient responses for the 
leading and trailing edges of the pulse. 

In designing a pulse transformer, it is usually sought to minimize 
both Zy, and C by reducing the number of turns in the windings 
(w;,2 < 100 turns), setting the transformation ratio close to unity, 
using single-layer windings, and placing them on a common limb. 
However, the behaviour of a pulse transformer is such that a decrease 
in LZ), (or C) will usually bring about a nearly inevitable increase 
in C (or Li). The distributed component of C is inversely propor- 
tional to the thickness of the insulation between the windings and 
between each winding and the core, whereas the leakage inductance 
is directly proportional to the insulation thickness. Also, Ly, is 
proportional to the square of the number of turns and the mean 
turn length. 

In some applications, as in, say, blocking oscillators where the 
load is nonlinear, an important factor is the waveshape of the output 
voltage following the output pulse, because it is affected by the 
decrease in the magnetizing current. As already noted, if the shunt 
capacitances were non-existent, the pulse tail would decay exponen- 
tially. If, however, Ri, and R, are high, the presence of the shunting 
capacitance C will result in damped oscillations (ringing). To avoid 
them, it might be necessary to include an additional shunt resistor. 
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The term delay line refers to a passive two-port which delivers an 
output signal with a certain time delay relative to the input signal. 
An example of the passive two-ports displaying this property is 
a nondispersive (distortion-free) distributed-constant transmission 
line. 

The group velocity ug and the phase velocity uy of a signal pro- 
pagating down a nondispersive transmission line are given by 


Ug = Up =U=1/V LC, (2.50a) 


where L, and C, are the inductance and capacitance per unit length 
of the line. Hence, the delay 7, of a signal per unit length of the 
line is 

T,=u't=VLCy (2.50b) 
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Real transmission lines are, 
as a rule, dispersive, which 
implies that the individual 
spectral components of a pulse 
signal propagating in a real 
line differ in phase velocity. 
The net result is distortion 
in the waveshape of the de- 

Fig. 2.24 layed signal. Also, the output 
signal is reduced in ampli- 
tude because of losses in the line. 

Apart from the time delay, the basic characteristics of an electric 
delay line are the form of the transient response (as it determines 
the distortion in the signal), attenuation, characteristic (or wave) 
impedance, physical dimensions, maximum permissible voltage on 
the elements, stability of delay with temperature and time, accuracy 
of delay setting, and cost. 

In the pulse field, delay lines are used on a very wide scale. This 
includes coders and decoders, pulse selectors, pulse-width and pulse- 
rate stabilizing networks, and various digital circuits. Using a step 
input and a delay line, rectangular pulses of regular shape can readily 
be generated on relatively small-value load impedances arranged 
into simple and reliable circuits. 

Delay line as a circuit element. If we place a homogeneous and 
nondispersive delay line of length / and characteristic impedance 
W=o0= VL,/C, between a generator supplying a voltage e (é) 
and having an internal impedance R,, and a load R, (Fig. 2.24) 
then at R, ~Ap and R,; ~p the voltage at the line input, v (t), 
will be the sum of the voltages contributed by forward and backward 
waves set up in the line after a time t equal to twice the delay T 
in one direction: 


1 =2T =27,1 (2.51) 


If the duration of the input pulse is t;, < t, then a train of pulses 
e (t) with a damped amplitude will be produced at the input (and 
output) of the delay line. If, on the other hand, t,, > t, then vy (t) 
will be a stretched straircase waveform. 

When the signal source is perfectly matched to the line (R, = 0), 
as is usually the case in practice, the Laplace transform of Uv, (t) 
will be written [4]: 


Uo (S) = 0.5 [1 + Kpack exp (—2s7)] e (s) (2.52) 
where 


Kpack = (Rr — p)/(Rr +p) 
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In the circumstances, no multiple reflections occur in the line, and 
Uy (£) contains two components, the second (complementary) com- 
ponent appearing at time ¢ = 27. 

From a practical point of view, the following cases are of interest. 

Transmission of pulses with a time delay. It is arranged that the 
load is matched to the characteristic impedance of the line (R;, = 0), 
so there is no reflected or backward wave (Kpacx = 0), and the 
i Sil time function of the transform given by Eq. (2.52) has the 
orm 


Vp (t) = 0.5¢ (t) (2.58a) 


In transmission of pulses with a time delay, the operating voltage 
is Vout Which has the same waveshape as, but is shifted by a time 
t =T from, the input voltage: 


Vout (t) = 0.5e (t — T) (2.53b) 


Sometimes, the impedances are matched in a different way, so 
that 9 = R, > Ry. Then, 


Vout (t) =e (t —T) Ri/(R, +R) we(t—T) — (2.53e) 


which is twice as great as the signal defined by Eq. (2.53b). It is 
pointed in [31], however, that if the delay line is not precisely match- 
ed to the load in this case, the waveform of the output pulse will be 
distorted more. . 

Pulse-shaping by a short-circuited delay line. Now R;, = 0, so the 
voltage of the wave reflected from the load end of the line is equal 
in magnitude and opposite in sign to that of the forward wave, and 
the input voltage is proportional to the difference between step input 
functions shifted by 27 from each other: 


Vo (t) = 0.5 [e (t) — e (t — 2T)] (2.54) 


Pulse-shaping by an open-circuited delay line. In this case, Rp = 0, 
Kpack = 1, and 


Vo (t) = 0.5 le (t) + e (t — 2T)] (2.55) 


The last two cases are used in practice especially often. Consider 
them in more detail. 

The waveforms of the voltage vy (t) and current i (t) delivered 
to the line by a pulse generator driven by a rectangular input e (t) 
=£E in the last two cases are shown in Fig. 2.25. Each time a drive 
pulse of a relatively long duration (t;, > 27) is applied to the pulse 
generator, the output waveform is one of two bipolar pulses of dura- 
tion t = 27 ineither case. The difference is that with a short-cir- 
cuited delay line the bipolar waveform is the voltage pulses Uo (t) 
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(a) 
Fig. 2.25 


at the line input (see Fig. 2.25a), whereas with an open-circuited 
delay line the bipolar waveform is the current pulses i (¢t) in the 
circuit from the pulse generator to the delay line (see Fig. 2.250). 
Therefore, the load should be placed across the input terminals of 
the line in the former case, and between the pulse generator and the 
line in the latter (Fig. 2.26). Accordingly, there will be a difference 
in conditions for impedance match at the line input required to avoid 
multiple reflections: 


7 R,\|Rr=o for Fig. 2.26a ere 
=| R,—R,=p for Fig. 2.26 (2.00) 


Thus, the applicability of a short- or an open-circuited delay line 
to pulse-shaping depends above all on whether or not the conditions for 


Fig. 2.26 
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impedance match at the input (operating) end of the line, defined 
by Eq. (2.56), can be satisfied. 

To sum up, a pulse generator should contain a short- or an open- 
circuited delay line driven via a switch by a step or rectangular volt- 
age with a step duration longer than twice the delay time of the line. 
In its effect, the delay line will be analogous to a pulse-shortening 
RC- or RL-networks, but pulses with a duration t = 27 will be 
closer to a rectangular waveshape. 

Accuracy of impedance match at the line input. The accuracy with 
which the characteristic impedance of the line must be matched to 
the equivalent load impedance 2,q can be evaluated from the max- 
imum permissible amplitude of voltage or current over the interval 
27 <t<(4T. If the drive function is a step voltage, e = E, and 
Kyack = 1 (for a short- and an open-circuited line, respectively), 
then, given an imperfect match (R,=4(:), we find [4] that the ampli- 
tude ratio for the first two voltage pulses, 5v,,, at the input of 
a short-circuited line and for the first two current pulses, 8joc, 
in an open-circuited line will be equal: 

SVse = —Bigg = —Kz (2.57) 
where 
Ky = (Rs — p)/(Rs + #) 

Thus, if the amplitude of a succeeding signal should not exceed 
10% of the amplitude of the first pulse, the mismatch should lie 
within the limits 0.82 > Req/p > 1.22. 

Effect of reactive load. If the load is not purely resistive, the 
condition for impedance match at the input end of a homogeneous 
line cannot be satisfied, and there will be, as a consequence, a distor- 
tion in the waveshape of the output pulses. It can be shown [9] 
that in cases where the load is a resistance shunted by an inductance 
or placed in series with a capacitance, rectangular pulses can be pro- 
duced by lines whose characteristic impedance varies hyperbolically 
or parabolically. If the load resistance is shunted by a stray capa- 
citance, the leading and trailing edges of the output pulse can be cor- 
rected by including a network which generates a voltage spike restor- 
ing the pulse shaped by the delay line to a rectangular waveform [9]. 

Coaxial-cable delay line. Shielded r.f. cables are often used as 
precision pulse-shaping and delaying devices. But the maximum 
delay time of such lines is limited to the nanosecond range, because 
the phase velocity of a signal propagating in anr.f. cable is appre- 
ciable. 

When the centre and outer conductors of a coaxial line are sepa- 
rated by a homogeneous dielectric with dielectric constant e€, the low- 
frequency phase velocity up is 


Up =C)/Ye=1/VLCo (2.58) 


42 CH. 2 PULSE SHAPING BY LINEAR CIRCUITS 


where c, is the velocity of light in a vacuum. Since c) = 3 x 108m Ss 
the low-frequency delay time per unit length of such a cable is 


T) =0.0033 Ye (2.59) 


For the most frequently used low-loss dielectrics (polystyrene, poly- 
ethylene, or PTFE), ¢ = 2.3 and 7) = 0.005 us m-. To obtain 
a delay of 1 us, it would be necessary to use a cable 200 m long, which 
is impracticable. Equations (2.58) and (2.59) hold at frequencies where 
the dispersive behaviour of the line (variations in the phase velocity 
with frequency) may be neglected. 

In the nanosecond range, the dispersive behaviour of coaxial lines 
is responsible for an increase in the pulse rise and fall times with 
the increase in cable length [34]. 

For conventional lines, the characteristic impedance is very 
low (0 = 50 to 125 Q), so they are inconvenient to match to load im- 
pedance. 

Spiral delay lines. A very simple way to extend the delay time 
per unit length of a line would be to use a dielectric material having 
a dielectric constant of as high as 150 (such as ceramic materials 
ordinarily used in capacitors). This would, however, reduce the 
characteristic impedance of the line to a few ohms, and it would be 
extremely difficult to match the delay line to the load and pulse 
generator. A better way out is to use a transmission line with a heli- 
cal inner conductor—it serves to increase both the inductance per 
unit length and the characteristic impedance of the line. The delay 
time per unit length of a spiral delay line increases with increasing 
diameter of the helix and decreasing thickness of the insulation 
between the helix and the outer conductor made in the form of braid 
from insulated wires connected together only at the ends in order to 
minimize eddy-current losses. 

For the most-commonly used spiral delay lines with a dielectric 
core, the time delay per unit length, 7), ranges from 0.18 to 1.8 us m~!, 
and the characteristic impedance isp = 1 k®. When the inner con- 
ductor is a ferrite rod (u = 4), 7) and p are increased two-fold. 

Among the drawbacks of spiral delay lines is the decrease in the 
characteristic impedance and delay time with increasing frequency. 
This is attributed to the decrease in inductance per unit length 
because of the increase in phase shift between current pulses from 
turn to turn in the helix. Also, the attenuation introduced by the 
line increases with rising frequency. These factors lead to distortion 
in the pulse waveshape, mainly as an extended pulse rise time. This 
is the reason why spiral delay lines are used where the delay time 
need not exceed several microseconds. 

Strip lines. In integrated-circuit (IC) technology, nanosecond 
delays are obtained with delay lines built from strip-type transmis- 
sion lines of which there are two general forms, shielded (or balanced) 
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Fig. 2.27 


and unshielded (or unbalanced), the latter more frequently called 
microstrip lines. A shielded strip line (or simply, a strip line) consists 
of a strip conductor between two ground planes in the form of metal 
plates separated by a dielectric material. A microstrip line is a strip 
(or flat) conductor above a single ground plane. As with coaxial 
cables, the characteristic impedance of strip-type transmission lines 
depends on their mechanical dimensions and effective permeability. 

Pulse-shaping by lumped-constant networks. In cases where the 
delay or pulse duration exceeds several microseconds, distributed- 
constant delay lines become unsuitable because of their mechanical 
dimensions and the attenuation they introduce. Instead, recourse 
is had to a chain of lumped-constant LC-sections. 

Ladder networks. Most frequently, a lumped-constant delay line 
is obtained by dividing a distributed-constant delay line into suf- 
ficiently short lengths and replacing each length by a section whose 
L and C parameters are equal to the product of the respective para- 
meters per unit length, averaged over the section. Pulse-shaping cir- 
cuits thus obtained have come to be known as ladder networks. For a 
purely resistive load, use is made of homogeneous ladder networks 
in which the main sections are identical. Generally, a ladder network 
may be a chain of L-sections (Fig. 2.27a), pi-sections (Fig. 2.27b), 
and/or T-sections (Fig. 2.27c). 

If the series element is an inductor (Z, = jwL) and the shunt 
(parallel) element is a capacitor (Z, = 1/jwC), the product ZZ, 
will be frequency-independent (Fig. 2.28), that is, 


k= Z,Z, = LIC =p? (2.60) 


Fig. 2.28 
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Therefore, the sections shown in Fig. 2.28 are called constant-k 
sections. 

For a tandem connection of n constant-k sections loaded into an 
ohmic load, the characteristic impedances can only be matched be- 
tween the inner sections, whereas the input section connected to the 
generator and the output section connected to the load will remain 
unmatched. Because of this, the signal passing through a ladder 
network will suffer amplitude-frequency distortion in the outer 
sections in addition to the distortion caused by the nonlinearity of 
the resultant phase response. 

Consider a single constant-k section loaded into a resistive load 
R, =o. From analysis of its transient response we can see that 
the delay 7,, defined as the time interval required for the output volt- 
age to rise to half its steady-state value, and the pulse rise time T,,, 
defined as the time interval required for the pulse to rise from 10% 
to 90% of its steady-state amplitude, are given by 


T,=1.07V LC 
Ty =1.13 VLC 


In the circumstances, the overshoot amounts to 8% of the steady- 
state amplitude. 

Experiments [5] have shown that for n matched constant-k sections 
placed between the generator and load we may write 


T,=nT, 


Tp = T,4n1/3 


(2.61) 


(2.62) 


Combining Eqs. (2.61) and (2.62) yields the condition for selecting 
the number n of constant-k sections, with the pulse duration t, 
and the pulse rise time t, given in advance: 


n=0.39 (t,/t,)°”” 
n=1.1(T,/1,)*” 


To sum up, in order to shape a pulse with a relative rise time of 10%, 
we would need a line containing at least eleven constant-k sections. 

To reduce the number of sections and to improve the pulse wave- 
shape, the constant-k section must be transformed so as to increase 
the delay provided by a single section without an appreciable in- 
crease in the pulse rise and fall times, to improve the linearity of the 
phase response, and to decrease the frequency dependence of the 
characteristic impedances. These goals are achieved by what are 
called m-derived sections (Fig. 2.29). Their parameters are chosen 
such that the characteristic impedance and the cut-off frequency 
are equal to the respective quantities of the prototype constant-k 
Section. 


(2.63) 
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mU/2 


Fig. 2.29 


The value of m determines the behaviour of the network. With 
m = 1, m-derived sections reduce to constant-k sections. For the 
inner sections of a multisection line, the optimal value of m is 
1.27, because the phase response is then maximally linear. For 
the outer (terminating) sections, the optimal value is chosen to be 
m = 0.6 (Fig. 2.30a) so as to obtain maximally constant values for 
the input impedances. 

At m > 1, the inductance in the parallel (shunt) arm of an m-deriv- 
ed section becomes negative and can be implemented by introduc- 
ing magnetic coupling between the series inductors of the T-section 
(Fig. 2.306). At m= 1.27, k, = 0.23, L, = 1.02L, and Cy 
== 1.27C. For an inner m-derived section with m = 1.27: 


T,=1.2V LC 
T= 1.45V LC 


The total delay provided by a line consisting of a number n of 
m-derived sections and its transient response time are given by 
Eq. (2.62), as for constant-k sections. Combining Eqs. (2.62) and 
(2.64), we obtain 


(2.64) 


n=0.94(T1,,/1,)°”” 
ie (2.65) 
n=0.33 (tp/t;)*” 


From a comparison of Eqs. (2.63) and (2.65) it follows that, given 
the same ratio 7,,/t, or t,/t,, the number of m-derived sections will 
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be by 16% smaller than the number of constant-k sections. For 
t,/t, = 0.1, nine instead of eleven sections will suffice. Also, the 
overshoot with an m-derived section is about half as great{as with 
a constant-k section. 

Pulse-shaping one-forts containing resonant circuits. When lad- 
der-network delay lines are used to shape rectangular pulses, they 
suffer from a number of drawbacks, namely: many sections have 
to be used in order to obtain sufficiently fast rise and fall times, and 
there is a large amount of ringing superimposed on the pulse top. 
This is the reason why in applications where the amount of ringing 
and the size of a pulse-shaping circuit are critical, resort is made to 
a pulse-shaping network consisting of several resonant circuits 
which differ in resonant frequency and characteristic impedance. 
The nominal resonant-circuit capacitance and inductance can be 
evaluated by expanding the Laplace transforms of the input admit- 
tance or impedance into partial fractions or by approximating the 
transfer functions by trigonometric sums or polynomials. 

The pulse waveshape might be improved and the number of sec- 
tions reduced by assigning different nominal values to one or both 
elements (Z and C) of each resonant circuit even in a homogeneous 
pulse-shaping delay line. This would however complicate their 
manufacture, especially in the case of an increase in the power of 
output pulses in comparison with ladder-network delay lines (for 
a more detailed discussion, refer to [4] and [34)]). 

Ultrasonic delay lines. Ultrasonic delay lines give relatively 
long delays (from 10 ps to several milliseconds). For its operation, 
an ultrasonic delay line depends on the propagation of mechanical 
vibrations at ultrasonic frequencies through a solid (fused quartz, 
ceramics, magnesium alloys and the like). The vibrations are induced 
and picked up by directional piezoelectric transducers made in the 
form of thin quartz plates and installed at rightf/angles to the propa- 
gation of sonic waves. As a way of reducing the size of ultrasonic 
delay lines, use is made of sonic waveguides with multiple reflections 
from the side faces. 

The frequency characteristic of ultrasonic delay lines is matched 
to the spectrum of the delayed pulses by firstly converting video 
pulses to r.f. pulses in an r.f. generator modulated by’ the video 
pulses to be delayed. The electric signals picked up by the receiving 
transducer are amplified and detected [34]. 


REVIEW QUESTIONS AND PROBLEMS 


2.4. Prove the equality of the volt-second areas of voltage at the 
output of an RC-network (Fig. 2.1) driven by a single voltage pulse. 
2.2. Determine distortion in single rectangular and triangular volt- 
age pulses on passing through a d.c. blocking RC-network (Fig. 2.1). 
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2.3. Determine the waveform of the voltage at the output of a d.c. 
ee RC-network (Fig. 2.1) driven by a train of rectangular 
pulses. 

2.4. Determine the waveform of the voltage at the output of a pulse- 
shortening RC-network driven by rectangular pulses with infinites- 
imal and finite (in the case of linear approximation) rise and fall 
times. 

2.5. Consider the effect of the stray parameters in a pulse-shorten- 
ing RC-network (Fig. 2.8) driven by rectangular and triangular 
pulses on assuming: (a) R,~0, C,=0; (b) R, = 0, C,~ 0; 
(c) Ry 0, Co £0. 

2.6. Show that, with the given amplitude Z of input rectangular 
pulses, time constant R,C, and pulse duration t,, the network of 
Fig. 2.8 has at its output optimal parameters R = Rp, and C 
= Copt Such that the output pulses have a maximum amplitude. 

2.7. Consider the voltage waveform at the output of an RC-network 
loaded by a capacitor (Fig. 2.10), driven by rectangular and triangu- 
lar pulses with t+< 7 and t> 7. 

2.8. Consider the effect of the load impedance R, (Fig. 2.12) 
on the output voltage waveform in a network driven by rectangular 
and triangular pulses with t< T7. 

2.9. Explain why the accuracy of differentiation and integration 
performed by simple RC-networks cannot be improved. 

2.10. Explain how the use of a compensating voltage can improve 
the accuracy of differentiation and integration. 

2.41. Draw a block diagram of an idealized feedback operational 
amplifier, derive an analytical expression for the transfer function 
K (s), and show when an operational amplifier displays high ef- 
ficiency. 

2.142. Determine the equivalent input impedance of an idealized 
operational amplifier; explain when an apparent short-circuit exists 
at the input of an operational amplifier, such that vj, = 0 and i,, =0. 

2.13. Define the transfer function for an operational amplifier 
at Ri, - oo. 

2.14. Determine the equivalent output impedance, Rout eq, of 
an operational amplifier for Roy; 0, using the general method 
for evaluating the differential impedance between two terminals of 
alinear multi-port, based on the relation Rout.eq = e/i, where e is 
the emf of the source connected to these terminals, and i‘is the con- 
sumption current. 

2.15. Draw a block diagram for a differentiating opamp; form 
the transfer function with the drive applied to the direct and inverting 
inputs; demonstrate the effect of Ri, 54 &. 

2.16. Examine the waveform of vu. in the network of Fig. 2.19 
driven by a step input function for (a) the overdamped case and (b) 
the critically damped case. 
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2.17. Define the manner in which the voltage varies across a shock- 
excited resonant circuit (Fig. 2.19), assuming an oscillatory response. 

2.18. Develop an equivalent circuit for an idealized pulse trans- 
former (r; = ry = 0, Ln = 0, C; =0, uw = constant, d= 0, Ly 
=£ oo); evaluate the effect of LZ, on the step-function response. 

2.19. Evaluate the effect of magnetic hysteresis on the perform- 
ance of a pulse transformer. 

2.20. Evaluate the effect of eddy currents on the performance of 
a pulse transformer. 

2.21. Evaluate the effect of leakage flux and displacement cur- 
rents on the performance of a pulse transformer. 

2.22. Form an equivalent circuit for a pulse transformer with 
allowance for the effect of magnetic hysteresis, eddy currents, leak- 
age flux, and displacement currents. 

2.23. Evaluate the tilt of a rectangular pulse passed by a pulse 
transformer. 

2.24. Evaluate distortion in the leading and trailing edges of 
a rectangular pulse passing through a pulse transformer. 

2.25. Derive Eq. (2.52). 

2.26. Derive Eqs. (2.53) through (2.55). 

2.27. Develop networks to shape pulses in accordance with Eqs. 
(2.54) and (2.55). 

2.28. Determine the limit of mismatch between the characteristic 
impedance of a delay line and an equivalent load impedance. 

2.29. List the basic types of constant-k and m-derived sections of 
pelay lines and demonstrate their basic differences in shaping and 
dassing input pulses. 


3 SWITCHES 


3.4. GENERAL 


A switch is a device that has two operating states: ON and OFF, 
differing in the value of an output parameter which may be rout, 
Vout» tout, etc. A change of state occurs in response to a signal 
(or signals) applied to one or several inputs. 

An elementary switch (a switching element) is a nonlinear device 
the two operating states of which differ in output resistance. Switch- 
ing elements serve to close and open electric circuits and are the 
basic components of any switch. In addition to a switching element, 
a switch may contain power supplies, signal amplifiers, and passive 
elements such as resistors, capacitors, etc. 

An ideal switching element can be simulated by a lag-free mechan- 
ically operated switch (Fig. 3.1) which has an infinite resistance in 
the unoperated (open or off) state, and an infinitesimal resistance 
in the operated (closed or on) state. Whatever the parameters of 
the switched circuit, R.q and é@.q, the following relations hold: 


V. = 0, Io = 0, ton = torr = 0 (3.4) 


where V, is the voltage across the closed switching element, J, is 
the current through the open switching element, ton and torr 
are the times required for the switch to change state. 

Pulse circuits use static switches which are nonlinear electron 
devices, such as crystal diodes, transistors, vacuum or gas-filled 
tubes, thyristors, etc. In the switching mode, such devices have 
two states substantially differing in output resistance. In the ON 
state, this output resistance is a small fraction of the equivalent 
resistance of the switched circuit, whereas in the OFF state it is 
many times the equivalent resistance. Therefore, the conditions 
defined by Eqs. (3.1) are satisfied only 
approximately. 

Now we shall take up the basic types of 
crystal diodes and bipolar transistors em- 
ployed as switches and the main circuit 
configurations devised for the purpose. In 
this chapter, we shall limit ourselves to 
single-input circuits, and multi-input cir- 
cuits will be discussed in Chap. 5. Fig. 3.1 
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3.2. DIODE SWITCHES 


Pulse diode types. Both point-contact and junction types of diode 
are used as switches in pulse circuits, the junction diodes being of 
either the alloyed or the diffused type. Point-contact diodes have 
a small transition area and a correspondingly low barrier capacit- 
ance (C), = 1 or 2 pF). In comparison with junction diodes, however, 
they have a lower stability and reliability, a limited power dissip- 
ation, and a lower peak inverse voltage rating. Alloyed junction 
diodes show a better performance, but they have an increased bar- 
rier capacitance (C;, = 10 to 20 pF) owing to a larger transition area. 
Diffused junction diodes combine a good measure of the advantages 
offered by both point-contact and alloyed junction diodes and are 
therefore more promising, especially planar structures [380]. In ad- 
dition to diffused diodes, integrated circuits use bipolar transistor 
structures connected as diodes [24] and Shottky-barrier diodes based 
on a metal-semiconductor junction*. In a Shottky diode [42], the 
current is constituted by the flow of majority carriers, and no minor- 
ity carriers are accumulated in the base region. Because of this, 
the time lag (inertia) associated with Shottky diodes is solely due 
to the time required to recharge the small barrier capacitance, 
Cy (from several tenths to a few picofarads). 

Another variety of pulse diodes having an increased storage time 
are charge-storage diodes. 


Static Models of Crystal Diodes 


The static V/I characteristic of a crystal diode is shown in Fig. 3.2. 
The switching diode is in the ON state in the low-resistance part 
of the forward V/J characteristic (V;, J), and in the OFF state 
in the high-resistance part of the reverse V/J curve (—J,, —V;). 
As the cutoff voltage is in- 
creased, the diode moves into 
the breakdown region (—Vya, 
—Ipa) where the dyna- 
mic resistance is small. Most 
pulse diodes are not allowed 
to operate in this region. An 
exception is silicon Zener 
diodes for which the break- 
down region is an operating 
region where a Zener diode can 


* Also known as surface-bar- 
rier or hot-carrier diodes.—Tran- 
Fig. 3.2 slator’s note. 
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double as a switching element connected in 


: zs Req —<teq 
series with a d.c. voltage source. ror h—4~}-} 
The models used to represent the static be- | , ag 

haviour of a crystal diode vary in complexity saat yl 

according to the degree of detail sought. c v_S 
The simplest model is an ideal diode (Fig. 3.3a) (a) 

which approximates the V/J characteristic of a if 

real diode by straight-line segments, one coinci- 

ding with the negative v-axis and the other with ON 

the positive i-axis (Fig. 3.3b). The ideal diode Dj; 

may be looked upon as a mechanical switch OFF 

(see Fig. 3.1) whose contacts are closed when v 

i > 0, and open when v < 0. At the instant when 2) 

the contacts close, v (¢) = 0, and at the instant; Fig. 3.3 


when they open, i (¢) = 0. 

Piccewise-linear models. In contrast to the ideal diode, the pie- 
cewise-linear model allows for the finite resistances in the, ON and 
OFF states. An approximating V/J characteristic consisting of three 
straight-line segments is shown in Fig. 3.4. Segment J approximates 
the low-resistance portion of the forward characteristic, segment 2 
the high-resistance part of the reverse characteristic, and segment 3 
the breakdown region. For each segment there is a linear equivalent 
circuit (Fig. 3.5); by inspection of each circuit the respective linear 
portions of the V/J characteristic can be written: 


v=eotryi for i>Ico 
i=—I,+0/r, for —Vpgu<Ve4 
v= Cpa tT pal for i<t—Ipa 


where @), J), and @pg are the initial values of the forward voltage, 
reverse current and breakdown voltage, respectively, defined as 
the coordinates of the points where the approximating straight-line 
segments (or their extensions) intersect the coordinate axes; rr, Tr, Tha 
are the equivalent forward, reverse and breakdown resistances close 
to the respective dynamic resistances averaged over the respective 
portions; (Veo, J¢-0) and (—Vpya, —Jpa) are the coordinates of 
the breakpoints A and B (Fig. 3.4) defining the conditions for a diode 
switch to change state. 

Figure 3.6a shows two likely locations for the breakpoint A. 
In the first case, the breakpoint lies on the forward characteristic 
of the diode, with its position A, chosen such that in the.ON state 
(to the right of A,) the diode resistance is smaller than the equivalent 
resistance /?,q of the switched circuit, whereas in the OFF state (to 
the left of A,) it is greater than Ag; in other words, at point A, 
the dynamic resistance of the diode is rpp © Req. Since in the switch- 
ing mode it is required that rrp < Req ry, the value of rpp ought 


4 
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not to differ markedly from the solution of the equation 
rt/Req = Req'Ty 


Therefore, if nothing is known about Rg, the breakpoint must 
be located such that 
Pop © V ritr (3.2) 


In the second case, the breakpoint is at position A, which 
is such that the reverse V/J characteristic passes through the origin, 
thereby rendering the diode model a passive one. The passive behav- 
iour is essential in a number of applications for diode switches, not- 
ably when use is made of a capacitor charge. An applicable equivalent 
circuit appears in Fig. 3.6b. Because the forward resistance is small, 
the positions of points A, and A, on the voltage axis do not prac- 
tically differ from the initial voltage e) which may be taken to give 
the cut-in threshold for the diode. 

The breakpoint B is located (in building a model for the Zener 
diode) in a similar fashion. 


Fig. 3.6 
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Fig. 3.7 


In cases where the designer may neglect the dynamic resistance 
in the forward-bias region and the dynamic conductance in the rever- 
se-bias region, a simplified piecewise-linear model may well serve 
its purpose (Fig. 3.7). In this model, the conducting diode is repre- 
sented by a direct-voltage source e), and the nonconducting diode 
by a direct-current source /,. 

Nonlinear models. A distinction of such models is that the V// 
characteristic of the diode is approximated by a function, i = f (v), 
continuous over the entire range of operating voltages. Most freq- 
uently, recourse is had to an exponential model based on the V// 
characteristic of an idealized p-n junction [34, 42, 43] 


ip-n =I, [exp (Up-n/mgr) — 1] (3.3) 


where i,.,, is the current across the junction, /, is the reverse saturati- 
on current, @r is the thermal potential approximately equal to 
26 mV at room temperature, m is a coefficient taking care of the 
discontinuities that exist in the transition region (for germanium, 
m = 4, and for silicon, m ~ 1.2 to 2), and vp-, is the potential dif- 
ference between the p- and the n-region. 

The characteristic of an idealized p-n junction (the dashed line 
in Fig. 3.2) runs precisely together with that of a real diode only 
within a limited portion near zero. The divergence of the forward 
portions of the characteristics is mainly due to the effect of the base 
bulk (or body) resistance rp. If we allow for rp, the forward V/I 
characteristic of a real diode can be deduced from Eq. (3.3) by 
substituting Vp-n = Ue — iry. J;, which cannot be measured directly, 
can conveniently be expressed in terms of V; measured at a given 
forward current J;. Assuming that J;>> J,, we obtain from Eq. (3.3) 


I, I, exp [(I1rp —Vs)/moz] (3.4) 


In the region of sufficiently high forward currents (i >>J;), 
the joint use of Eqs. (3.3) and (3.4) yields 


Ve = Ve + moze In (it/Ts) + (ig — Tt) Tr (3.5) 
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The dynamic forward resistance is given by 
Tea = due/diy=ryp + mori (3.6) 


Whether the first or the second term in Eq. (3.6) prevails will dep- 
end on the value of current. 

The departure of the reverse characteristic of a real diode from 
the V/I curve of an idealized p-n junction is due to thermal (satur- 
ation) and leakage currents [14]. Their effect can be modelled by 
placing r; across the junction. In the circumstances, the reverse 
characteristic of the diode can be written 


j= —I,+ v/r; +1, exp (vl/mgrz) (3.7) 


The last term is significant only at low values of v, comparable 
with the thermal potential. The linear part of Eq. (3.7) is identical 
in form with tho equation describing the reverse characteristic of 
the piecewise-linear model. For this reason, it is often arranged so 
that r, =r, and Ip) = I. 

Applicability of static models. Ideal-diode models are usually 
invoked to represent the performance of a pulse switch at a design 
stage where accuracy is of minor importance, and also when the tran- 
sient response(s) of a pulse circuit are examined only approximately. 
The piecewise-linear model is resorted to when the dynamic resistance 
of the switching element defines some functional parameter of the 
circuit (such as gain, transfer function, noise amplitude, etc.). 
If we are interested in an approximate analysis of operating condi- 
tions (with a margin of safety) and performance of a switch, recourse 
is had to the simplified model. The exponential model can be used 
to advantage in computer-aided circuit design and also in cases where 
the functional parameter of the switch depends on the rate of change 
in the dynamic resistance of the diode upon switching, for example, 
in evaluating the minimum amplitude of the switching signal. 

Identification of static models. The parameters of the static diode 
models examined above are found from the values given in data sheets 
or, if necessary, by experiment. 

For most applications, the forward V-J characteristic is given by 
specifying the maximum forward voltage Vs max at a specified 
forward current J; (Table 3.1). Data sheets also define the area encom- 
passing 95% spread in the forward V-J characteristic (Fig. 3.8). 

By substituting for J;, Vz, if, and vy in Eq. (3.5) the coordinates 
of twolarbitrary points on the boundary curves, we can readily find 
the bulk base resistance ry, 


Vt1—Vtg— mor In (I t1/T ta) 
It1—T 2 


Points 7 and 2 in Fig. 3.8 represent rp, max, and points 7’ and 2’, 
Tp, mins In most cases, the designer is interested in the maximum 


Typ = 
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Fig. 3.8 


permissible value of Vy. It can be found by substituting Vz, max 
for V- and setting rp equal to ry max in Eq. (3.5) 

The parameters of piecewise-linear models are evaluated on the 
basis of the maximum forward current J; max at a specified temper- 
ature. The corresponding value of voltage, Vz, max, is found from 
Eq. (3.5). The forward resistance r; and the initial voltage eg are 
found by solving jointly Eqs. (3.2), (3.5) and (3.6), complemented 
with the equality rele, max = Vt, max — 0: 

The model parameters of typical pulse "diodes for two values of 
Ie. maz are given in Table 3.1. 


Table 3.1. Parameters of the Forward V/I Characteristic 


Data sheet values Model parameters 
—_——________ I : 
Diode type e Ve fee The Vira Tp me 
mA v Q Vv Q Vv 
Germanium, 10 0.4 4 2.3 0.23 52 0.22 
731i 10 0.4 7.3 0.24 
Silicon, 50 4 1 2.9 0.75 63 0.57 
2219 10 0.84 8.9 0.73 


The reverse V/J characteristic of a diode is defined by specifying 
the maximum reverse current, J; mx, at a specified V,, usually 
equal to the maximum value (Table 3.2). Then, r, ~ Vy/Iy. max: 
The reverse saturation current J, is found from Eq. (3.4) where I 
and Vr are replaced by the coordinates of an arbitrary point on the 
minimum boundary curve (say, point 2 in Fig. 3.8). Then the value 
of J, thus found will be a maximum one. 

The forward voltage across the diode has a negative temperature 
coefficient (2 to 4 mV/°C). The reverse saturation current rises ex- 
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Table 3.2. Parameters of the Reverse V/J Characteristic 


Data sheet values Model parameters 
Diode type 
Vy Vv Ty max’ HA Ty, WA Tp MQ 
7344 30 100 0.44 0.3 
7219 70 4 5x 10-7 70 


onentially with increasing temperature. Approximately, it may be 
assumed that it almost doubles in magnitude for every ten degrees 
of rise in temperature. More accurately, the temperature dependence 
can be deduced from the values given in the data sheet. 


Dynamic Models of Crystal Diodes 


A diode used as a switch shows a time lag in its response to fast- 
changing input signals because of two factors, namely: the re-charg- 
ing of the barrier capacitance Cy of the p-n junction, and the change 
in the charge Q associated with the carriers injected into the base 
region. 

The time it takes a diode switch to go to the ON state is the sum 
of two terms. The first is called the turn-on delay time; the p- junc- 
tion is cut off so that Q = 0, and the time lag in the response is solely 
due to Cy. The effect of this term is illustrated by the equivalent 
circuit in Fig. 3.9a where D is a lag-free diode which can be character- 
ized by the static equivalent circuit fitting the reverse V-J_ charac- 
teristic. The turn-on delay time is complete when the capacitor volt- 
age becomes equal to the cut-in voltage e, of the diode. The second 
term is the transition time; during this interval the base accumulates 
a charge Q so that the base resistance decreases towards a steady- 
state value. The sum of the two intervals is known as the forward 
recovery time. Immediately after a turn-on, the voltage across the 
diode (the forward pulse voltage drop) exceeds the steady-state 
value. If, however, the forward current is not over 10 mA, this 
excess will be negligible. 


D pees 
Cy . 6 iq 
(a) (b) 


Fig. 3.9 
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The time it takes a diode to turn 
off is likewise the sum of two terms, 
the storage time and the transition 
time, both giving that is termed as 
the reverse recovery time, t;,. The 
storage time refers to the interval 
required for the stored minority char- 
ge Q to become zero, and the transi- 
tion time refers to the interval which 
is required for the charge density q to 
re-distribute in the base region. The 
distribution of g in the z-direction Fig. 3.10 
orthogonal to the p-n junction plane 
for the various intervals of the turn-off time is illustrated in Fig. 3.10. 
Curve 7 applies to the storage interval. The area bounded by curve 7 
and the coordinate axes is numerically equal to the stored charge. 
The density g) is a maximum in the region adjacent to the emitter 
(z = 0). As always occurs in diffusion, the flow of injected carriers 
determining the current through the junction is directed from the 
region of higher concentration towards the region of lower concentra- 
tion, that is, in the positive z-direction. The value of go is uniquely 
connected to the voltage across the junction by a relation of the form 


qo =a" (v) (3.8) 


where i’ (v) is the V// characteristic of the junction and a is the 
scale factor. 

When a diode turns off, the flow of current across the junction 
is reversed. Now the charge is swept from base to emitter instead 
of from emitter to base. The distribution g (x) takes the form repre- 
sented by curve 2 in Fig. 3.10. The storage interval lasts so long as 
do >> 0, and the diode remains conducting because the voltage v 
lies within a high-slope portion of the V/J curve in accordance 
with Eq. (3.8). 

The instant of cutoff at which g, vanishes is represented by curve 3. 
This instant marks the beginning of the transition interval accom- 
panied by asimultaneous change in the voltage across and the current 
through the diode. 

During the storage interval, a switching diode can be represented 
by the equivalent circuit of Fig. 3.96 where D is a lag-free diode ans- 
wering the static equivalent circuit for the low-resistance portion 
of the V/J characteristic. The current i’ is equal to the steady-state 
forward current through the diode at a given qo. This current corre- 
sponds to the fraction of Q lying under the dashed exponential curve 
in Fig. 3.10. The current source i, simulates the current component 
due to the shaded area under curve 2. The value of i during turn-off 
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can be written as a difference : 
i=i(0)—i_ (2) 


where i (0) is the initial steady-state value which 1s the same as 
i’ (0), and i(t) is the change caused by the turn-off signal applied 
to the diode. 

Under the Laplace transformation, ig and i. are connected by 
a relation of the form 


ig (8) =t_(s) K (s) 


where XK (s) is the transfer function specified by the transcendental 
function of the complex-frequency variable s. This function can be 
evaluated by solving the equations describing the diffusion and 
drift of injected carriers in the base region. Its form is decided by 
the geometry and clectrophysical properties of the base region. 
Since in the steady state, ig = 0, so the transcendental function 
K (s) must satisfy the condition K (0) = 0. 

For rough calculations, it will suffice to approximate K (s) by 
a bilinear function. Then, 


ig (s) i_ (s) sty/(1 + st.) (3.9) 


The time constants t, and t, are decided by the mean life times 
of the injected carriers, t. For alloyed diodes, t, ~ 0.51 and Te, 
ew 0.75t. For retarding-field (diffused-base) diodes, t,;== t/(1-+ y# 
and t, = t, where yz = a@L/N is the field factor, a is the concentra- 
tion (number density) gradient, N is the impurity concentration, 
and ZL is the diffusion length of the injected carriers. 

In some cases (such as when the calculations are done on a comput- 
er), it will be more convenient to write Eq. (3.9) as a differential 
equation, so that one can go over from iv. to the true value of i, 


T, (dig/dt) + ig =, (di_/dt) = —1, (di/dt)  FM(3.10) 


The condition for a diode to be cut off, ig = ig,pp = —i, defines 
the instant at which the storage interval ceases and the transition 
interval commences. 

Consider the case where a diode is turned off by a direct current, 
that is, i = —J, = constant. Denoting the initial forward current 
as I;, we obtain 


i_(s)=(4+-J,)/s 
whence 


: e+) 
ig (s) =F 


ig (t) =A ED exp (—t/,) 
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Using the cutoff condition, ig (ts) = ig,np = 11, we find that 
T,=T, In Aly (3.44) 
8 


With alloyed diodes for which 1,/t, ~ 2/3, Eq. (3.11) yields 
sufficiently accurate results for J, << 2/;. At J, = 27;, we obtain 
from Eq. (3.11) that t, = 0, which contradicts experiment. Relation- 
ships that will hold at J, > 2/; require a more rigorous approximation 
of K (s). Other methods for estimating +t, for /, = constant can be 
found in [14]. With diffused-base diodes Eq. (3.11) yields sufficiently 
accurate results over the entire range of permissible turn-off currents. 

To build a diode model for the transition interval, we shall first 
consider the case where the voltage across the diode remains constant 
after cutoff. In the circumstances, the current through the diode 
is solely due to the stored minority carrier charge which decays 
along curve 3 (or 4) in Fig. 3.10, that is, i = —i,. Substituting 
this equality in Eq. (3.10) gives 


(%2—4) (di,/dé) + tg = 0 

Solving the above equation subject to the initial conditions gives 
2 7 t 

lg (t) = lg, bp CXP ( -4-) 


: A TT 
ta (9) = ta, ve Tee) 


(3.42) 


In the general case, when the cutoff voltage is reversed, the total 
current through the diode contains, in addition to ig, also the cur- 
rent required to re-charge Cy and the reverse current due to r,. 
Because these currents are not related to the flow of injected carriers 
in the base, the validity of Eq. (3.12) is not violated. An equivalent 
circuit for a switching diode during the transition interval is shown 
in Fig. 3.9e. 

For diffused-base diodes, the exponential time constantin Eq. (3.12) 
is t, — 1, = 1/yk. For charge-storage diodes, special measures 
are taken to enhance the retarding field (yg > 95 to 7), so that the 
fall time for the reverse current is a small fraction of the storage time. 
This property of charge-storage diodes is utilized in diode pulse 
amplifiers and shapers [56]. 

Identification of parameters for a dynamic model. The parameters 
of a dynamic model can be identified from data sheets which usually 
state the maximum reverse recovery time t,, at specified values of 
I, ~ I;. The instant marking the end of the reverse recovery interval 
depends on the specified value of reverse current tg = lg, max- 
Then, in accordance with Eqs. (3.11) and (3.12), for an alloyed diode 


t= 4t,,/[4 +1n (I ¢/ig, ™*) 
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(b) (s) 
Fig. 3.14 


For diffused-base diode, the fall time of the reverse current ig 
may be neglected; then, t ~ 1.6t,,. 

The value of barrier capacitance is a function of voltage, so data 
sheets usually state it for some specified voltage, Vnom. For an arbi- 
trary value of V,, the data-sheet (nominal) barrier capacitance is 


Cp, += Cnom oe (Vaan + Go)/(Vi + o) 


where @p is the contact potential difference (for germanium diodes 
it is about 0.4 V, and for silicon diodes, 0.6 to 0.8 V), and n is a fac- 
lor (equal to 2 for abrupt junctions, and to 3 for graded junctions). 

Piecewise-linear models ordinarily use the value of barrier capa- 
citance averaged over the interval from V, to V,: 


Cy = Cy, gta Mat els tog fe 
be’ P AT n/n] [1 — (Va + GoW -F Go) 


Practical Diode Switches 


Let us examine two typical diode switch configurations differing 
in how the diode is connected in the circuit. In one configuration, 
it is series-connected (Fig. 3.44a), and in the other, it is parallel- 
connected (Fig. 3.116); In either case, the control circuit contains 
a source of command signal e and a resistance R which includes the 
source resistance. The source of bias voltage Ey,,, = constant, 
via a bias resistor Ry a5, serves to set the desired threshold voltage for 
the diode switch. The load resistance is R,;. As an alternative, the 
diode D can be connected in the reverse direction. By applying 
Thevenin’s theorem to the linear portion of either circuit, it can 
be transformed to the circuit of Fig. 3.141c where: 


—for the series configuration 
Reg = R + Roiaskt/(Roias + Rx) 


eeq= ¢ — EniasRx/(Rz, + Roses) a 
—for the parallel configuration 
Req = (4/R +1/Roias + 4/R,)7! (3.44) 


leq = Reg (e/R + Enias/Roias) 
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The threshold value of control voltage, e,,, depends on when the 
diode is turned on. The equivalent circuit of Fig. 3.6b enables us 
to find the voltage across the non-conducting diode: 

V = Ceq’s/(Req +71) 
Hence, the equivalent threshold voltage is 
eq, th = 9 (1+ Reg/z) (3.15) 


Substituting Eq. (8.15) into Eqs. (3.13) and (3.14) and solving them 
for e yields: 
—for the series configuration 


Cth = eq (1 + Req!Tr) + Enptas Ry/(Rr + Rojas) 
—for the parallel configuration 
th = (R/Req) eo (4 + Req/Ty) — EyjagR/Ryias 


The above equations allow for the effect of the diode parameters on 
the operating threshold and evaluate its stability. 

Transient response of a diode switch. Suppose that the diode in 
the circuit of Fig. 3.12@ is switched by an ideal rectangular pulse 
and that the time lag is decided by the diode and the shunt stray 


Fig. 3.12 
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capacitance C,. The time records of circuit operation are shown in 
Fig. 3.12e. The diode current constituted by the flow of minority 
carriers across the junction is denoted by i}. A complete switching 
cycle consists of a turn-on delay interval or time (¢) <<. t< 4), 
a steady ON state (tf; < ¢t < ¢,), a turn-off delay interval or storage 
time (tg << t< is), and a transition interval or time (t3 < t < %,). 
The equivalent circuits for the various intervals appear in Fig. 3.12b 
through d and correspond to the dynamic equivalent circuits for a 
diode in Fig. 3.9. The static model to use will be a simplified piece- 
wise-linear model for /, ~ 0, in which i% is shown to change abruptly 
at turn-on, 4. 

The turn-on delay is associated with the time required to re-charge 
Coq = Cs +Cp (see Fig. 3.126). The voltage on the diode varies 
exponentially with a time constant Teg = RCegq: 

v = E, — (E, + E,) exp (—t/Teq) 
The turn-on delay interval is completed at time ¢, when v = ég, so 
Tq = Teq IN [1 + (Ee 4+ €o)/(E1 — @)] 

According to the equivalent circuit of Fig. 3.42c¢ which depicts the 

diode switch in the steady ON state for ij = 0, we may write 
i’ =I,= (E,—e)/R 

During the storage interval, the turn-off current remains constant, 
I, = (E, +e,)/R, and t, is given by Eq. (3.11). 

The transition time t, for a diode switch can be found using the 
equivalent circuit of Fig. 3.12d and Eq. (3.12). Thus, the diode volt- 
age is a sum of two exponential terms: 

(E2+ eo) {Teq exp (— t/Teq) — (T2 — 71) exp [—t/(t. —7,)]} 
p= 
Teq —(T2— 71) 
where Teq = R (Cy + Cp). 

Assuming that at time ¢, the output signal is 10% of its steady- 

state amplitude and that (t. — t,) < Teg, we obtain 


es T2—T 
Te 2 3Teq+ T—(t2— ty) teq (3.16) 

In most cases, especially with diffused-base diodes, the second 
term in Eq. (3.16) is negligibly small. On the whole, it is to be noted 
that owing to the low value of barrier capacitance (Cy ~ 4 to 3 pF) 
and the shcrt life time of injected carriers, present-day diodes may 
be treatcd as lag-free elements and represented by a static model.* 


* Here and elsewhere, the term static refers to both d.c. (static) voltages 
and currents, and to quasi-static ones varying at a rate so small that the time 
lag (inertia) of the switching element may be ignored. 
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3.3. TRANSISTOR SWITCHES 


Transistor switches are key elements in the more sophisticated 
pulse circuits, such as logic gates, flip-flops, etc. We shall consider 
bipolar-transistor models used in the analysis of switches, and also 
the working principles and responses of the common-emitter (CE) 
transistor switch as it is basic to most pulse circuits. 


Static Models of the Bipolar Transistor 


A transistor (Fig. 3.13a) is a system of two p-n junctions and a 
common base region. In contrast to an isolated diode, the reverse 
current across each junction may have an additional component, ig, 
due to the minority carriers injected into the base through the other 
junction. Therefore, in an equivalent circuit diagram, a bipolar 
transistor can be depicted as a connection of two diodes, Dp and De, 
simulating the V/J responses of the emitter and collector junctions 
of the transistor, and sources of currents igp and igc, simulating the 
interaction between the junctions. Figure 3.13) shows an equivalent 
circuit for an n-p-n transistor; in the case of a p-n-p transistor, the 


Voce 


Active 


region 


Saturation 


Fig. 3.43 
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diodes must be turned over. . 

In the static regime, igg and ig are defined as 
tgc oe (3.17) 
ign = @yic 

where if and ig are the injection currents in the emitter and col- 
lector junctions, « and a, are the current gain from emitter to col- 
lector and from collector to emitter, respectively. Transistors are 
built so that a is unity very closely (as a rule, 1 —a< 0.05 to 
0.02), and a, has a small value (1 — a, is less than 0.1 to 0.2). 
The value of a, is especially small (of the order of 0.01 to 0.15) for 
drift transistors where the flow of carriers from collector to emitter 
opposes the internal field. 

Transistor models can be classed according to how they appro- 

ximate the V-/ characteristics of the emitter and collector junctions. 

Exponential (Ebers-Moll) model of the transistor. This model is 

based on approximating the V-J characteristics of the junctions by 
the relation defined in Eq. (3.3). According to Eq. (3.3) and Kir- 
chhoff’s current law for nodes J through 32 of the circuit in Fig. 3.130, 
the emitter, collector and base currents are defined as 


in =I.(exp BE 1) — aT (exp ac 4) 


ic =a en (exp BE _{)—Tyc(exp 22-1) (3.48) 


mor "QOr 


ip=(1—a) Iz (exp ae = 1) 


PBC 
+ (tor) Isc (exp “BC—— 1) 
where Jp and Jc are the reverse saturation currents of the emitter 
and collector junctions, vgg and vpc are the base-to-emitter and 
hase-to-collector voltage, respectively (see Fig. 3.13a). 
Equations (3.18) describe the behaviour of a transistor in any 
region: active, saturation and cutoff (except breakdown and punch- 


through). It appears useful to supplement them by a relation known 
from transistor theory: 


alga & a;Tc (3.19) 


The characteristics of real and ideal transistors differ mainly 
because the models ignore variations in a and a, with the region 
in which a given transistor is operating. To a certain extent, they 
are also affected by the reverse resistances r,¢ and ryp, and the bulk 
resistances of the emitter, collector and base regions, rg, r¢ and rp, 
shown in the plot of Fig. 3.130 by the dashed line. 
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The general equations (3.18) and (3.19) can be re-arranged to derive 
partial equations describing the behaviour of a transistor in the 
various regions. 

The reverse collector (emitter) current is the current through the 
collector (emitter) junction at a specified inverse voltage Vcg (Vzp), 
with the emitter (collector) circuit open. Let the respective reverse 
currents of an idealized transistor be denoted as Ico and Igo. 
With a sufficiently high cutoff voltage (Vcg, Ven >> mgr), we may 
neglect the exponential terms in Eq. (3.18). Then, 


Ico = (1 — aay) Isc 
Igo = (1 — aa) Isp 
The reverse currents of a real transistor, with allowance for rpg 
and 7;c, are given by 
Icpo = Ico + | Ves | /rre 
Tgn0 = —(lz0 + | Vas |/rrz) 
The above relations can be used to identify r,¢ and r,p from the 
data-sheet values of Icpo, Vcg, ego, and Vup. 
A transistor is driven far beyond cutoff when it is reverse-biased 
at both junctions. Then, using Eqs. (3.18) and (3.19), we obtain 
ig = —Iep + O10 © —Isp (1 — 2) 
ig = —I ny & + Isc ~ I 5 (a = ar) 
Since a tends to unity, we may set ig +0, ic ~ Ico, and ip 
— in = ig = —I¢o. 


If we include r,p and r,c, the reverse currents far beyond cutoff 
can be written 


i, = Icso 
io aera Ver/Tr (3.20) 
ip = — (cao +Vup/r;n) 


Equations (3.20) evaluate the parameters of a switching transistor 
in the OFF state. 

When an n-p-n transistor is forward-biased, then Voy > 0. That 
is, in a conducting transistor, the emitter junction is always for- 
ward-biased. On setting ig >>Jgo, the equations describing the 
V/I characteristic of a conducting transistor can be written as 


F 1 Ksat—1 
Upp = mor In (ic/I x) [= aa ite | (3.24) 
ic = Big + Iczo ( 1—exp BE 7k. ) (3.22) 
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where 8 = a/(1 — a) is the current transfer ratio (gain) of the base, 
Ksat = Bip/ic is the saturation factor, and Icgo = (t +68) JcBo 
is the collector reverse current with the base open. 

The transistor is operating in the active region when Ucg > Upg (see 
Fig. 3.143c and d). In this region, the exponential term in Eq. (3.22) 
is small, and the transistor has a high output impedance on 
the collector side. In the saturation region, when Ucr < Upp, 
the exponential term increases in absolute value, and the output 
impedance is abruptly reduced. It is customary to consider a boun- 
dary region, with vcg = Ugg, where, in accordance with Eg. (3.22), 
ic = Big and, as a consequence, K,,, = 1. As the transistor moves 
into the saturation region, ic decreases in comparison with Pig, 
so that the condition for saturation can be written as 


Ksat >> 1 or Big > ic (3.23) 


In the active region, Ks, =1—Jcgo/ig approaches unity 
with increasing collector current. If we write J,_ in terms of the 
nominal base-to-emitter voltage Vpn, nom, aS measured at a specified 
value of Jp, nom in the active region, we may re-write Eq. (3.21) as 


Up = Vee, nom + Mrz In {(ic/Zx, nom) [+a |} (3.24) 


If the data sheet specifies tha base-to-emitter voltage in the satu- 
ration region, then 


Vex, nom = Vagsat) + Or In [1 a en 
where Kgat,nom iS the saturation factor at which Vgg (eat) is measu- 
red. To adjust for the effect of the base bulk resistance, Eq. (3.24) 
can be extended to include a further term, [ig — Jp, nom/(4 + 8)1] rp. 
The collector-to-emitter voltage in the saturated region can be 
found by simultaneously solving Eqs. (8.21) and (3.22) for ucp. 
On setting ic = Icieat), we have 


_ 1 Keat +B (4—ar) 
Vemsaty = mor In Or hea! + Iczo/Tcisaty (3.25) 
If Kesar <B (1 — az) and I cro/Tcceat) <Ksazp —1, then 
Eq. (3.25) can be simplified as follows: 


Vonssat) © mer { In po In (Ksat—1) | (3.26) 
where B; = a,/(1 — a@,) is the reverse-bias (inverse) current trans- 
fer ratio (gain) of the base. Equations (3.25) and (3.26) can be exten- 
ded to include a further term, J¢;sat) 7c, to allow for the voltage drop 
across the bulk resistance of the collector. The effect of rg is appre- 
ciable in planar (IC) transistors with a lightly doped collector region. 
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Equations (3.24) through (3.26) 
make it possible to evaluate the 
residual voltages between the 
terminals of a switching transis- 
tor in the ON state. 

Owing to the low value of 
Vexisat), it appears advantageous 
to use the collector and emitter 
terminals as the output port of a 
switching transistor. With such 
an arrangement, the switching 
performance is markedly better 
than it is with an isolated p-n Fig. 3.44 
junction. 

A switching transistor can also be reverse-biased, in which case 
Ucn < 0, and the emitter and collector junctions interchange func- 
tions. Appropriate design relations can be derived from Eqs. (3.21) 
through (3.26), on interchanging the forward and reverse parameters. 
As often as not, a switching transistor can alternate between for- 
ward- and reverse-biased operation depending on which signal is 
applied to the input. 

Piecewise-linear models. These models are based on a piecewise- 
linear approximation of the V/7 curves of the emitter p-n junction, 
Dg, and the collector p-n junction, De, in the equivalent circuit 
of Fig. 3.13b. If the reverse V/J characteristics of Dz and Dg are 
such that ip, = Jsp and ic, =Jsc, and the junctions are open, 
the transistor will operate in a regime fully identical with the deep 
cutoff region of the exponential model described by Eq. (38.20). 
About the same result can be obtained by using the equivalent cir- 
cuit of Fig. 3.14 in which, with the junctions open, ig, = ig, = 0, 
and the initial reverse currents are simulated by a current genera- 
tor, Ico. 

Like the exponential (Ebers-Moll) model, the piecewise-linear 
model illustrated by the equivalent circuit of Fig. 3.14 can be used 
to represent the transistor in any one of the operating regions. 

A simplified piecewise-linear model can be derived from the equi- 
valent circuit of Fig. 3.14 on settingrg = roc = 0,78 =Mr,c = ©, 
and Ico = Icpo, where Jcpo is the reverse collector current at a 
specified (usually, maximum) collector-to-base voltage, with the 
emitter open-circuited. With this model, the transistor junctions 
in the ON state are simulated by a voltage generator, and in the 
OFF state by a current generator (Fig. 3.15a). Its use is justified 
if the resistance between the transistor terminals is a small fraction 
of the equivalent resistance of the external circuit when the junctions 
are in the ON (conducting) state, and many times its value when the 
.junctions are in the OFF (nonconducting) state. The input and output 
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Fig. 3.15 


characteristics of the simplified piecewise-linear model for a forward- 
biased transistor are shown in Fig. 3.155 and c. 

The simplest model of a switching transistor is an ideal transistor 
in which the junctions are simulated by ideal diodes. Its characteri- 
stics are the same as those of the piecewise-linear model for Icpo 
= 0 and ego = €co = O. 

Identification of parameters for static models. The values of a 
and f are related to the data-sheet value of the small-signal forward 
current transfer ratio h;, which is defined as the ratio of a change 
in output current to the change in input current that causes it, as 
measured for a specified average collector current with the output 
short-circuited for a.c. 

In most cases, data sheets specify the base current as input, and 
the collector current as output. In the circumstances, it may be 
‘taken, at least approximately, that B = h;, anda =h,./(1 + hye). 
‘Sometimes, data sheets specify the static forward current transfer 
‘ratio for the common-emitter configuration, hpp, defined as the 
‘vatio of the direct collector current to the direct base current, given 
‘Von and J. This ratio is close to B only at sniall: values of I¢go 
‘in.comparison with J, and in cases where hy, only slightly depends 


« 


3.3 TRANSISTOR SWITCHES 69 


on the operating conditions. For Io 
approximate calculations, however, 
it will be safe to take B ~ hyp. 

The usual procedure for deter- 
mining a, is to measure Vopgat) 
with the collector open-circuited 
(creat) = 0) and to use Eq. (3.25) 
in which Ka, is set equal to infi- Fig. 3.16 
nity. The parameters of the V/I 
characteristics for the p-n junctions are identified, using techniques 
similar to those employed for the static models of diodes. The typical 
values of transistor model parameters are a =: 0.95 to 0.99, a, = 0.4 
to 0.5, and ego = eco = 0.6 to 0.8 V for silicon, and ego = eco 
= 0.25 to 0.3 V for germanium. 

Temperature stability. An important factor for transistors, apart 
from the parameter stability of the p-n junctions, is the temperature 
drift in B and f,, stated in terms of the positive temperature coef- 
ficient whose value ranges from 0.005 to 0.01 B,/°C, where B, is the 
transfer ratio (gain) at normal temperature. 

Common-emitter transistor switch. The transistor switch shown 
in Fig. 3.16 has a switched and a switching (control) circuit. The 
switched circuit contains a resistor Rc and a collector power supply 
E>, both placed between collector and emitter. Under steady-state 
aaa Ucg is connected to ic by Kirchhoff’s voltage (second) 
aw: 


Uck = Ec = icRe (3.27) 


On the output characteristics of the simplified transistor model 
(see Fig. 3.15c), this equation is represented by a load line (J, 2). 

The switched circuit is completed when the transistor is at satu- 
ration (point 7). Then, according to Eq. (3.27), 


ic=Tcisat) = (Ec— Vexsaty)/Re 
For the transistor to operate in the switching mode, it is presumed 
that Vorsat) < Ec, so that we may set 
Tc(saty I..= Ec/Ro 
The switched circuit is open when the transistor is at cutoff 
(point 2). Then, according to Eq. (3.27), 
Uce = Eq — IcpoRc 
For the transistor to operate in the switching mode, it is further 
presumed that Icpo Rc <£c, so that we may state that vcg 
~ Ec. 
The control circuit of a transistor switch is formed by a resistor Rp 
and a supply of control voltage e, both connected across the emitter 
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junction of the transistor. With this arrangement, the emitter lead 
is common to both the switched and the control circuits. Under 
steady-state conditions, vgg and ig satisfy Kirchhoff’s voltage law: 


VpR = @ — ipRg (3.28) 


Consider the operation of the transistor switch for two values of 
control voltage, Z, and Ey, assuming that the former drives the tran- 
sistor into conduction and the latter, into cutoff. With e = &,, 
Eq. (3.28) yields on the input characteristic of the simplified tran- 
sistor model (see Fig. 3.15) a straight line passing through point Z. 
In the circumstances, 


UBE = EO 
and, according to Eq. (3.28), 
ip = (E, — ego)/Rp 


To enhance the reliability of a transistor switch, it is customary 
to choose the minimal saturation factor (of the order of 1.5 to 2) that 
must be maintained for the worst combination of transistor para- 
meters. On setting ig = Keat mind cisaty/B (according to the defini- 
tion of the saturation factor), we can find the minimum value of E£, 
required for the switch to operate (close) reliably 


£4, min= x0, mar t+ RpKaat, min/ cisaty/Bmin 
Withe = E,, Eq. (3.28) yields the input characteristic of Fig. 3.15) 


a straight line passing through point 2. In this case, it follows from 
Eq. (3.28) that 


Ups = E, +1 cro Rp 

Within the framework of the simplified model in question, the 
cut-in (enable) threshold for the transistor is ego. In practice, as 
a way of enhancing the performance of the transistor switch, the 
maximum voltage on the base of the OFF transistor must lie below 
the threshold value by an amount AV, to provide a margin against 
an enabling noise. The choice of AV varies with the function and 
operating conditions of a switch and usually ranges from 0.3 to 
1.5 V. (An excessive increase in AVy would reduce the speed, or 
frequency response, of the switch). It may be added that the noise 
margin makes unimportant any error in the cut-in (enable) thresh- 
old, inherent in the simplified piecewise-linear model. 

On setting vgz = ego — AV y, we can find the maximum value 
of E, that will secure a reliable opening of the switch: 


E2, max = ¢reo— AVy — I cpo, maxita 


For germanium transistors, E, max is always negative, because ego 
is small in comparison with Jcgo. For silicon transistors, Eo, max 
is positive, provided AV, is not very large. 
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_ The approximate calculation of a transistor switch outlined above 
is sufficiently accurate for most practical applications. If and where 
aa it can be made rigorous by using Eqs. (3.20), (3.24), and 
.26). 
In more detail, the noise margin of transistor switches in cascade 
is discussed in Chap. 5. 


Dynamic Models of Bipolar Transistors 


The transit-time effects in a transistor become pronounced when 
the switch has to handle fast-changing signals and are due to the re- 
charging of Cz and Cc and the accumulation of minority carriers 
injected into the base. In some cases (such as in integrated-circuit 
transistors), an important role is also played by the minority carriers 
injected from base to collector. 

Consider the behaviour of a switching transistor. Let the transis- 
tor be initially at cutoff. A switching (control) signal (such as a 
voltage step input) will cause the voltage across the barrier capaci- 
tances to change gradually. If the input signal has appropriate char- 
acteristics, this process will end in rendering one of the junctions 
conducting. To make our discussion more specific, let the transistor 
be forward-biased; then the emitter junction will be conducting. 
Since the voltage across a conducting p-n junction varies only slight- 
ly, C, will have practically no effect on the further transient re- 
sponse of the circuit. 

Minority-carrier injection through the forward-biased emitter 
junction leads to a gradual build-up of charge Q in the base and, as 
a consequence, a gradual increase in the reverse current through 
the reverse-biased collector junction, igg. The rise of current in 
the switched circuit is accompanied by a fall of collector-to-emitter 
voltage and a re-charging of the collector junction capacitance C,. 
The process ends in forward-biasing the collector junction, which 
is another way of saying that the transistor moves into the saturation 
region. 

At saturation, the voltage between the transistor terminals re- 
mains practically unchanged, so the junction capacitances have no 
effect on the transients. The base region keeps accumulating the 
minority-carrier charge Q which gradually approaches a level such 
that a state of dynamic equilibrium is attained between carrier in- 
jection, extraction, and recombination. 

Thus, in turning on, a switching transistor traverses three regions: 
the cutoff region, the active region, and the saturation region. In 
turning off, a switching transistor goes through the same regions 
in the reverse sequence, with the saturation region coming first, 
the active region second, and the cutoff region last. It is to be noted 
that in a real transistor the transitions between regions at either 
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turn-on or turn-off are more or less 
gradual, as depicted by the gradual 
variation in the slope of the V-/ 
curves for the respective junctions. 
We shall consider dynamic models 
adapted to the piecewise-linear ap- 
proximation of the transistor char- 
acteristics. In such models, the 
transitions between the various re- 
Fig. 3.17 gions are abrupt, and the transient 
response associated with each tran- 

sition is described by a linear differential equation. 

Given input signals, the dynamic model of a transistor for a par- 
ticular region of operation (cutoff, active, or saturation) must, first- 
ly, be able to bring out the manner in which the quantities character- 
izing the region in question vary, and, secondly, define the condi- 
tions required for the transistor to move to another region. 

The cutoff region. Since no minority carriers are injected at cutoff, 
the inertia of the switching transistor is solely decided by the emit- 
ter and collector transition capacitances, C, and C,, so they must 
be included in the equivalent circuit (see Fig. 3.15a). Because the 
emitter and collector junctions, Dg, and Dc, are reverse-hiased 
(in the OFF state), the dynamic equivalent circuit of the transistor 
at cutoff can be constructed as shown in Fig. 3.17 which also includes 
the external circuit of a CE switch. From this equivalent circuit, 
we can readily deduce the manner in which vgg and vgc vary. For 
the transistor to move into the forward active region, it is required 
that vgz = ego, and for the transistor to move into the reverse 
active region, it is required that vgg = éco. 

The active region. To make the situation more definite, we shall 
consider the forward active region. Since the emitter junction, Dy, 
is forward-biased, the generalized equivalent circuit of Fig. 3.15a 
can be re-arranged as shown in Fig. 3.18a. Under dynamic conditions 
variations in ig¢ are associated with the storage of the minority- 
carrier charge Q in the base. For the emitter injection factor equal 


Fig. 3.18 
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to y = 1, variations in Q can quite accurately be described by the 
equation of charge 


aQ/at = — Q/tp+ is —igc 


where tz, is the constant equal to the mean life time of minority 
carriers in the base. The three terns on the right-hand side of the equa- 
tion define three factors affecting the variations of charge in the base 
region. The first term defines the rate of fall in the charge owing 
to recombination, the second refers to the rate of rise in the charge 
owing to carrier injection from emitter to base, and the third defines 
the rate of fall in the charge owing to carrier extraction from base 
to collector. The difference ig — ij¢ gives the base current compo- 
nent ijn (see Fig. 3.18a) which owes its existence to the majority- 
carrier charge stored in the base and balancing out the minority- 
carrier charge Q. Then, the equation of charge can be re-written as 


dQ/dt + Qit, = ign (3.29) 


As is explained by transistor theory (14, 53], ig¢ in a first appro- 
ximation is proportional to Q. The relation connecting Q and igc 
can be formed from analysis of the steady state in which igc 
= ign. On equating dQ/dt in Eq. (3.29) to zero (the condition of 
stationarity), we have 


Q/t. = lop 
whence 

Q = igcts/B or igg = Qf/t,5 (3.30) 
The relations defined by Eqs. (3.29) and (3.30) remain valid for 
y <1 as well, but tg, becomes shorter than the mean life time of 
minority carriers in the base. On substituting the first equality of 

Eq. (3.30) into Eq. (3.29), we get 
ts (digd/dt) + igg = Bil (3.34) 


which directly connects the currents in the equivalent circuit of 


Fig. 3.184. . 
It is convenient to analyze the transients in the circuit of Fig. 3.182 


in terms of Laplace transforms. On expressing igc (t) in Eq. (3.31) as 
igcw (¢) = tge (¢) — tge (0) 
and taking the Laplace transforms of the original time functions, 
we can re-write Eq. (3.34) as 
igcm (8) =B (8) ign (s) (3.32) 
where f (s) = B/(1 -+-st,) is the Laplace transform of the CE cur- 


rent transfer ratio, and ign. (Ss) = tgp (Ss) — ‘gc (0)/B is the Laplace. 
transform of the base current increment relative to the initial steady- 
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state value. An equivalent transistor circuit utilizing the respective 
Laplace transforms appears in Fig. 3.180. It illustrates the interre- 
lation between igg. and igp., on the one hand, and ucg., on the 
other, in the amplification mode. It also includes Re and 1/sC, 
which simulate the circuit controlled by a CE transistor switch. 
The control circuit is represented by a current generator, ipw. (s). 
Since the equivalent circuit has only been developed for incremental 
quantities, it does not contain d.c. supplies: Ec, Icpo, and ego. 

The condition for the transistor to move from the active into the 
saturation region is the same as that for forward-biasing the collector 
junction, that is 


Vcr (t) = VcK(sat) © 0 
or, using the incremental collector-to-emitter voltage, 
UcEw (t) & — vce (0) (3.33) 


The condition for a transition from the active to the cutoff region 
is the same as that for reverse-biasing the emitter junction, which 
requires a negative emitter current: 


| —in/igc | ~ 2B,/B 


At the instant when the transistor is reverse-biased, igg is connected 
to the turn-off base current by a relation of the form 


tga (1 + 2B7/B) = —ign (3.34) 


With drift transistors for which B; <f, a transition to cutoff 
occurs at an emitter current practically equal to zero, so that igc 
~ —lqB- 

The inequality igg ~ 0 is an indication that not all of the minority 
carriers stored have been swept out of the base region. Some of them 
remain in and are swept from the base region after the switch has 
been turned off, so a closer look must be taken at the transients dur- 
ing cutoff. 

Dynamic cutoff. The transients existing during the final stage 
-of turn-off (at dynamic cutoff) can conveniently be examined using 
the model shown in the equivalent circuit of Fig. 3.19. It differs 
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from the equivalent circuit of Fig. 3.17 in that it includes genera- 
tors of reverse collector and emitter currents, igc and igr, which 
decrease as the minority-carrier charge stored in the base decreases. 
To define the manner in which these currents change, we assume 
that they are related in the same fashion as at the instant of tran- 
sistor turn-off, that is 


ign/igca © 2B,/6 


so'that the relation between igp and igc is represented by Eq. (3.34). 
Using Eq. (3.34), we can express the base current in Eq. (3.31) in 
terms of igc. On solving the resultant equation, subject to the initial 
condition, we get 


. Lis B = t 
igo (t) =! ign (0) | gag xP | — HEED] (B-95) 


where igp (0) is the turn-on base current at the instant when the 
transistor moves to dynamic cutoff. 

The saturation region. Because the internal resistances of the 
forward-biased junctions are small, the currents ic, ip and ig at 
saturation are practically independent of the internal state of the 
transistor, but solely decided by the external circuit parameters. 
The sole purpose of transient analysis in the saturation region is to 
determine the instant when the transistor moves out of saturation, 
so that the turn-off delay time can be found. 

We shall use a very popular technique based on the use of Eq. (3.29) 
which describes variations in the minority-carrier charge in a tran- 
sistor. A distinction of the saturation region is that the accumulation 
and removal of the saturation charge of minority carriers is accom- 
panied by carrier injection across the emitter and collector junctions. 
Because of this, the charge density distribution in the material mar- 
kedly differs from that existing in the active region, and the mean 
life time of minority carriers at saturation, Ts,,, is other than the 
time constant t,. Also, in the saturation region, there are no reverse 
currents flowing and no currents re-charging the junction capacitan- 
ces so that ign = ip. In view of the foregoing, the charge equation 
takes the form 


dQ/dt + Q/teat = ip (3.36) 


For non-drift transistors, tsa,  0.5tg to 0.9t,, whereas for drift 
transistors Tsa,  1.5tg, to 2tg, or even more. The point is that 
because of the relatively high collector resistance the charge in 
such transistors is accumulated in both the base and the collector 
region. 

Under steady-state conditions, that is, at dQ/dt = 0, we get 


Qss = iptsat (3.37) 
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Thus, the steady-state charge in a transistor is proportional to ip 
and Tgat- ; a : ; 

At the boundary between the active and saturation regions, lp 
= Icsat)/B, and the boundary charge is 


Qh = Tcysatytsat/B (3.38) 


The transition from the amplification to the active region occurs 
at the instant when Q (t) = Qp. 

The uncertainties in the model represented by Eqs. (3.36) and 
(3.38) are mainly due to the fact that it does not allow for the non- 
linearity of charge accumulation in real transistors—a factor which 
makes Ts, a function of the operating conditions. Among other 
things, it ignores the marked change in the mean life time of carriers 
as the transistor moves from the active region to saturation. This 
is the reason why the boundary charge deduced from, say, Eq. (3.30) 
on substituting igc = Ic(sat) differs from that yielded by Eq. (3.38). 
To avoid this discrepancy, let the total charge at saturation be the 
sum of boundary charge, Qy = Jcisat) te/B, and an excess charge, 
Qexc, that is, @ = Qy + Qexc. Also, let the mean life time of the 
carriers constituting Qy be equal to tg, because their concentration 
distribution is the same as in the active region, and the mean life 
time of the carriers constituting Q.x- be equal to t.ay. Then the 
equation of charge can be re-cast as 


dQ,/dt + dQex-/dt + dQ)/T. + Qexc/Tsat = iz 
Expressing Qy in terms of /@%at) gives 


‘ I ‘ 
Tsat (AQexe/dt) + Qexc = Tsat [ is— + (Tear) + Tp Stoisay )] (3.39) 


The condition for a transistor to move from saturation into the 
active region is 


Qexe = 0 (3.40) 


It can be shown that at a constant IJ¢sat), the refined model des- 
cribed by Eqs. (3.39) and (3.40) yields the same turn-off delay time 
as the model described by Eqs. (8.36) and (3.39). 


Transient Response 
of a CE Transistor Switch 


The response of a transistor switch (see Fig. 3.16) to a rectangular 
driving voltage e (é), with allowance for the capacitive load compo- 
nent C, is shown in Fig. 3.20. At time ¢ < to, the driving voltage 
is e = —E,, and the transistor is at cutoff. During the interval 
from ty to t,, the switch is driven by a cut-in voltage, e = E,, which 
causes the transistor to move into the saturation region (the switch 
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closes). Att>t,, the driving ‘ 

voltage is again equal to —E, 

which causes the switch to open. ; 
Let us take a closer look at . 


what happens during the various 
switching times. 

The delay time. This interval 
extends from é, tot,, and its dura- 
tion depends on the value of vgz. 
Applying Kirchhoff’s laws for the 
equivalent circuit of Fig. 3.17, 
we take the Laplace transform 
of the incremental voltage across 
the emitter junction, vps (s), 
assuming that the Laplace trans- 
form of the change in the input 
signal is (FE, + E£,)/s: 


to tr te tg tgtste  t 


1+sR¢(Co+Cs) 


Vpz(S) = (Ey + E,) $s (1--as— bs?) Fig. 3.20 


where 
a= Rg (Ce +C,) + Re (Cs + Ce) 
b = RgRg (CC. + CC, + CC,) 
Time is counted from the beginning of the transient response in ques- 


tion. 
Factoring the characteristic polynomial yields 


14.sRc (Ce+Cs) 
van (8) = (Ey + Be) spe (3.41) 


where 1%. = 0.0a (14 V1—4b/a?). In practice, it usually hap- 
pens that Rp >> Rc, so that 4b/a®? <1, and we may retain only 
the first two terms in the expansion of the radican into a power series, 


to get: 
ty wa 
and 
tw blax<ty 

The original time function for the Laplace transform, Eq. (3.41), is 

Vpp~ (t) =(Ey+ E,) [1 — A exp (—#/t4) — (1 — A) exp (—t/t,)] 
where os 

A = [t= RoC. + Cs)I/(t = T) 
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Recalling the condition for the transistor to turn on, the delay time 
tg can be found from the equation 


Ups (0) + Vpn (Ta) = €z0 
where gg (0) is determined by the initial steady state [see Eq. (3.28)]. 
Since vgge (f) is a transcendental time function, this equation can 
readily be solved graphically or numerically. An approximate solu- 
tion sufficiently accurate for practical purposes can be obtained, 
using the following approximations 
1 —A exp (—t/t1) 21 —A + At/ty 
(4 — A) exp (—t/t,) & (1 — A)/( + t/t) (3.42) 


The original transcendental equation is replaced by a quadratic 
one, the positive root of which gives the sought result: 
At; —tT At, — Te)? ATT 
~ a) as 2 +. ya et 7 ae yp i 2 (3.43) 
where 
4 — cope (0) _ Ea + Ralcpo+ezo 
E,+E, E, +E, 

To minimize t;, we must reduce A, which can be done either by 
bringing down the cutoff voltage, F,, or by raising the cut-in volt- 
age, £. 

The rise time (the interval from ¢, to t,). After the emitter junc- 
tion is rendered conducting, the base voltage remains practically 
constant (Ugz = éro), and the base current is 


T, = (Ey — ego)/Rp 


To evaluate the transient response of the transistor switch in terms 
of Ucr (t) and igc (¢), we shall use the dynamic equivalent circuit 
shown in Fig. 3.180. Since igc (0) = 0, we may write that 


igcu = igo and ip. =iz 
Using the equation of current balance at nodes B and C and setting 


ip. (s) = J,/s, we obtain an equation in the Laplace transform 
Uce. (8): 
ven (s) (1/Re + sCe-+ SC.) = —B (s) [Ils —sCqve~ (8)] 
Hence, 
Uc~ (8) = — (BI, Re/s) [s*tgRc (C.+C5) + st§ +1)" 
where : 


27 =Tg+ Re [C, (1 +B) +C,) 
On evaluating the roots of the characteristic equation as before, we get 
Vow (8) = —BlyRe [s (1+ stg) (4+ stg))-t- - (3.44) 
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where 
thaw th, ti (t9/th) Ro (Co+Cs) 
such that tT, >> T.. 

Since t, is negligibly small, the term 1/(1 + st3) in Eq. (3.44) 
can be replaced by the exponential function exp (—st,), approxi- 
mately treating the time constant t, as the delay of the exponential 
term with the time constant tY ~ tf: 


t—t* 
V¢~ (t) = — BI Ra (1 — exp e ) (3.45) 


The collector current rise time, t, can be found from the condition 
defined by Eq. (3.33). On setting vcg (0) = Ec, which corresponds 
to the initial (OFF) state of the switch, we get 

—UcE~ (tr) = Ec 
the solution of which has the form 
Tp = T,— Th In (1 — Ec/BI, Rc) = t2— Th IN (1 —1/Ksat) (3.46) 
The rise time decreases with increasing /,. Under large-signal condi- 
tions (Kgat >> 1), Eq. (3.46) may be replaced by an approximate 
equality 
tr t+ 18/K sat (3.47) 
As follows from the equivalent circuit of Fig. 3.18), variations in 
igc are defined by a Laplace transform equation 
igc (8) = —vo. (s) [1 + 8Re (Ce+ Cs)]/Re 
for which the original time function is 
igc (t) = BI, [1 — A, exp (—t/t§) — (1 — Ay) exp(—t/t,)] (3.48) 
where 
Ay = [t§ — Re (Cat Ce) (t§ — 73) (3.49) 
At t = Tt, (the time ¢, on the waveform plots), the exponential term 
exp (—t/t3) is negligibly small. Therefore, on substituting Eq. (3.47) 
into Eq. (3.48) and approximating exp (—t,/t§) by a linear function, 
1 — t,/t§, we may write igc at the instant when the transistor moves. 
into the saturated region as 
igc (Ty) & Tccsaty [4 + (Keat — 1) Re(C.+ Cs)/tB] (3.50) 
This current exceeds J¢s,t) by an amount equal to the value of 
current flowing through C, and C;. The collector current is smaller 
than igc by an amount equal to the current flowing through C,, 
that.is Wea - 2 
ig-(tr) = Tcysaty [1 + (Kear — 1) RoC./tB]- 


At saturation, ig abruptly changes to J¢sat) (see Fig. 3.20). 
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The interval from ty to t, may be treated as the turn-on time equal to 
ton = Ta + Tp 
Excess-charge accumulation time (the interval from ¢, to £3). 


At time t,, immediately after the transistor has moved into the satu- 
rated region, the charge of excess minority carriers in the base is 


Qexe (te) = Q (tz) — Op = [igc (tr) — Lcysaty] Te/B 


Using Eq. (3.50) and expressing Kg, in terms of ig and J¢(sat) 
we find that 


Qexe (te) = 13 (14 — Ievsaty/B) 
According to Eq. (3.39), the steady-state value of the excess charge is 


Qexc, sa = Tsat d, = Tccsaty/B) (3.51) 


The accumulation of excess charge can be described by an expo- 
nential function of the form 


Qexe (t)= Qexe, ss— (Qexc, 2s — Q (tg)] exp [—(t— te)/Tsat] 


The accumulation interval is practically terminated at Qoxc 
= 0.9Qexc, 83° 

The switch remains in the steady ON state until the time t; when 
the command (switching) voltage is reversed in polarity, and a nega- 
tive base cutoff current acts on the transistur. This current remains 
constant until the time ¢, when the emitter junction is reverse-biased: 


ig = —I, = —(E, + ezo)/Rp 
The storage time (the interval from ft; to ¢,). During this interval, 
the saturation charge of excess minority carriers is removed from 


the base. According to Eq. (3.39), at ig = —J,, variations in the 
excess charge can be described by an exponential function of the form 


Qexe (t) = Qexe (00) + [Qexe (tz) — Qexe (00)] exp (— t/Tsat) 


where Qexc (ts) © Qesc,ss is given by Eq. (3.51), and Qexe (co) 
= —Tsat (Ie i To (sat) B). : 
Using Eq. (3.40) and solving the resultant equation for the storage 
time tT, = t,-t3, we obtain 
ee _eisat) (Ksat—1) | 
== ta In [1 ESA, ] (3.52a) 
Equation (3.52a) is known as Moll’s equation. Under large-signal 
conditions, when J¢ (sat) (Ksat — 1)/B (7, + Iz) < 1, Moll’s equation 
can be re-cast as 
T, & Tat! c(saty(K sat — 1)/B (Ly + 12) (3.52b) 


The storage time decreases with increasing J,. Conversely, an in- 
crease in J, leads to an increase in t;. 
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The fall time (the interval from t, to t,). In the general case, 
the fall time of igc is a sum of two intervals, namely from £, to f¢, 
(during which the transistor is in the active region) and from ft, 
to t, (during which the transistor is at dynamic cutoff). The end 
of the fall time is defined by the instant when! 


igc (te) = 0.47 cisaty (3.53) 


Let us take acloser look at the transient igc (t) during the interval 
from t, to t, and findjits duration, ts,. Since initially igc (0) = Ic (sat) 
(the time ¢, is taken as the origin), the change in base current is 


ip~ (t) = — (12+ Iccsaty/B) 
and variations in igc- (¢) are described by an expression analogous 
to Eq. (3.48) 
tgo~ (t) = — (By + Iccwaty) [1 — Ay exp (2/75) 
—(1—A,) exp(—t/tZ)] (3.54) 


On setting ig (t) + ign (t) and using the condition for a transistor 
to move into the dynamic cutoff region, Eq. (3.34), we get 


—igced (T 74) = Tccsaty — ZeB/(B + 287) 


This equation defines ty, on the condition that its right-hand side 
is less than 0.9/¢ (sat): Otherwise, ty, will be bounded by Eq. (3.53). 
In the general case, ty, can be found from the following equation: 


—igew (Ty1)(Bl2 + Icisaty) = M1 (3.55) 
where 


BI, —eisat B+ 287 


—— for 7! 2 0A cans 
Ay= 

0.97 cisaty Toh <0.41/ 
BT. Iota oe re ae a 
which can be solved graphically or numerically. 

Consider an approximate solution based on the piecewise approx- 
imation of the function igc. (t). To begin with, we replace the 
exponential terms of Eq. (3.04) by approximate expressions: 


¥ 1—t/t8 at t<2t} 
exp( — t/ep) = exp (—t/t3 ) at t>>-2tF 

: (1—t/2c%)/(1+t/2t3) at t< 203 
exp (—t/t}) © { 0 cat te2tt 


6—01590 
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On either interval of approximation, an analytical solution of 
Eq. (3.55) can be obtained: 
(t2—Re (Cyt C,)—thln(1—%y) at Ty > 2T3 
Mtg — 2Rc (Cg+Ce) Ait — 2K (Cs+Ce) \2 
t= { sb RclCe eo) 5 p( Reg Peo )' @.56) 


1/2 
i at Ty < 273 


1 
Bs ere +€s) 


In order to reduce tj,, we must reduce 4,, which in turn requires 
that the ratio J,/Ic (sat) be increased. 

During the interval from t, to t,, the collector current falls in 
accordance with Eq. (3.35) as 

ic gc (t) = Tn gag exp (=S— >} 
where 
Te-o = ta/(4 +B) (4 + 2Br) 
In view of Eq. (3.53), the duration of this interval is given by 


1078 101 oP 
ss ce in Tosat) (B-- 281) at Tosa (B =F 287) { 3 57) 
THe => 0 a 107 6 ee 


Towsat (B+ 2Br) 
The total collector current fall time is 
Ty = Tp 1 Tye 
and the turn-off time of a transistor switch is 
TOFF = Ts + Ty 


The large-signal case. In deriving Eqs. (3.56) and (3.57), we have 
assumed that A, is positive, since otherwise t;, would be less than 
zero, which has no physical meaning in the case at hand. 

It is seen from Eq. (3.55) that the condition A, > 0 is equivalent 
to the restriction imposed on the turn-off current: 


I, <Jc (sat) (4 + 2B,/B) 


When /, exceeds the above limit, the emitter junction is cut off before 
the collector junction is cut off. This form of transistor turn-off 
(called the inverted or emitter turn-off) is illustrated by the wave- 
forms shown in Fig. 3.21. 

Now, the transistor moves from saturation to the inverse active 
condition which is maintained over the interval from t, to t,. At 
time ¢;, the collector junction is reverse-biased, the transistor moves 
into the dynamic cutoff region, and the collector current decays ex- 
ponentially with a time constant t:_». The turn-off time for this 
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case can be found on assu- e 

ming that the base current, eats he 
ig ~ —I,, remains constant = 

over the interval from ¢, to t,, 
which is equivalent to satis- 
fying the inequality 


(Br + 1) Rc < Rp 


as is often the case in practi- 
ce. In the circumstances, the 
interval from #3; to t; (see 
Fig. 3.21) may be treated as 
the turn-off delay time, 
Tz,0rF Ts, found from Moll’s 
equations. The collector cur- 
rent fall time is 


Ty ~ 2.3T¢-6 


Fig. 3.21 


which corresponds to the de- 
crease in igo to 10% of its initial value. 

The transition time (the interval from t,; to t, in Fig. 3.20). Dur- 
ing this interval, the transistor is in the dynamic cutoff region. 
As the collector current gradually decays to zero (Icpo may be 
neglected) and the capacitances C;, C, and C, are re-charged, the 
collector-to-emitter voltage, vcr (t), tends to a steady-state value, 
Ucz = Ec. The recovery stage is assumed to be completed when 


VCE (t7) = 0.9£¢ 


The manner in which the collector voltage varies can be deduced 
from inspection of the equivalent circuit in Fig. 3.180. 

In practice, it often happens that C,>>C,., Ucz (ts) <£c, and 
RC, > Te-o, SO that it is safe to assume that over the interval 
from ¢; to t, the voltage varies exponentially with a time constant 
R-C,. Then, 


te = RC, 1n 10 & 2.3RC, (3.58) 
The rise time, t%, of the transistor-switch output voltage Ucr is 
close to ty. As follows from Eq. (3.58), if we wish to cut down %;, 


we must reduce Rc. This, however, would entail an increase in 
power drain from the collector supply, E¢. 


3.4. MODIFICATIONS OF TRANSISTOR SWITCHES 


The basic CE transistor switch circuit can be modified in order 
to raise the speed of operation, mainly by cutting down t,, t,, and 
ty. Switch performance can be improved by optimizing the waveform 


6* 
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of the base control current. An exam- 
ple of an optimum waveform is shown 
in Fig. 3.22. Because the rise time 
and the controlled part of the fall 
time of collector current decrease with 
an increase in the turn-on and turn- 
off currents, their absolute values, [; 
and J,, must be high over the turn-on 
and turn-off intervals. On the other 
hand, a reduction in Tt, requires that 
Ksat be reduced too. For this to hap- 
Fig. 3.22 pen, the value of turn-on current, J7, 
over the accumulation and steady-sta- 
te ON intervals must be at a minimum still sufficient to saturate 
the transistor, that is, 


Ty = Ig (sat) Kat, min/Bmin 


If the control voltage e is a rectangular waveform, the base current 
waveform can be made close to the optimal one, introducing a paral- 
lel RC-branch in the base circuit, and also by placing nonlinear ele- 
ments (diodes) in the collector-base circuits. 

Transistor switch with an RC control circuit (Fig. 9.23). This ar- 
rangement is employed in AC transistor logic (RCTL) circuits, 
flip-flops, monostable multivibrators, and similar circuits. Cg is 
a speed-up capacitor: it is used to permit faster turn-on of the tran- 
sistor in response to a change in input and also helps to overcome 
the storage delay of the transistor itself. [t may be added that when 
several such switches are connected in cascade, the principal com- 
ponent of C, in the preceding stage is the Cg of the succeeding stage. 

Let us examine the requirements that Cg must meet in order for 
the base current waveform to be close to optimal (see Fig. 3.23b). 


Eo 6 
Ro 
ame 
Re | 
; | 
Rs | 
e CB 
aL. 
(a) 


Fig. 3.23 
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The collector current and voltage rise time, t,, which accounts for 
the major part of the turn-on time, Ton, can be found by reference 
to the equivalent circuit of Fig. 3.18, recalling that the Laplace trans- 
form of base current is decided by the structure of the external base 
circuit components (see Fig. 3.23a): 

rel e (s) 1+sCgkp 

BW Ri+R, 1-+sCy (Bp ll BD 
where Ri = R, + rg. 

The effect of Cg is especially strong during the initial interval 

which is small in comparison with the time constant Cz (Rx || R;). 
Thus, one condition for the choice of Cg is an inequality of the form 


Cx (Rg || Rs) > ton (3.60) 
Then the base current transform is 
ip (s) ~ e(s)\/Ry= E,/sR,=Tj/s 


Obviously, the relations derived for a resistor-coupled switch will 
hold true in this case as well, on replacing J, by J;. The amount by 
which t, is thus cut down will depend on the ratio [{/J,. 

By time ¢,, that is, the instant when a turn-off command is ap- 
plied, the base current must fall to the value of the steady-state turn- 
on current: 


(3.59) 


Ij w E,/ (BR, + Rp) © E,/Rp (at Rp> Ri) 


Estimating the time it takes the charge on Cz to decay to the 5% 
level along an exponential curve, another condition for the choice 
of an optimal value for Cx, is: 

Cx (Rp! Rt) < 19/3 (3.61) 
If the condition defined by Eq. (8.61) and also the condition for 
the maximum efficiency of the shaping circuit over the turn-off 
interval are both satisfied, we get 


Cz (Rez || Rs) > torr (3.62) 
The value of t, can be found from Moll’s equations where 
I,=1f 
T, = [Ey+ ve, (tp)I/Rs 


where Ug, (tp) © E,R3/(R, + Rp) ~ E, is the voltage across 
the speed-up capacitor at the instant when the turn-off signal is 
applied, and Kg, = @1{/Iccsat)- 

The duration of the controlled part of the collector-current trail- 
ing edge can be found from Eqs. (3.65) derived for the resistance- 
coupled switch, on substituting the above value of Jp. 
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Fig. 3.24 


Unsaturated switch with nonlinear negative feedback. In the tran- 
sistor switches discussed so far, the storage time tT, is a major or 
even, in some cases, the prevailing component of the overall switching 
time that limits the speed of the switch. To minimize the storage 
delay to a practically acceptable level, it is essential that in the 
ON state the transistor be in the active region. This calls for the 
stabilization of the collector potential so as to avoid any variations 
due to spread in parameters (mainly, B) and temperature variations. 
Placing a limiting diode [4] in the collector circuit would lead to a 
delay which is associated with the cutoff time of the diode when 
the switch is turned off, and might even exceed ts. To avoid this, 
the limiting diode is connected between the collector and base of the 
switching transistor (Fig. 3.24a). 
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When the switch is OFF, the diode is reverse-biased, so when a 
turn-on current step J, is applied at time ¢,, the leading edge 
in accordance with the relations examined above for the control 
base current Jp, = Jy —Jyjas, where Ip 5 & (Ep + ego)/Rp. 
On the output characteristics (Fig. 3.24b), the operating point 
(ic (t), Vcz (t)) moves along the load line ig = Iggat) — | VEc/Rc | 
(if the load is purely ohmic). The diode is rendered conducting at 
the end of the leading edge of the collector voltage (time f, in Fig. 3.24c), 
where Ucg rises to Vcr (tz) ~ —I,Ro. From that instant on, the input 
current is distributed with a time constant t,/B between the base 
and diode circuits so that the steady state is attained when the ope- 
rating point is at 0 on the plot of Fig. 3.24b, where Jc = J; + Ip 
and vce = Vo & (pias + 131) Ro —Vp + exo, Where vp is the 
voltaye drop across the diode. With the operating conditions of 
the circuit adequately chosen, the point 0 will lie within the active 
portion of the characteristic, in close proximity to the saturation 
boundary, Vorisaty 

Because the base circuit has a relatively low resistance, arrival 
of a turn-off current step, —/,, at time ¢, produces a base current 
step, ip (ts) ~ —(le + 2p + Ipias), which marks the instant at 
which the collector current begins to fall. The delay in the collector 
voltage fall (which begins at time ¢,) arises because it takes some time 
for the diode to turn off and for the collector current to fall by J p. 

The collector current and voltage fall at t > ¢, in the same manner 
as before, with the turn-off base current Jp, = —(I, + Inias). Thus, 
an unsaturated switch with nonlinear negative feedback shows a 
certain turn-off delay, ty.orr, but it is substantially smaller than 
the storage time, t,, observed in saturated transistor switches. 

An unsaturated switch with nonlinear negative feedback is roughly 
equivalent to a saturated switch with a speed-up capacitor (provided 
the speed-up capacitor has an optimal value), which is corroborated 
by the base current waveform in Fig. 3.24c, but it does not con- 
tain an extra capacitor. 

Unsaturated Schottky transistor switch. In integrated circuits, 
nonlinear feedback is most efficient if the feedback loop contains a 
Schottky-barrier diode fabricated in the same chip with a Schottky 
transistor. As is seen from Fig. 3.25a, this arrangement eliminates 
R,. This is achieved because the V/J characteristic of a Schottky- 
barrier diode lies to the left of the characteristic of the semiconductor 
diode formed by the collector p-n junction of the transistor (Fig. 3.250). 
As a result, when a moderate current, J p, flows through the Schottky- 
barrier diode, the operating point of the diode formed by the p-n 
junction (the dashed line in Fig. 3.25a) lies below the threshold volt- 
age, so that in the ON state the switching transistor is in the active 
region close to the saturation boundary. Schottky transistor swit- 
ches have a very short storage time, t, <1 ns. Also, they have a 
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0.5 to 06 volt Wy 
0.3 to 0.4 voit 


(b) 


Fig. 3.25 


higher B and lower uncontrolled currents, and a good temperature 
stability of their dynamic and static characteristics. 


REVIEW QUESTIONS AND PROBLEMS 


3.1. Point on the V/I characteristic of a diode the regions corres- 
ponding to the closed and open states of the diode switch. 

3.2. Given a circuit consisting of a series combination of a voltage 
generator e, diode D and resistor R, determine the current through 
and the voltage across the diode and resistor for e = +40 V, assu- 
ming that R = 1 kQ and that the diode is a silicon type. Use the 
piecewise-linear diode model in the calculations, 

3.3. How will the results of problem 3.2 change, if use is made‘of 
the ideal diode model, the exponential diode model? 

3.4. Using the exponential diode model for problem 3.2, find the 
value of e corresponding to the switching point of the switching diode. 
Name the two likely methods for locating the switching point and 
compare the results. 

3.5. Plot the transfer function for the series diode switch of 
Fig. 3.144, which relates the voltage across A, to the driving voltage. 
Assume that the diode is a germanium type, Rarive = 20 2. Rojas 
=2kQ, R, =10 kQ, and Eyigg=5 V. Analyze the circuit, using the 
piecewise-linear diode model. How does the resultant transfer func- 
tion differ from that of a real series diode switch? 

3.6. Plot the transfer function for the parallel diode switch of 
Fig. 3.116, using a silicon diode and assuming that Rayiye = 1 kQ, 
Rojas = 2 kQ, Ry = 5 kQ, and Eyiag = —O V. Analyze the circuit, 
using the piecewise-linear diode model. How does the resultant trans- 
fer function differ from that of a real parallel diode switch? 
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3.7. Using ALGOL, FORTRAN or PL/1, present the piecewise- 
linear and exponential static models of the diode as a routine for 
calculating the diode current, taking the diode voltage as para- 
meter. 

3.8. Can the simplified piecewise-linear or ideal diode model be 
represented as a computer routine for calculating the diode current 
from a given voltage? 

3.9. List the factors governing the speed of a diode switch during 
turn-on and turn-off. Name the intervals that make up the overall 
switching time of a diode switch. 

3.10. Determine the mean life time of minority carriers in the 
base of an alloyed pulse diode for which the manufacturer’s data- 
sheet quotes a reverse recovery time of 100 ns at a forward current 
of 20 mA, assuming that the recovery time is defined as the interval 
required for the reverse current of the diode to fall to 10% of its 
original value upon turn-off. 

3.44. The diode switch of Fig. 3.12a uses a charge-storage diode 
for which t = 1 ps and yg = 7. Determine the diode voltage wave- 
form, if e varies from +5 V to —5 V linearly during t, = 3 us. In cal- 
culation, neglect the effect of C, and C,, and also assume that R 
is such thatr; << R <r,. 

3.12. Determine the voltage waveform across the diode in the 
switch of the previous problem, if the input voltage is a sine wave 
with an amplitude of 10 V and a frequency of 0.5 MHz. 

3.13. Using the generalized equivalent circuit for the piecewise- 
linear static model of a transistor, develop linear equivalent circuits 
for the cutoff, forward active, reverse active, and saturated condi- 
tions of operation. 

3.14. Solve problem 3.13 for the simplified piecewise-linear tran- 
sistor model. 

3.15. Using the piecewise-linear transistor model, determine the 
incremental (dynamic) resistances between the collector and emitter 
and between the base and emitter at saturation. 

3.16. Develop an equivalent circuit for a transistor in the forward 
active region, answering Eqs. (3.24) and (3.22), at Ksa, % 1 and 
UcE >> Upp. Represent the input circuit as a voltage generator Upe. 

3.17. Compare the equivalent circuits in Problems 3.14 and 3.16. 
How do they differ? Can the linear equivalent circuit be reduced 
to that in Problem 3.46 by equivalent transformation? 

3.18. The switch in Fig. 3.15 has the following parameters: Rp 
= 10kQ, Ro = 1kQ, Ec = 10 V, B = 50, B; = 1, mgr = 30 mV, 
Vege (sat) = 0.7 V at Keay = 20 and Jc (sat) = 1 mA. Determine 
Upg, and Uc, at e = 0, 0.5, 1 and 5 V, neglecting the bulk resis- 
tances rp, rc, and rg and the reverse resistances rc,; and rf, y. 

3.19. Determine the collector bulk resistance for a transistor with 
6 = 60, B, = 2, and mg; = 30 mV, if it is known that at Jp 
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=1mAand/~c =5 mA, the collector-to-emitter voltage is vcz 
= 0.1 V. 

3.20. Given a transistor for which, at a base current of 1 mA, the 
absolute value of collector-to-emitter voltage with the collector 
circuit open is 40 mV and with the emitter circuit open, 1 mV. 
Using the exponential transistor model, find Vcg at Jp = Ig = 2 
mA if Icno<Jco and mgr = 30 mV. 

3.21. Using ALGOL, FORTRAN or PL/1, present the piece- 
wise-linear and exponential static models of a transistor as a 
computer routine for calculating ic and ig from the given Ucp 
and VERB. 

3.22. In the transistor switch of Fig. 3.16, Rg = 25 kQ, Ee 
= 10 V. The collector and emitter junction capacitances are given 
by C, = 14 (Vepo + 0.3) pF and C, = 20 (Vcpo + 0.3)-1” pF. 
The driving voltage e changes stepwise from —5 V to +25 V. Deter- 
mine the total charge that must be injected into the base in order 
to bring the transistor to the cut-in boundary, and also the cut-in 
delay, neglecting the variations in the current over the delay interval. 
Determine the delay again, assuming the transition capacitances con- 
stant and equal to their maximum values. Assuming Rc < Rp, 
the effect of Ro may be neglected. 

3.23. In the switch of Fig. 3.16 for which Rg = 10k, Rg = 1kQ, 
and EF, = 12 V, the transistor is initially at the cut-in boundary. 


It is known Jthat a transistor for which B = 30 and C, = 10 pF 
enters the saturated region 0.3 us after a step voltage of 10 V is 
applied to the switch input. Determine tp and fmay of the transistor, 
assuming that its static characteristics are represented by the ideal 
transistor model with sufficient accuracy. 

3.24. An n-p-n transistor for which fm,, = 50 MHz, B = 40, 
and C, = 3 pF, is operating in a switching circuit for which E> 
= 12V, Ro =1kQ, and C, = 5 pF. Determine the turn-on current, 
assuming that the duration of the negative leading edge of the col- 
lector voltage is 1 us, 100 ns, and 10 ns. 

3.20. Initially, the driving voltage applied to the input of the 
switch in Fig. 3.16 ise = —4 V. At time fo, the input is a positive 
rectangular pulse during which e = +6 V. The pulse duration is 
10 ws. Determine Ty, T,, Ts, ty, and Ty, if Rp = 2 kQ, Ro = 250 Q, 
Ec, = 35 V, the transistor is a germanium type for which B = 60, 


fax Par MHz, Co =9 pF, om =6 pF, Tsat = 20 ns, and ego 


3.26. In the transistor switch of Fig. 3.23a, Eg =20V, Ro = 2kQ, 
6 = 60, and tg = 15 us. The input signal is a voltage step of 5 V 
(the initial voltage being zero). Neglecting the transition capacitan- 
ces and the internal resistance of the signal source, select Rg and Cg 
such that the collector current step is 5 mA and the collector cur- 
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rent following the step remains constant. In solving the problem, 
use the ideal transistor model. 

3.27. In the transistor switch of Fig. 3.23a, Ep =12V, Re 
=0.5kQ, Rg =5kQ, Cg = 200 pF, ts = 1 us, Teay =0.5 ws, B = 50, 
and the total resistance of the signal source and the base bulk resis- 
tance, rg, is 1 kQ. The input voltage level corresponding to the 
OFF state is —1 V, and to the ON state, +5 V. The driving input 
pulse is a positive rectangular waveform with a duration of 20 us. 
Neglecting the transition capacitances and the input resistance of 
the transistor, plot the base-current waveform, and determine the 
turn-on, accumulation and storage times. 


A LIMITING 
AND CLAMPING CIRCUITS 


4.1. GENERAL 


We shall] begin this chapter by considering simple pulse shaping 
circuits which utilize the nonlinear behaviour of switching ele- 
ments without positive feedback. This sets them apart from regen- 
erative (positive-[eedback) pulse-shaping circuits, such as flip- 
flops, multivibrators and blocking oscillators. 

‘The basic type of a nonlinear switch is the peak limiter*. It delivers 
an output waveform similar to the input waveform so long as the 
instantaneous value of the latter lies within the specified thresholds. 
Should the input signal exceed such a threshold, the output signal 
will be constrained to a constant value known as the limiting level. 

The transfer characteristic of an ideal peak limiter consists of two 
straight-line segments, one sloping and the other horizontal. Limi- 
ters having the transfer characteristics shown in Fig. 4.4a and b 
are known as positive and negative limiters, respectively. Limiters 
having the transfer characteristic shown in Fig. 4.1c and d are known 


* As often, it is called a clipper.—Translator’s note. 
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as double-peak or positive-negative limiters. Figure 4.4e shows the 
output signal of a positive-negative limiter driven hy a sinusoidal 
input. 

Suppose that within the limiting thresholds (the transmission 
band), the output voltage of a limiter v is a linear function of the 
input voltage e: 


v = V (e) = V,4+ Ke (4.1) 
Since the transfer characteristics of real limiters may have a finite 
slope within the limiting region, we also introduce linear functions 
V? (e) = Ke+ V5 
and 
V" (e)=K e+ Vo 
which approximate the relation v (e) in the positive and negative 
limiting regions, respectively. 
Assuming an arbitrary e, the transfer characteristic of a limiter 


can be written: 
—for positive limiting 


I 


v = min [V (e), VP(e)] 


—for negative limiting 


v = max [V (e), V(e)] 
—for both positive and negative limiting 
v = min {max [V (e), V™ (e)],V® (e)} 
For a limiter to operate normally, it is essential that 


[KK | <1,|KVK|<1, Vi>V5 (4.2) 
The limiting thresholds ZP and £% can be found from the equations 
VER = VE (ER) 
and 
V (£") = V" (£4) 
Hence, 
EP = (V§—Vo)/(K — K®) 
B® =(V—Vo)I(K — K”) 


Because of stray reactances (usually, capacitances) and the finite 
switching times, the output signal reaches the limiting level(s) only 
after all transients have died out. In evaluating the speed of a limit- 
er, it is customary to consider its transient response to an ideal rec- 
tangular input pulse. 


(4.3) 


94 CH. 4 LIMITING AND CLAMPING CIRCUITS 


4.2. DIODE LIMITERS 


In a limiter circuit, the diode can be connected in parallel, series, 
or series-parallel with the load. Also, it may or may not contain an 
operational amplifier. 

In a parallel positive limiter (Fig. 4.2a), the diode remains at 
cutoff, and the input voltage is allowed to pass on to the output so 
long as it is below what is often called the reference voltage, F. 
At e > E, the diode is driven into conduction, and the output vol- 
tage is held at VP = E£, that is, EF is both the limiting threshold and 
the limiting level. 

In a parallel negative limiter (Fig. 4.2b), the diode is driven to 
cutoff when e< E, so that the reference voltage E defines both the 
limiting threshold and the limiting level. 
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In a positive-negative limiter (Fig. 4.2c), D, flattens the positive 
peaks at £,, and D, flattens the negative peaks at E, (E, > E,). 
When the inequality E, > e > E, is satisfied, both diodes are at 
cutoff, and the input voltage is passed onto the output. 

Parallel limiters have a low (zero) output resistance when they 
limit the signal, and a high output resistance when they pass the 
signal. 

Series limiters (Fig. 4.2d through /) pass the input signal when the 
diodes are conducting and limit the input signal when the diodes 
are at cutoff. The circuit of Fig. 4.2d performs positive limiting 
(with e > £) to VP = E, whereas the circuit of Fig. 4.2e performs 
negative limiting (with e< E) to the same level. In the double- 
peak limiter of Fig. 4.2/, the right-hand diode, Dg, flattens the posi- 
tive peak to a level £,, and the left-hand diode, D,, flattens the 
negative peak to a voltage level produced at the output when this 
diode is driven to cutoff, that is, 


y= (E,R,+ E,R,)/(Ry+ Ry) 


A series diode limiter has a low output resistance in passing the 
signal, and a high output resistance in limiting the signal. 

Series-parallel limiters (Fig. 4.2g through i) are employed where 
it is desired to retain a low output resistance when both passing and 
limiting the input signal. For its operation, sucha limiter depends on 
switching the current J maintained by a supply source E and a resis- 
tor R between the diodes D, and D, (see Fig. 4.2g and h). In passing 
the signal, the series diode D, is conducting, and in limiting the 
signal, the parallel diode D, is conducting. The double-peak limiter 
of Fig. 4.2i is a cascade combination of two simple limiters. The 
reference voltage E, sets the positive-limiting level, and F, sets 
the negative-limiting level. For signal limiting, the diodes D, and 
D, must be conducting at the same time, which can be obtained 
when J, < I. 

In passing the input signal, the above limiters have a gain of 
K <1. If it is desired that the signal is amplified within the passing 
region, the limiter must be extended to include an amplifier. The best 
arrangement is to place a switching element in the feedback path 
of an operational amplifier (Fig. 4.27 and k). With the switching ele- 
ment open, K ~ —R,/R, [see Eq. (2.31)]. When the switch closes, 
the resistance in the feedback path falls to zero, and the output volt- 
age remains unchanged. In the circuit of Fig. 4.27, the diode turns 
on at v < E, which is equivalent to e > —ER,/R,. In other words, 
this circuit is a positive limiter with a limiting threshold —FR,/R, 
and a limiting level of &. To obtain negative limiting, the diode 
must be connected in reverse polarity. Positive and negative limit- 
ing can be combined by placing two diodes in the feedback circuit. 
D, provides positive limiting, and D, negative limiting. Limiters 
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Fig. 4.3 


containing operational amplifiers have a low output resistance within 
any portion of the transfer characteristic. 

{n series limiters in which the reference voltage source is returned 
to acommon junction with R, the desired limit levels can conveniently 
be obtained by using resistive voltage dividers (Fig. 4.3). The circuit 
of Fig. 4.3a is a negative limiter to a level V" = ER,/(R, + R,), 
and the circuit of Fig. 4.3b is a double-peak limiter with a positive 
limit level £? = ER,/(R; +R,), and a negative limit level £ 
= E (Ry || RMR: || Rs) + (Re Il Ra). 


Static Characteristics 
of Diode Limiters 


From an analysis of the static characteristic of a diode limiter, 
we can evaluate the effect of the residual parameters of the diode, 
load and the internal resistance of the signal source on the accuracy 
of limiter operation usually defined in terms of the stability of the 
transfer characteristic. We shall discuss the analysis procedure, 
taking a parallel positive limiter as an example. 

A schematic diagram of such a limiter, extended to include the 
load resistance R, and the internal resistance A, of the signal source, 
appears in Fig. 4.4a. Using the piecewise-linear diode model shown 
in Fig. 3.66, we can develop linear equivalent circuits for this limi- 
ter when it passes the applied signal (Fig. 4.4b) and when it limits 
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the signal (Fig. 4.4c); in these equivalent circuits, R* = R, +R. 
The equivalent resistance of the circuit switched by the diode is 
determined by the parallel connection of R* and R,. Denoting 
yr =re/(R* || Rr) and y, = (R* || Ry)/r;, and referring to the 
equivalent circuits of Fig. 4.4b and c, we get 


R 1 
K= 8p Tw ’ Vo = Ey,/(1+ yr) 
KP Ry vr (4.4) 


—WHrAp tty? Ve=(E+eo)/(1+ v1) 
In designing a diode limiter, the values of R and R,, are chosen 
such that 
yvX1, w<1 (4.5) 


The first inequality ensures the correct operation of the limiter 
(Ke/K < 1), and the second eliminates the effect of the instability 
in the reverse resistance of the diode on the transfer characteristic 
of the limiter. 


In view of Eqs. (4.5), Eqs. (4.4) can be re-cast in a simpler form 
K #R,/(R*+Rz), Vo = Evy 
K? = Ky,, Ve wE+e 
Using Eq. (4.2), we find the limiting threshold to be 
EP =[E (1— 4) — e0]/K (1—¥2) 


The above relations show that, when the conditions defined by 
Eqs. (4.5) are satisfied, the principal destabilizing factor is the drift 
in the initial forward voltage of the diode, ep. 


(4.6) 


Dynamic Characteristics of Diode Limiters 


Since diode limiters use high-speed pulse diodes, the principal 
factor controlling their dynamic characteristics is the load capaci- 
tance in circuits without an operational amplifier, and the lag time 
associated with the amplifier in circuits using an operational ampli- 
fier. We shall carry out a comparative analysis of dynamic characte- 
ristics for various types of diode limiters without an operational 
amplifier, using as an example a positive limiter and assuming 
that it is driven by an ideal rectangular pulse in positive polarity. 

Parallel limiter. Variations in the output voltage of a parallel 
limiter take place when the diode is in the OFF state. Applying 
Thevenin’s theorem to the circuit of Fig. 4.4b and including the 
load capacitance C,, the limiter may be represented by the equiva- 
lent circuit of Fig. 4.5a where 


Reg =R* || Rr |r © R*RL/(R*+ Rr) = RK 
7—01590 


98 CH. 4 LIMITING AND CLAMPING CIRCUITS 


(a) 


Fig. 4.5 


The value of V (e) is defined by Eqs. (4.1) and (4.4). When an input 
pulse is applied at time ¢,, the output voltage begins to vary exponen- 
tially with a time constant Teq = Reglr? 


v (t) =v (0)+ KE,, {4 — exp [— (t —to)/Teq]} (4.7) 
where v (0) is the initial steady-state value of output voltage, and Ey 
is the peak value of the input pulse. 

Exponential variations in v (t) take place over the interval from ty 
to t, (Fig. 4.50) and finally cause the diode to conduct and the limiter 
to switch over to the limiting action. The rise time t, of the output 
voltage can be found from the equation 


vL (to + tr) =Vn 


where V,, is the peak value of output voltage equal to VP — v (0). 
Solving this equation for the rise time yields 


Tp = —Teg In (1 — Van/KEp) (4.8) 


When the driving pulse ceases at time ¢}, the output voltage begins 
to approach V [e (t)] =v (0) asymptotically. Therefore, the fall 
time ty of the output pulse is independent of E,, and is equal to 


2Teq — 3T eq: 


Since for the circuit to operate as a limiter it is required that 
Vmn/KEm <1, in a parallel limiter t, << ty always. 

Series limiter. In this type of limiter, the output voltage rises 
when the diode is in the OFF state, and falls when the diode is in 
the ON state. Applying Thevenin’s theorem and including both 
the load and internal source resistances, we obtain the equivalent 
circuits shown in Fig. 4.6. The circuit in Fig. 4.6a applies when the 
output voltage is falling, and the circuit in Fig. 4.6 does when the 
output voltage is rising. The respective equivalent resistances, 
Req, on and Reg, orF, are given by: 


Req, on = (Rs +7?) |] B || Rx 
Reg, orr = (Re+7y) || Rll] Ri & RAR + Rx) 
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ve(t)] 


(c) 


Fig. 4.6 


In response to an input voltage step, the output voltage rises expo- 
nentially with a time constant torr = Reg, orr Cz, and falls 
with a time constant ton = Reg, onC 1. In either case, v (t) asympto- 
tically approaches the respective steady-state value, VP or V [e(t)] 
at t > t; (Fig. 4.6c). The rise and fall times of the output voltage are 
T, = 2topr-dtorr, and ty — 2tox-3ton. Since Reg, on < Reg, orFs 
a series limiter differs from a parallel limiter in that t, > ty. 

Series-paralle] limiter. This configuration combines the proper- 
ties of a parallel and a series circuit. The output voltage can vary 
only when the diode D, is OFF, whereas the diode D, is conducting 
during the fall in the output voltage and non-conducting during 
its rise. The equivalent circuit of the limiter during the fall interval 
is shown in Fig. 4.7a. The equivalent resistance Req, on, combining 
the load and internal source resistances, is given by 


Req,on = (Rs+7t) | Rll Re ltr & (Rs +7s) WR || Ae 


During the fall interval (¢ >t), the output voltage decreases 
exponentially (Fig. 4.7c) with a time constant ton = Reg, onCy 
and approaches asymptotically its steady-state value V [e (t)]. As in 
the series circuit, t; = 2tTon-3ton. 

The equivalent circuit of Fig. 4.7, applying to the rise interval, 
has been derived on the assumption that the reverse resistance r, 
of the diodes at cutoff is negligibly small. Then, 


Req, OFF = Ry, | Rand Eeq= EReqorr/R 


Over the rise interval (¢, < ¢ < ¢,), the output voltage rises expo- 
nentially 


v (t) = [v (0) — Eq] exp[ —aoa te | + Bea 


qT* 
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Eeq 


yP 


Fig. 4.7 


At time t,, the diode D, is rendered conducting. The rise time t, 
can be found from the equation 


v (to+ tr) =V? 
whence 


t, = —CReq, ovr In[1— 7" | (4.9) 


From a comparison of Eqs. (4.9) and (4.8) it is seen that, in contrast 
to a parallel limiter, the rise time of a series-parallel limiter is inde- 
pendent of the input signal amplitude. The rise time can be control- 
led by varying the supply voltage and, as a consequence, the current 
switched between the two diodes. The possibility of obtaining short 
rise and fall times is a major advantage of series-parallel limiters. 


4.3. TRANSISTOR LIMITERS 


The switching elements in transistor limiters are the emitter and 
collector junctions. As a result, a transistor limiter provides a double- 
peak (positive and negative) limiting action. 

Common-emitter limiter (Fig. 4.8a). The transfer characteristic 
of a common-emitter limiter shown in Fig. 4.86 has three straight- 
line segments each of which represents a particular region (or con- 
dition) of operation. The horizontal segment represents positive 
limiting (e << £P), when the transistor is in the OFF state. Referring 
to the equivalent circuit of a limiter in which the transistor operates 
at cutoff (Fig. 4.8c), the base and collector voltages are given by 


vg = [eRg+ Ep (R,+ Re) +] cao (Rs + Re) Ral /(Rp+ Re +R) 


: (4.40) 
v=V =VP=(Ec—IcaoRe)Ri/(Rr+ Ro) 
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Fig. 4.8 


The transistor will remain in the cutoff region so long as vg < ego. 
Solving the equation vg = ego for the input voltage gives the posi- 
tive limiting threshold: 

E” = ego+ (Re + Re) [(ezo— Es)/Ra— I ceo} 


The sloping segment of the transfer characteristic represents the 
amplifying action of the transistor. The gain K can be found from 
the a.c. equivalent circuit shown in Fig. 4.8d: 


_ Bip (Ach Rx) 
e 
= BRORL 
— (Ag+ Rx) (Ae + Rs) 
In negative limiting (e > £"), the transistor is at saturation, and 
the collector voltage is close to zero, that is, 
y"=Vva~0 
On setting in Eq. (4.3) KP = K7 =O and V2 < VP, we can express 
E® in terms of EP, VP, and K as follows: 
épo—#p cao , #c 
E* = EP +V/K =eno-+(Re+Rs) (=a > 2 +t) 
To minimize the effect of variations in Jc¢go on the limiter para- 
meters, it will be well-advised to choose Rg such that 
(ego — Ep)/Rg >I cso 
Then the terms containing Jcggo can be removed from the expressions 
for Z™ and EP. 


K= v_le_= 
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Fig. 4.9 


Common-base limiter (Fig. 4.9). During positive limiting (e>E?) 
transistor is OFF. Using the simplified piecewise-linear transistor 
model, we derive the equivalent circuit of Fig. 4.9¢ from which it 
follows that 


ve= [eRg+ Eg (Rot Ro))/(Re+ Re + Rs) 
v=V?=VP=(Ec—IcpoRc) Rr/(Ro+ Rx) 
The transistor will remain at cutoff so long as vg >> —égo. There- 
fore, 
E? = —- épo— (@on-+ Ex) (Re + Rs)/Re 
The sloping portion of the transfer characteristic applies when 
the transistor is amplifying the signal. Using the a.c. equivalent 
circuit of Fig. 4.9d, the gain is found to be 
e_ ~ (Ri+ ec) (Ret Bs) 


During negative limiting (e < £"), the transistor is at saturation, 
and the collector voltage is controlled by —eégo, so that 


K=v_/e_= 


vy" = va =-— co 
On setting A™ = AP = (in Eq. (4.3) and recalling that eco & ego, 
we get 
E® = EP —- (V?—V")/K =—[egot eno (Re+Rs) (4/Re + 1/Rco +1/Rz) 


(Eo—IcpoRc) (Ro + Rx) 
ete akg 


+ Ex (Re+ R,)/Rez] 
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Fig. 4.10 


The effect of Jcpo on the performance of the limiter can be mini- 
mized by choosing Rg such that Relcpo <Fc. The stability 
of a common-base limiter is higher than that of a common-emitter 
circuit, because the relative change in @ is 1/(1 + 8) times the va- 
riations in B. 

Common-collector limiter (Fig. 4.10). In negative limiting (e<E®), 
the transistor is nonconducting, and the equivalent circuit of the 
limiter takes the form shown in Fig. 4.10. Hence, the expression for 
vg is the same as Eq. (4.10), and the collector voltage is given by 


v= V" = — EpR,/(Ry+ Rs) 
For the transistor to be at cutoff, it is required that 


vg —V" < Eo 


whence 


En= —E_R,/(Ri+ Re)—(Ee+ £p+/caoks) Are + ego 


The sloping portion of the transfer characteristic applies when the 
transistor is amplifying the input signal. From the a.c. equivalent 
circuit of Fig. 4.10d, the gain is found to be 


= Se EB 1 (Re+8s) | RB ]-1 
Kev fe_= pope iti ate | MD 


At B > 1, Eq. (4.11) takes on a simpler form 
K = Rp/(Rg + Re + Rs) 
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Fig. 4.14 


During positive limiting (e > £?), the transistor is at saturation, 
and the output voltage is practically zero: 


v=VP—VP ~0 
Hence, 


Pe _ypnyjK — pu l(Ret+ Re) 
Boe Vile Ee naar) 


— (Eg+ Ep—eor+Icpofts) Aep ae €EO 


In stability, a common-collector limiter is close to a common-base 
circuit. It suffers from a disadvantage that K < 1. 

Emitter-coupled limiter (Fig. 4.11). In contrast to the previous 
circuits, this configuration uses two transistors which form a diffe- 
rential amplifier stage. Among the advantages of this circuit are 
high stability of performance and high speed of response. The high 
speed is secured because the double-peak (positive-negative) limiting 
action is obtained by utilizing the switching properties of only the 
emitter junctions. The collector junctions remain in the OFF state 
both when the signal is passed and when it is limited (the transistors 
operate in the unsaturated region). As a corollary, the limiter is 
free from the storage delay associated with the accumulation and 
removal of excess minority-carrier charge in and from the base and 
collector regions. 

Consider the relations defining the transfer characteristic of an 
emitter-coupled limiter. The emitter currents of the transistor are 
each the sum of two components, one being due to the current gene- 
rator 7, and the other to the voltage difference vp, — vgs. In the 
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circumstances, the following relations apply: 
ig, = 0.57 + (Vg — Uee)/Re ing = 0.52 — (vei —vp)/Re 
Neglecting the resistance of the conducting emitter junction be- 


cause it is negligible in comparison with Rg, we may take it that 
in the signal transmission region, 


Ve1 — Vga = @ — Ep 
because the base-to-emitter voltages cancel out. 
The emitter junction of 7, is reverse-biased at ig, = 0, and that 
of T,, at ig, = 0. Solving these equations for the input signal gives 
the threshold voltages 


E"=Ep—0.5I Rp, E°=Eg+0.5/Re 


When 7, is OFF, ig, = J, and 
v=V"=V8= Ec—IcpoRc—laRc ~ Ec—IRe 


When 7, is OFF, igg = Jcpo, So 
v=V?=Vp= Ec—Icrokc © Ec 
On setting K® = KD = 0, we obtain from Eq. (4.3) 
K = (Vp—V2)/(E> —E") » R,/Ry 


For the correct operation of an emitter-coupled limiter, it is es- 
sential that the conducting transistor is in the unsaturated condi- 
tion. This in turn requires that Eg — [Rg > Eg. The static char- 
acteristics of an emitter-coupled limiter are shown in Fig. 4.110. 

Since the circuit of an emitter-coupled limiter is symmetrical, 
the input signals can simultaneously be applied to the bases of both 
transistors (Fig. 4.12a), and the output signal v (t) is the difference 
of two voltages, e, — é,. The input e, is referred to as the noninvert- 
ing input, and the input e, as the inverting input. By holding e 
constant, we obtain a transfer characteristic, v (e,) (Fig. 4.126) which 
differs from that examined earlier in having a negative gain, K, 
in the signal transmission region. As e, rises, the instant is reached 
when 7, is saturated, and from that instant on the output voltage 


(a) 


Fig. 4.12 
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follows any variations in the input (the dashed line in Fig. 4.120). 
The point where 7, moves into the saturation region defines the 
maximum safe level for the input signal, e, max- 


4.4. SWITCHING MODE OF POSITIVE-NEGATIVE 
{DOUBLE-PEAK) LIMITERS 


The transistor switches discussed in previous section are widely 
used in logic gates, flip-flops, multivibrators, and other pulse cir- 
cuits. In most cases, stable states exist only in signal limiting, when 
the output voltage is equal to the positive or negative limiting level. 
This is known as the switching mode of a positive-negative limiter. 

In the switching mode, a limiter can be treated as a switch with 
two states differing in output voltage. In the region where the applied 
signal is allowed to pass through without limiting (it is represented 
by the sloping portion of the transfer characteristic), the switch is 
in an indeterminate state. Therefore, the switching behaviour of the 
limiter is improved as this region is made narrower. The ideal swit- 
ching performance is shown by circuits whose transfer characteristic 
is a step response function. All existing types of switches used in 
pulse circuits have only a quasi-step response approaching the ideal 
with a varying degree of accuracy. 

The current trend in the Soviet Union is to use an integrated- 
circuit differential opamp as a component part of pulse circuits. 
The typical transfer characteristic of such amplifiers is shown in 
Fig. 4.13. Owing to the high gain in the transmission region (about 
10° to 10°), a differential d.c. amplifier can legitimately be treated as 
an ideal switch. The differential input extends the functional capa- 
bilities of the circuit. In more detail, the static and dynamic beha- 
viour and circuit design of differential d.c. amplifiers are examined 
in Sec. 13.5. 

Improvement of switch performance by a differential opamp. Con- 
sider the switching circuit shown in Fig. 14.14a. The shape of its 
V-I characteristic, itgy = f (Vsw), Shown in Fig. 4.14b, is governed 
by the nonlinear behaviour of both the diode and the opamp. When 
Ugw iS positive, the diode is conducting, and to a first approximation 
the output voltage of the opamp, v, is approximately equal to V;. 
At the same value of i,,, the input volt- 
age of the opamp, U,sw, is approximately 
equal to V;/Ky. In other words, the resi- 
dual parameters of the closed switch are 
1/Kth of their original value. When v,y is 
negative, the diode is at cutoff, and the re- 
sistance of the switch remains 1/K, part of 
the diode’s reverse resistance until the 
Fig. 4.13 opamp moves into the limiting region 
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Fig. 4.14 


(point A). As | vgy | keeps rising, the output voltage of the opamp 
no longer decreases, and the incremental (dynamic) resistance of 
the switch abruptly rises to become equal to the reverse resistance 
of the diode. As is seen, the switch built around a_ differential 
opamp has the diode type of V-J characteristic, but this charac- 
teristic has a more pronounced breakpoint than that of a crystal 
diode. 

A similar circuit can be constructed using a reverse-biased diode 
or a transistor. 

Switches incorporating differential opamps are utilized in pre- 
cision limiters, clamping circuits (see Sec. 4.5), and some other ap- 
plications. 


4.5. CLAMPING CIRCUITS 


Clamping circuits, also known as d.c. restorers, serve to clamp 
the base or top of a pulse signal to some specified level when voltage 
or current pulses are passed through circuits containing d.c. blocking 
capacitors or transformers. 

For its operation, a clamping circuit depends on the resistors of 
an RC-network that are switched to provide a suitable time constant 
or the charge and discharge circuits of a d.c. blocking capacitor 
(or the rise and fall circuit of the magnetizing current in a transform- 
er) during and between the pulses being transmitted. 

Consider how voltage pulses are clamped at the output of d.c. 
blocking RC-networks (Fig. 4.15a) where the switch is closed between 
pulses and open during the existence of a rectangular pulse (Fig.4.150). 

The time constant for the OFF and ON states of the switch is res- 
pectively given by t) = CR and t, = C (R|| Tew) © Crew (for 
R > Tew) 
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Fig. 4.15 


The condition for charge balance, as defined by Eq. (2.3a) for 
a state of dynamic equilibrium may be interpreted as implying that 
the ratio of the “positive” to the “negative” area of the output signal 
is such that 


A,/Ay = BUR | rew) = Tol (4.12) 


Suppose that in order to keep to a minimum the distortion in the 
signal waveform the value of C is chosen so large that 


™ >> T—t and | >T (4.13) 


The applicable signal waveform is shown in Fig. 4.15c. Approxima- 
ting the shaded areas Ay and A, by rectangles and using Eq. (4.12), 
we find the dynamic bias to be 


Vo = Em + (to/t,) (T/t — 1)) (4.14) 


The above relation holds true also when the pulse waveform is other 
than rectangular (the dashed line in Fig. 4.155). The value of E,, 
is then defined as the amplitude of a rectangular pulse equal in area 
and duration to the input pulse. 

Figure 4.16 shows plots of the 
dynamic bias Vy as a function 
of the period-to-duration ratio, 
T/t, for a pulse train. These 
plots are described by Eq. (4.14), 
and constructed for several rela- 
tive values of t, and t,. The ca- 
se of to = T, applies to a linear 
(nonswitched) circuit. There is a 
considerable range of pulse pe- 
riod-to-duration ratios where the 
Fig. 4.16 value of V, is strongly affected. 
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Fig. 4.17 


Fig. 4.18 


As the ratio increases with increasing 7, an instant is reached when 
the inequality t, >> 7 is no longer satisfied, and V, falls at a fas- 
ter rate (the dashed line in Fig. 4.16) than it should in accordance 
with Eq. (4.14). 

The clamping action takes place at ty >> t,. Even a slight devia- 
tion of 7/t from unity will suffice to make V, practically equal to 
zero. At low values of t,, the inequality t, >> T is no longer satisfied, 
and 1’, decreases at a markedly faster rate than it should be expected 
from Eq. (4.14). In this way, the clamping circuit maintains V, 
at a constant value (zero value in our case) over the entire range of 
likely values for the pulse period-to-duration ratio. 

Clamping to a level other than zero is provided by the circuit 
shown in Fig. 4.17a where a source of clamping voltage, E,, is 
placed in series with the resistor of the d.c. blocking network. If the 
efficiency of the clamping action is not to be impaired, the internal 
source resistance must be small in comparison with rgy. In practice, 
the desired clamping voltage is derived from a voltage divider shun- 
ted by a high-value capacitor (C,; >>C, Fig. 4.170) rather than from 
a separate source. The divider presents a low impedance to the a.c. 
components. In the circuit in question, this is a sufficient measure, 
because the direct component of current through the source of Ey; 
is zero. 

Practical clamping circuits differ in the type of switching element 
used and in the manner it is operated. 
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Figure 4.18a shows a diode clamping circuit which uses negative 
clamp pulses. The diode turns on when the output signal becomes ne- 
gative and turns off when the output signal is positive (see Fig. 4.15). 
Including the internal resistance of the signal source. the time con- 
stants of the d.c. blocking circuit are 1, — C (R, +f || r,) and 
t, =~ C(R,+R\|rs). It is seen that for the clamping action to 
take place, the values of R and the diode’s reverse resistance must 
be increased, whereas the values of A, and the diode’s forward resis- 
tance must be decreased. 

Since the forward resistance of the diode begins to increase abruptly 
at a voltage less than e,, the real dependence of dynamic hias on 
the pulse period-to-duration ratio is other than ideal (see Fig. 4.180). 
Gradual variations in V, with the period-to-duration ratio inside 
the interval from zero to ey is often undesirable. The manner in which 
V, varies with 7/t on introducing R’ and —E in the circuit is illu- 
strated in Fig. 4.18 by the dashed line. 

Figure 4.19a shows a diode clamping circuit which uses positive 
clamp pulses. The diode is conducting when the output signal is 
positive. The response of the circuit to a train of rectangular pulses 
is shown in Fig. 4.19b. The dynamic bias V, is defined by the same 
qualitative relations as before, if we take a negative-going change of 
signal voltage as the pulse. 

There are also clamping circuits which establish the extremities 
of the signal both above and below some constant reference level. 
This form of clamping is utilized in colour television, the sweep 
circuits of oscilloscopes, etc. The state of the switch in such a clamp- 
ing circuit is controlled by a suitable signal synchronized with the 
voltage being transmitted. Accordingly, such clamping circuits are 
known as controlled. 

A controlled clamping circuit using a transistor switch is shown 
along with its time waveform in Fig. 4.20. When no control signal 
is applied, the transistor is at saturation because its base is returned 
via Rg to a source of +£. Because in a steady state the collector 
current is zero, saturation is achieved with any base current, ig 
=~ Ep/Rg. It is desirable, however, to keep the base current high 
so as to minimize the resistance of the switch in the closed condition. 


R 
ritoore 


Fig. 4.19 
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(a) (b) 
Fig. 4.20 


A negative pulse applied to the control input derives the transistor 
to cutoff. As a result, a pulse of any arbitrary waveshape and pola- 
rity can be passed through the d.c. blocking circuit during the exis- 
tence of the input pulse. Because a decrease in the collector voltage 
might render the collector junction conducting, it is essential for 
the correct operation of the circuit that the maximum amplitude 
of the negative pulses should not exceed that of the control pulses. 

Clamping in amplifiers. It is often necessary to use a d.c. blocking 
RC-network at the input of an inverting amplifier. In such cases, 
it will be well advised to place a clamping switch in the feedback 
path (Fig. 4.24). Then, according to Eq. (2.32), the time constants 
for the open and closed switch will be 


T = CIR, + Rin |l (To/Ko)! 


and 
tT =C (Re + Rin Il (e/Ko)) 


For the clamping action to take place (t, >>1,), it is essential that 
R, <lins ro/K ire Ko 

where rjp is the input resistance of the amplifier, r, is the resis- 
tance of the switch when open, and r, is the resistance of the switch 
when closed. 

In the above circuit, the signal "sw 
is clamped to E,. In practice, how- 
ever, the clamping is not perfect; the Rg C 
output voltage rises slightly above 
E, and the waveshape is a some- Z 
what distorted version of the input. Eo; 
These discrepancies depend on the ce 
zero drift of the amplifier and the 
residual voltage across the switch. Fig. 4.24 
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REVIEW QUESTIONS AND PROBLEMS 


4.1. The parameters of a positive limiter are: A = 1, Vy) = 0, 
KP = 0.1, and VP = 5 V. Determine EP and VP and plot the wave- 
form of the output signal, assuming that the input signal is a sine 
wave with an amplitude of 10 V. 

4.2. The transfer characteristic of a limiter is specified by the 
function v = max (e, 0.1e). Identify the type of limiter, plot its 
transfer characteristic and the waveform of the output signal for a 
sine-wave input signal with an amplitude of 5 V. 

4.3. Solve Problem 4.2 for v = min [max (e, 0.1e), 2 +0.1e]. 

4.4, List the types of diode limiters you know and point out how 
they differ. 

4.5. Using the piecewise-linear diode model, determine the trans- 
fer characteristic for a double-peak (positive-negative) parallel diode 
limiter. Derive expressions for K, K®, A", EP and E®, with allow- 
ance for the internal resistance of the signal source and the load 
resistance. 

4.6. Solve Problem 4.5 for a series and a series-parallel diode 
limiter. 

4.7. Develop the circuit of a double-peak (positive-negative) 
series diode limiter with #® = 10 V and EP = 30 V, driven by a 
source of E = 100 V. Carry out the calculations, using the ideal 
diode model. 

4.8. In the parallel diode limiter of Fig. 4.2a, the diode is a si- 
licon Zener diode with a breakdown voltage of 5.6 V. Plot an approx- 
imate transfer characteristic of the limiter for EH = 2 V. 

4.9. Plot the transfer characteristic for the opamp limiter of 
Fig. 4.2k, with the bias sources omitted (£, == E, = 0), and the 
diodes being the Soviet-made type J[219 silicon diodes (see Tables 3.4 
and 3.2). 

4.10. Plot the transfer characteristic for the opamp limiter of 
Fig. 4.27 in which Z = O and the diode is a silicon Zener diode with 
a breakdown voltage of 4.7 V. 

4.14. Using a series-parallel limiter, develop diode switches de- 
riving from two input voltages e, and e, an output voltage equal to 
the maximum and the minimum one. Construct similar circuits with 
a larger number of inputs. 

4.12. The parallel diode limiter of Fig. 4.2 with R = 1 kQ, and 

= 5 V is driven by an input rectangular pulse with a duration 
of 10 us and an amplitude of 12 V, assuming that in the no-signal 
state e = — 2 V. Determine the waveform of output voltage, if 
the limiter is loaded into C; = 1 nF, and the internal resistance of 
the signal source is 502. Using the ideal diode model, calculate the 
rise and fall times of the output pulse. 

4.13. Solve Problem 4.12 for the series limiter of Fig. 4.2b. 
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4.14. Solve Problem 4.12 for the series-paralle] limiter of Fig. 4.2h 
in which EF = 20 V and R = 1 kQ. 

4.15. Solve Problem 4.12 for the double-peak (positive-negative) 
series-parallel limiter of Fig. 4.2i in which £, = E, = 20 V, R, 
=1kQ, and R, = 5 kQ. 

4.16. Develop the circuit of a common-emitter transistor limiter 
delivering an output signal with an amplitude of 5 V and operating 
at limiting thresholds EP = 0.5 V and E® = 1.5 V. The transistor 
parameters are: B = 40, ego = 0.6 V, Icpo = 0, and Ic, max 
= 10 mA. 

4.17. Plot the V-/ characteristic for the switch of Fig. 4.18a and 
determine its parameters, using the piecewise-linear diode model in 
which r, = 10®Q, rp = 102, and e, = 0.6 V. The amplifier gain 
is K, = 10*, and its output signal is limited at +10 V. 

4.18. The diode clamping circuit using negative clamp pulses 
(Fig. 4.21) accepts a periodic sequence of positive pulses with an 
amplitude E and a pulse period-to-duration ratio Q. Using the piece- 
wise-linear diode model corresponding to the equivalent circuit of 
Fig. 3.6b and assuming that T< C (R, + rt), express the charging 
and discharge currents of C in terms of the output voltage; formulate 
the condition for the diode to conduct between pulses; evaluate the 
relation V, (Q) on the basis of the condition for the balance of ca- 
pacitor charging and discharge currents: icn = tas (Q — 1). 
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5 LOGIC GATES 


5.1. SWITCHING FUNCTIONS 


The rationale of digital data processing is that data can be pre- 
sented as an ordered collection of binary variables 2,, r2, ..., Zn 
each of which can take on any one of two values, a 0 or a 4, often 
called a logic 0 and a logic 1. A 1 can be treated as the magnitude of 
a number in binary notation or as an indication that an event has 
occurred within or at an input to a given circuit or device. This 
event may be the closure of a switch, reversal in the polarity of a 
time-varying voltage, a throw-over of a toggle on a control panel, 
closure of a limit switch in an electromechanical system, arrival of 
an echo signal in a radar, etc. 

A basic operation in digital data processing is to implement func- 
tions y =f (z,, Zo, ..-, Zp) which assign a value of 0 or 1 to each 
of the 2" possible combinations of the variables z,, zt, ..., Xp. 
The rules according to which this is done are known as switching 
functions. 

As an example, consider the arithmetic operation of addition a 
quantities A and B expressed as binary numbers: 4@,, do, .. ., 
and b,, bs, ..., Ox. Finding the sum C = A + B reduces to finds 
ing a binary number C1, Cy, - +, Cy each digit of which is the switch- 
ing function of the binary variables a,,a,, ..., @y and by, 09, ..., 
by. That is, 


C= hi (41, Ao, oe 09 Any by, ba, oo ey by) 


where i= 1, 2,..., N’. 

One way to specify a switching function is by what is known as 
a truth table. The truth table for a switching function exhausts the 
combinations of values of the arguments in the leftmost column, 
and the values of the function corresponding to each of the possible 
2” combinations of values of the variables in the remaining columns. 
A single truth table may list several functions of the same arguments. 
As an example, consider the switching functions specified by a truth 
table, Table 5.1, and implementing the addition of two-digit numb- 
ers A and B. The sum is a three-digit number C. The truth table 
specified the switching functions c, (a), a; b,, be), Cy (ay, Ay; by, bo), 
and ¢3 (a), ay; b;, b,). The validity of the truth table can be verified 
by carrying out the operation of addition. As an example, for line 41 
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Table 5.1, Truth Table for the Operation of Addition 


Line No. ay ag by be cy cq c3 


| Line No. ay ag 04 bg cy Cg £3 


0 0 0 0 0 0 00 8 1 0 00 0 4 0 
4 0 0 0 14 0 04 9 41 0 0 4 0 4 4 
2 0 0 4 0 0 40 40 4 0 4 0 1 0 0 
3 0 0 t 4 0 4 4 41 1 Oo 4 4 4 0 1 
4 0 4 0 0 0 041 12 4 4 0 0 0 4 1 
5 04104 0 4 0 43 44 0 4 4 0 0 
6 0 414 0 0 44 14 4 414140141 0 4 
7 0 4 4 4 4 00 15 4 4414 4 4 #0 
we have 

10 2 

Ta +3 

101 5 


Another way to specify a switching function is by what is known 
as a switching expression, describing the order of precedence of ele- 
mentary operations to be performed on the arguments of the function. 
The three basic operations (the basic set) of switching algebra are the 
AND operation (logic multiplication or conjunction), the OR opera- 
tion (logic addition or disjunction), and the NOT operation (comple- 
mentation or negation). 

The logic product (conjunction) of the variables z,, z., ..., ty 
is a binary variable y which takes on a value 1 if and only if all 
operands (multiplicands) take on a value 1. In other words, for the 
product to be zero, it will suffice for one of the operands to be zero. 
The logic product is denoted Y= 24%... 2nN, Or Y= a (\ req 

(A &n (read as “xz, AND xz, AND . AND zy”). 

The ‘logic sum (disjunction) of the variables Pip Wi ok a Sy AS 
a binary variable y which takes on a value zero if and only if all the 
operands are zero. In other words, for a logic sum to be unity, it 
will suffice for at least one of the operands to be unity. The logic 
sum is denoted y =atat...+tyory=2,V2,V...- 
V xn (read as “z, OR z, OR . OR zy”). 

The logic complement of the variable z is a binary variable y 
which takes on a value 1 (zero) if and only if x is zero (unity). Logic 
negation is denoted y = x (read as “NOT 2”). 

The three operations listed above form the basis of switching 
algebra which is a special case of a more general class of algebra 
known as Boolean algebra. 

As already noted, a switching function can be specified by a 
switching expression, and this can be done in more than one way, 
by equivalently transforming one expression to another. This is 


gk 
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done according to a few basic rules or axioms. Some of them are 
defined below. 
(1) Involution (double negation): 


r= 
(2) Commutation: 
zy = yx 
aty=yt2 
(3) Associativity: 
xz (yz) = (ty) z 
achyt2=(@t+y)- 
(4) Distribution: 
z(y +2) = xy + 22 
r+yz= (ety) (ers 
(5) Multiplication: 


me= 
x0 =0 
xi =2 
zx = 0 


(6) Addition: 


zr+az=2 


z+0=2 
za+1=1 
g+ta=1 
(7) De Morgan’s theorem: 
arya oy 
my=uxy 


As an example, consider the following switching expressions: 
C3 = Mab, + Agby 


Ca = (444 + 4404) Agby + (a4 + 044) agdy 

Cy = Oydy + Agde (a4 + 4) 
They define the operation of addition on two-digit binary numbers. 
On substituting the values of the arguments, it is an easy matter 


to check that the values of the functions specified by switching 
expressions are the same as specified by a truth table. 
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xy x 
x y ox y an y 
Xv— Xu— 
(b) (c) (4) 
Fig. 5.4 


Switching functions are implemented by electronic circuits known 
as logic gates. As a rule, a logic gate has M> 1 inputs and one out- 
put. In Soviet practice, a logic gate is diagrammatically shown as a 
rectangle enclosing the switching function to be implemented 
(Fig. 5.1a). The OR operation is denoted by a 1, the AND operation 
by an ampersand (&), and the NOT operation by a circle at the out- 
put (input) of the rectangle. The circuit performing the operation of 
negation (complementation) is called the NOT gate or inverter 
(Fig. 5.1b), the circuit performing the operation of logic addition 
is called the OR gate (Fig. 5.1c) and the circuit performing the ope- 
ration of logic multiplication is called the AND gate (Fig. 5.1d). 

In the general case, a switching function is mechanized by connect- 
ing together several logic gates each of which performs one of the 
basic functions, namely the AND operation, the OR operation, and 
the NOT operation which between them form a complete set of logic 
gates. 

The connection of the basic gates into a switching circuit is uni- 
quely related to the switching function it mechanizes. As an exam- 
ple, consider the switching function 


Cy = ab, + agbq (a, + 0) 
Let us re-write it as a set of equations 


Ty = ab, 


Zp = a, + 0, 


Lz = L_gb, 
¢ = 2%,+ 2; 


each of which is mechanized by a particular gate, and the switching 
function as a whole is implemented by the circuit shown in Fig. 5.2. 
The number of logic-gate types used in logical design can be mi- 
nimized by using the logical gates which are in themselves complete, 
although each performs only one logical operation. Most convenient 
of them are the following sets: 
—the NOT-OR (NOR) gate implementing the Pierce function: 


Yen) Sh eel Sa Be oe Poe 
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Xy x 
Xo x 
ys j 
Xue xu 
(a) 
Fig. 5.2 Fig. 5.3 
where m = 1, 2, ..., M. The graphic symbol! for a NOR gate is 


shown in Fig. 5.3a; 
—the NOT-AND (NAND) gate implementing the Sheffer function: 


Y = 2,/t0/.../t%m= 24+ %o+ .-. + 2m 


where m = 1, 2, ..., M. The graphic symbol for a NAND gate 
is shown in Fig. 5.30. 

A complete set formed by an AND, an OR and a NOT gate can 
be simplified to a NOR or a NAND set, using axioms 1 and 7: 


Lylg v2 Loy = Tyg os Ly = Eyl Gel... [ty =) Te} we bom 
Ty Hot 26. 4m = My ty + «6. +2m 
=2z,/z,/. . Lm = 24 Lo} sw + Zin 
Theoretical studies into digital circuits often resort to an algebraic 
basic set involving modulo 2 multiplication and modulo 2 addition. 


Modulo 2 multiplication is analogous to logical multiplication (con- 
junction). Modulo 2 addition is carried out to the following rule: the 


modulo 2 sum of binary variables x,, 2%, ..., Ly (denoted as 
XL, OxX@... @® Ly) takes on a value of 1, if the number of oper- 


ands having a value of 1 is odd. For a fixed number M, this rule 
can be stated in terms of switching algebra. Taking two terms, we 
may write thus: 


Ly D Ly = Lyly + 2 y2q 
5.2. BASIC CHARACTERISTICS OF LOGIC GATES 


Physical presentation of binary variables. As a rule, a parameter 
equivalent to the value of a binary variable is the output voltage of 
a logic gate. If this parameter is a d.c. voltage, we have a d.c. or 
level logic gate. For the values of logic variables to pass down a di- 
gital network, the stages in the latter must be conductively (resis- 
tively) coupled. In the general case, the coupling networks may use 


5.2 BASIC CHARACTERISTICS OF LOGIC GATES 119 


Fig. 5.4 


reactances (inductors and capacitors), but they will play an auxil- 
iary role. Level logic gates without reactances are adapted to micro- 
electronic technology best of all. 

With level logic gates, the two values of a binary variable are 
represented by two voltage levels, low (V¥) and high (V#) (Fig. 5.4)*. 
In positive logic, a value of unity is represented by a high level, 
ee in negative logic, a value of unity is represented by a low level, 


In another type, known as pulse logic gates, the value of the out- 
put logic variable is defined over the duration of a clock pulse ap- 
plied to a separate (clock) input of the gale. A logic 1 is represented 
by a pulse at the gate output (Fig. 5.5a), and a logic zero, by no pulse 
(Fig. 5.55). Pulse logic gates are now being used on a limited scale. 

Consider the performance of d.c. or level logic gates, namely fan- 
in, fan-out, power dissipation, and switching times. 

Fan-in and fan-out. Logic gates are usually connected in various 
configurations, so that the output of each gate must be able to drive 
the inputs of many other gates. The number of similar gates that 
any one gate can drive is known as the fan-out of the gate, N. The 
number of inputs that can be connected to a gate is called the fan-in 
of the gate, M@. For most gates, it is equal to the number of physical 
inputs. 

Fan-in and fan-out determine the logic capabilities of a gate. As 
a rule, an increase in M and N is accompanied by an impairment in 
reliability, speed, etc. Typical values of M and N range between 4 
and 10. 

Power dissipation. The power dissipation of a logic gate is a vital 
parameter because it decides the maximum packing density of gates. 
The value of power dissipation varies with the state of a gate. Let 
the power dissipated by a gate in a static state corresponding to a 
logic 0 be denoted by P°, the power dissipated in a static state cor- 
responding to a logic 1 by P', the power dissipated when the gate 
goes from 0 to 1 by P®, and the power dissipated as the gate goes 
from 1 to 0 by P?®, 


* Some authors denote the two levels as LO and HI, or as L and H, or in 
some other way.—Translator’s note. 
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Fig. 5.5 Fig. 5.6 


As regards power dissipation, there are two general classes of 
logic gates. Those in one class dissipate about the same power in a 
static state and during a change of state. Those in the other draw 
little power in static states and a large amount of power when 
changing state. The average power dissipation for the former is 
P = 0.5 (P® + P'). Apart from the average power, logic gates in 
the latter class are characterized in terms of the power dissipated 
by a gate at the maximum switching rate. 

Static transfer characteristic of a logic gate. The term ‘static trans- 
fer characteristic’ of a logic gate refers to the dependence of its 
output voltage v, on the slowly varying input voltage v,. There 
may be a noninverting transfer characteristic (Fig. 5.6a) and an 
inverting (complementing) transfer characteristic (Fig. 5.6b). The 
former is mechanized by noninverting gates (such as AND and OR 
gates), and the latter by inverting (complementing) gates (NOT, 
NAND, and NOR gates). With a noninverting transfer characteristic, 
the changes in v, and vy have the same sign, whereas with an invert- 
ing transfer characteristic the signs are opposite. 

A fundamental property of logic gates, stemming from their 
transfer characteristics and setting them apart from other switching 
circuits, is the reproduction of logic levels. More specifically, this 
property means that if an input of a logic gate is a combination of 
voltage recognized by the gate as a combination of binary variables, 
the output of the gate must be a voltage recognized by the next gate 
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analogous to the preceding one as a logic 0 or a logic 1. This property 
must be retained under conditions of noise and spread in parameters 
from sample to sample, with temperature and time. 

For an insight into the relation between the shape of the transfer 
characteristic and the reproduction of logic levels, let us trace the 
propagation of a signal through a chain of logic gates. 

The propagation of a signal through a chain of noninverting gates 
shown in Fig. 5.50 is represented by a sequence of voltages V;, Vo, .. .,. 
V;, for a given input voltage 1). Suppose that the chain is formed 
by identical gates with a transfer characteristic crossing the line 
of unity gain, vy = vx, at three points: 7, 2 and 3 (see Fig. 5.5a). 
The coordinates of the points are VE, Viy, and VE. Because the 
points of intersection lie on the vy = v, line, the voltages V4, Ven, 
and VE applied to the input of the chain will pass through it unalter- 
ed. Since the gain of the gates at points 7 and 3 is less than unity, 
small] accidental deviations of the transmitted voltage from V™ or 
VH will be damped out. In contrast, the gate gain at point 2 is greater 
than unity, so the minute deviations of V, from Vy will be boosted 
as the signal advances down the circuit. Depending on the sign of 
the initial deviation, V; will tend towards V¥ or towards V#. Actual- 
ly, Vin is the boundary (threshold) between the regions of conver- 
gence towards V"¥ and V4. 

Thus, if the transfer characteristic intersects the line of unity 
gain at three points, a gate will reliably reproduce two voltage le- 
vels. VE and VH, which may be treated as the low and high logical 
levels of the transmitted signal. Should the input voltage deviate 
from V" and V4, the circuit will recognize v.< Vy as the low 
logic level, and v, >> V¢y as the high logic level. 

Let us compare the above transfer characteristic with that which 
intersects the vy = vx line at only one point (Fig. 5.7). On the right 
of the intersection, vy, <v,, and on the left of the intersection 
Vy > vx. Therefore, the sequence of voltages V), V;.... will diminish 
so long as Vy > Ve, (see Fig. 5.7) and increase so long as Vp < Vs. 
In either case, the sequence Vo, V;, ... tends towards Vzs. This 
implies that, as the signal advan- 
ces down the circuit, the two vol- 
tage levels required to represent a 
binary variable are mixed. The 
transfer characteristic in Fig. 5.7 
has a portion where the gate gain 
exceeds unity. This is, however, 
not enough for the accurate repro- 
duction of the two logic voltage 
levels. Also the accurate reproduct- 
ion of logic levels requires that the 
gain of a noninverting gate be 


4122 CH. 5 LOGIC GATES 


greater than unity at the point where the transfer characteristic 
intersects the line of unity gain. This requirement arises because 
the range of values for vy is limited and there will always be at least two 
more points of intersection where the gate gain will be less than unity. 

Transfer of a signal through a chain of inverting logic gates. The 
behaviour of a chain of inverting gates stems from that of a chain 
formed by noninverting gates, if we treat two inverting gates connect- 
ed in cascade as an elementary noninverting element (see Fig. 5.60). 
Let us see what transfer characteristic an inverting gate should 
possess in order that the transfer characteristic of the noninverting 
element intersect the line of unity gain at three points. 

The only point where the transfer characteristic of an inverting 
gate intersects the vy = v, line (point 2 in Fig. 5.6a) defines the 
voltage vx = Vy, that can pass through the element unaltered. It 
follows then that the transfer characteristic of the noninverting 
element likewise intersects the vy = v, line at point 2, and the gain 
of that element at that point is equal to the product of the gains of 
the constituent gates. This is why for two more points of intersec- 
tion to exist, it will suffice to require that the gain of an inverting 
gate at point 2 should exceed unity in absolute value. 

Because, in absolute value, the gain of a properly operating gate 
at point 2 must exceed unity, its transfer characteristic intersects its 
mirror image (the dashed line in Fig. 5.6a) at two more points (Z 
and 3) lying symmetrically about the vy = v, line. The coordinates 
of points 7 and 3 define the levels V“ and V¥ that will pass through 
the composite network unaltered. 

Thus, if the transfer characteristic intersects its mirror image at 
three points, a chain of inverting gates will ensure a faithful repro- 
duction of the low (V4) and high (V#) logic levels of the input signal. 
This implies that, should the input voltage v, deviate from its 
steady-state levels, a chain of inverting gates will recognize vx < Vin 
as the low level, and v, > Vi, as the high level. 

Spread in transfer characteristics. In practice, it happens some- 
times that the transfer characteristic of a logic gate is spread over 
a certain band of values (the shaded area in Figs. 5.8 and 5.9). This 
occurs because of the spread in component parameters, variations 
in load, variations in the number of inputs used, etc. 

The band of likely transfer characteristics can be defined by 
specifying the upper and lower bounds. Let the upper bound on 
the transfer characteristic be denoted by Max F, and the lower bound, 
by Min F. 

The consequences of the spread in the transfer characteristic of 
a logic gate are as follows: 

—logic levels 0 and 1 correspond to nonintersecting intervals of 
voltages (Vila: vi) and (Vin, Viiwx)s The logic levels are cor- 
rectly reproduced only within these intervals; 
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—the threshold voltage of the gate lies within the interval (Vin, min» 
Vin, max): A chain of logic gates recognizes vy < Vip, min as the 
low voltage level and vy > Vin max as the high voltage level. The 
range of input voltages within the interval (Vth min, Vth, max) de- 
fines an indeterminate region where the occurrence of a 0 or a 1 at 
the chain output is decided by random factors. 

For a noninverting logic gate, Vee. Vin, mins and ae depend 
on where the line of unity gain intersects Max F, whereas VHin, 
Vin, maz» and Vth, min are defined by the points where the line of 
unity gain intersects Min F (see Fig. 5.8). For an inverting logic 
gate, Vilas, Vin, min, and Vetax are defined by the points where Min 
F intersects a mirror image of Max F, whereas Veins Vth, max, and 
Vise by the points where Max F intersects a mirror image of Min F 
(see Fig. 5.9). 

Should at least one of the above points of intersection be missing 
on the transfer characteristic of a logic gate, the latter will no longer 
be capable of faithfully reproducing the logic levels. The decision 
as to whether a given logic gate can operate properly can only be 
made after Max F and Min F have been elucidated by calculation 
or experiment. Therefore, it is important to know how v, should be 
applied to a multi-input logic gate in order to obtain the desired 
Max F and Min F. For positive-logic AND, OR, NAND and NOR 
gates, the applicable input arrangements are summarized in Ta- 
ble 5.2. They are constructed along the following lines: 

—to generate Max F, the signals at the inputs of a noninverting 
gate must be maintained at a maximum level and at the inputs of an 
inverting gate at a minimum level; 
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Table 5.2. Input-Output Arrangements of Logic Gates 


Gate type Min F Max F 


OR 


AND 


NOR 


NAND 


—to generate Min /, a noninverting gate must meet the same re- 
quirements as an inverting gate for generating Max F, and vice versa. 

When a high level (logic 1) is applied to an OR or a NOR gate to 
at least one input, the gate goes to a static state. Therefore, the 
maximum input voltage level is v, and the minimum voltage level 
is the logic 0 level at all inputs except one. 

AND and NAND gates will go to a static state, if at least one of 
the inputs accepts a logic 0 level. Therefore, the minimum input 
voltage is vy, and the maximum input voltage is a logic 41 level at 
all inputs except one. 

Static noise immunity. The requirements for proper logic level 
reproduction formulated above define what is necessary for a gate 
to operate correctly, but they do not lead to a quantitative evalua- 
tion of its transfer characteristic. This can be done by considering 
the static noise immunity or static noise margin [45, 47). 

Consider a chain of noninverting logic gates. Suppose that each 
gate is subject to noise such that the voltage at the input of the ith 
gate differs from the output voltage of the preceding gate, vy(q-1), 
by an amount 

Viv = Vg4 —Vy(i-t) (5.1) 
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If sufficiently large, the noise volt- 
age might cause the circuit out- 
put to go high in response to a low 
input level or vice versa—a condi- 
tion that may quite appropriately 
be termed a false change of state. 
With a low-level input, a false 
change of state may occur if the 
noise voltage is positive; with a 
high-level input,. this may occur 
when the noise voltage is negative, 
In the former case, we shall de- 
fine as the static noise margin, Fig. 5.10 
AV¥, the maximum level of posi- 
tive noise voltage allowed at all the noninverting gates in cascade, 
that will not cause a false change of state. In the latter case, we 
shall define as the static noise margin, AVX, the maximum level of 
the negative noise voltage allowed at all the noninverting gates 
in cascade, that will not cause a false change of state. 
Graphically, the action of a noise voltage on a logic gate can be 
depicted as a horizontal shift of its transfer characteristic to the 
right when the noise voltage is negative and to the left when the 
noise voltage is positive. A false change of state will take place, if 
the shift removes points of intersection between the transfer cha- 
racteristic and the line of unity gain. A gate will retain a noise mar- 
gin, if the shift of the transfer characteristic is such that two adjacent 
points of intersection merge into one point of tangency. Then, as is 
seen from Fig. 5.10, the value of AVy will be given by the segment 
AA’. and the value of AVX by the segment BB’. The points A and 
B are points of unity gain, with point A lying on the Max F curve, 
and point B on the Min F curve. The static noise margin in the case 
of a logic 1 or logic 0 input can be expressed in terms of the coordi- 
nates of points A and B: 


AVE =Vaz—Vay (5.2) 
AVE =V5y—Vaz (5.3) 


The noise immunity of inverting logic gates can be defined in a 
similar way, taking the transfer characteristic of a two-stage com- 
posite gate as a noninverting response. Configurations generating 
Max F are shown in Fig. 5.11, and Min F in Fig. 5.12. 

Dynamic characteristics of logic gates. An important performance 
index of digital circuits and systems is their speed (or frequency 
response) defined as the number of operations carried out per unit 
time. An elementary operation (or a microoperation) usually con- 
sists in reading out a string of binary variables from storage, per- 
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forming the requested functional conversions, and reading the result- 
ant switching functions back into storage. The execution of an ele- 
mentary operation is initiated by a clock pulse applied to an appro- 
priate input of the logic network. In circuits assembled from level 
logic gates, the clock pulse is the change of voltage which occurs 
at one of the inputs as the binary variable changes in value. 

The execution of an operation may be visualized as the propaga- 
tion of this change of voltage down the chain (or chains) of logic gates, 
with the last (final) gate serving usually as a part of storage. The 
time required to perform one elementary operation is determined by 
the propagation delay time defined as the time required for a gate 
to switch from its low output state to its high output state, or vice 
versa. 

As is seen, the propagation delay time is a major dynamic charac- 
teristic of logic gates. Let tha designate the propagation delay time 
when a gate goes from its low to its high output level, and tga, when 
the gate goes the other way around. In the general case, ta  Tpa. 
For an inverting logic gate, we may also define the average propaga- 
tion delay time, tpg = (tpa + tpa)/2. Using the average propagation 
delay time, we can determine the overall or total propagation delay 
time for a chain formed by any even number of inverting logic gates. 
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Fig. 5.13 Fig. 5.14 


In such a connection, the number of gates that go from their low 
to their high output state is equal to the number of gates that go 
from their high to their low output state. Therefore, for a number 2n 
of logic gates, the overall propagation delay time is 

LU pa = NT pa + Na = WT pa 

With an arbitrary number n of gates in a chain, the average pro- 
pagation delay time is approximately equal to the total propaga- 
tion delay time, Xtpyg + ntpa, but the uncertainty in the estimate 
will not increase with increasing n. 

There is a scatter in the value of tyg, tpg, and tpg, which can be 
traced back to variations in manufacture and operating conditions. 
Most frequently, data sheets for logic gates quote the maximum 
value of the average propagation delay time, tp4,max- 

The manner in which the propagation delay time can be found 
from the timing diagrams of input and output voltages is illustrated 
in Fig. 5.13 for a noninverting logic gate and in Fig. 5.14 for an in- 
verting logic gate. Since the output waveform usually follows the 
input waveform, any point on the waveform can be chosen as datum 
for reckoning the propagation delay time. In measurements, a con- 
venient datum is provided by the point where the waveform crosses 


the V level, where V = (VE + V1)/2 (see Figs. 5.143 and 5.14). 


5.3. COMMON-EMITTER TRANSISTOR 
SWITCH LOGIC GATES 
Inverter. An inverter (or a NOT gate) is basically a single common- 


emitter transistor switch (Fig. 5.15). The driving (control) circuit 
of the inverter consists of a base bias resistor Rg, a cutoff voltage 
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Fig. 5.15 


source #g, and a coupling resistor R, which feeds the input signal 
to the base of 7,. To permit faster turn-on, the coupling resistor may 
be shunted by a speed-up capacitor, C, shown dashed in Fig. 5.15. 
It is assumed that the input voltage v., is taken from the output of 
a similar device (transistor 7, in Fig. 5.15). 

An invertor may be built around transistors of any type of con- 
duction. To make the matter more definite, we shall consider the 
circuit using n-p-n transistors widely used in microelectronics. 

The transfer characteristic of an inverter, plotted for the simpli- 
fied piecewise-linear transistor model (Fig. 5.16), has three segments, 
each representing a particular region (or condition) of transistor 
operation. Segment / applies when 7, is at cutoff, and a high level 
voltage, VH, exists at its collector. At no-load, VE is a maximum: 


Vinax = Eg—Icpohco © Ec (5.4) 


Loading by the input resistance of a similar circuit leads to a de- 
crease in output voltage. Because the OFF state of 7, implies the 
ON (saturated) state of the transistors in the load circuit, the latter 


'cBo N 
(Micgo.max) Vin §<<—~—— 


Fig. 5.17 
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may be visualized as consisting of a parallel combination of two ac- 
tive one-ports, R, and the ego source (Fig. 5.17). With the fan-out 
equal to N, the lower limit of V™ can be found from Eq. (5.5) 


Viain= Vp + Bow tye (1 —Vpe/Eo—Topo, max/Zcsat)) (5-5) 


where py, = R,/Rc is the coupling factor and Jcpo, max is the col- 
lector leakage current at maximum temperature. 

Segment 2 applies when the transistor is in the active region where 
an approximately linear relation exists between the input and output 
voltages. At no-load, the gate has a maximum gain which decreases 
under load. 

Segment 3 applies when the transistor is at saturation. The output 
voltage of the inverter is zero very nearly and, since the output re- 
sistance of a saturated transistor is low, it is practically independent 
of load. The upper limit for V™ is given by 


Vitas = Vorsat) max (5.6) 


where Vcr (satymax iS the maximum collector-to-emitter voltage of 
the transistor in the saturated region. 

Multi-input logic gates. A multi-input logic gate can be made 
with parallel-connected transistor switches operating into a com- 
mon load (Fig. 5.18). The base circuits of the switches are analogous 
to that of the NOT gate (inverter) discussed above. 

The output of the circuit in Fig. 5.18 goes high only when the 
transistors are all OFF at the same time, that is, when a low level 
voltage is applied to all the inputs 
simultaneously. In positive logic, 
this corresponds to the NOR switch- 
ing function (the Pearce stroke). 

When the  parallel-connected 
transistors turn off all at the same 
time, the load resistor carries the 
sum of the collector leakage currents 
so that 


Viin= Vor + Eo we Ye 
x (1—Vee/ Ec 
— MIczo, max/Icisat)) (5-7) 


Static noise margin. To find 
the static noise margin of a 
logic gate, it is legitimate to pro- 
ceed from the following assump- 
tions: 


9—01590 
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1. The choice of ratings for Rc, R, and Rx and of the supply volt- 
ages Eg and Eg is independent of the number of inputs the gate has 
and its loading. This assumption is applicable, when a logic gate is 
analyzed before a block diagram is developed for the associated di- 
gital circuit or system. 

2. As regards the transistors used in a given gate, their parameters 
can be improved without bound. That is, it is assumed that Bmax 
= 00, [cpo, mn = 9, and Vexsatymin = 0. This assumption sim- 
plifies the design relations at the cost of an insignificant derating 
of AVN and AVN. 

3. The change in the base voltage of a conducting transistor is 
negligible in comparison with Vpg of a saturated transistor. That 
is, it is legitimate to assume that the cut-in voltage of a transistor 
is equal to its voltage at saturation: 


Vax(sat) © €ro 


Since the base voltage is assumed constant, we may define Fg and 
itz in terms of one quantity, namely the bias current /pi,, flowing 
through Ag when the transistor is conducting: 
Tyas = (EB + exo)/Fp (5.8) 
Static noise immunity is calculated using the procedure set forth 
in Sec. 5.2 and consists in locating the points A and B on the transfer 
characteristic of the composite two-stage logic gate (Fig. 5.19). 
In a piecewise-linear approximation of the transfer characteristic, 
the coordinates along the vy axis are defined by logic levels 0 and 1: 
Vay = Viniaws Vay = Vitin (5.9) 
The coordinate of point A on the v, axis can be found by inspec- 
tion of the logic gates connected in cascade (Fig. 5.20). As already 
noted, for Max F to be generated, vy must be maximized and V’ 
must at the same time be minimized. For the type of logic gate in 
question, the effect of loading manifests itself in bringing down the 
output voltage, so in the circuit of Fig. 5.20 the additional load is 
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shown connected to the output of only the first stage. In addition 
to loading, the output voltage of a logic gate is affected by the val- 
ues of B and Jcpo. As they are raised, the collector voltage builds 
up, and this leads to a decrease in output voltage. Therefore, we 
require that the transistors in the first stage have maximum values of 
B and Jcgo, and those of the second stage, minimum values of 6 
and Icgo, that is, 


B,= 0, Icgo, 1=Tcgo, max; Bs = Bmin, Icso, 2==0 


Since at point A the first-stage transistor is in the active region, 
its base current is 


ip, = (Ic1—Ico)/B,— Ico = — I cso, max (5.10) 


Using the equivalent base circuit for the first transistor (Fig. 5.21), 
we find v, at point A to be: 


Vax = ero + (Lpias— Ico, max) vec (5.41) 


The coordinate of point # on the v, axis is found by inspection of 
the logic gate in cascade in Fig. 5.22. In contrast to the previous 
case, for Min F to be generated it is essential to minimize vy and, at 
the same time, maximize V’. To this end, the second stage is loaded 
as much as possible, and the transistor parameters are required to 
be as follows: By = Brin. JcBo = 9, Bz — 0, IcBo,2 = IcBo,max: 

At point B, the second-stage transistors are at the cut-in boundary, 
so 


Vaz, 2=er0, /p2= —Jcpo, max (5.12) 
Using the equivalent circuit for interstage coupling in Fig. 5.23, 
we can calculate V’ and Jc, corresponding to point B: 
V’ = exo + (Ipias — cso, max) Reve 


5.13) 
Tog= (E¢/Rc) (1 — ero/ Ec) — (1 mae Ye) (Ipias — I cpo, max) ( ) 


in1+! bias 


To other 
inputs 


Q* 
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Fig. 5.23 


The value of v, corresponding to point B can be found, using the 
equivalent circuit of Fig. 5.21, assuming that Ip; = Jci/Bmin: 


Vax = x0 + (Ibias + Ln1) YoRc 
= er0 + (YeHu/Bmin) (1 — ezo/Ec 
+ Bmint CBO, max/ I c(sat)) 
+ Veltc (Ipias = Icro, max) 
x [1 — (1+ Ye)/Bmin] (5.14) 


Substituting Eqs. (5.6), (5.7), (5.14), and (5.14) into Eqs. (5.2) 
and (5.3) yields an expression for the noise margin 


AVN = ex0—J cxcsaty + bias — Ico, max) YeRe (5.15) 
c c 1 
AVN = eB (ay po} (1) 
X (Ipias— cao, max) Yee (5.16) 
where 
€, = 1—eg0/Ec— MI co, max/T cisat) (5.17) 
€, = 1—ero/Ec+ min! cBo, max/Icsat) (5.18) 


Fquations (5.15) and (5.16) indicate that the noise immunity of a 
logic gate substantially depends on Jy;,, and y,. and decreases with 
increasing fan-in and fan-out. 

Operability conditions. The operability of a logic gate is ensured 
within the range of circuit parameter values where AVY and AVE are 
positive. Physically, the operability of a logic gate depends on the 
same set of factors that are responsible for the transistors used in 
the gate to be driven to cutoff and saturation. In electric calculations, 
the values of Rc, Ec, and Eg are usually found for the specified 
power consumption and speed (frequency response). The operability 
is ensured through a proper choice of values for R, and Rg. Since 
the values of R, and Rg can unambiguously be expressed in terms of 
yo and Injas [R, = Roy. and Rg = (Eg 4- ego)/Jpasl, it is con- 
venient to state the operability conditions for a logic gate as the 
constraints imposed on the values of y, and J pias. 
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Solving the inequalities AVE, 
> Oand AVE> 0 simultaneously 


for Ipiag gives the operability 
conditions as 


Ibias, max (Yo) 


Tyias > Inias, min = Jcpo, max 
__ ¢E0—VeKisat) 5.49 
vec ( ‘ ) 


Region of normal 
operation 


Tyi98 < I ytas, max — Tcxo, max 'cB0,max : 
+ as a (St 2) Ibias. min (Yc) 
(5.20) Yerer Yo,max Yo 
Inequality (5.19) corresponds Fig. 5.24 


to the condition for the transis- 
tor to be driven to cutoff by a low level applied to the input of 
the logic gate, and inequality (5.20) to the condition for the tran- 
sistor to be driven into the saturation region by a high level applied 
to the gate’s input. 

On the Inias V-S- Ye diagram (Fig. 5.24), the region within which 
a logic gate is operable is bounded by the Jptas,min (Yc) and 
Tnias, max (Yc) curves. The intersection of the curves locates the li- 
miting value of y,. Assuming that at the intersection Jpjas,min 
= Icpo,max, We obtain 


Ve, max © (¢4/¢2) Buin — NV (5.21) 


Within the region where yo < y.,,r, the condition for operability 
is satisfied at Iyjag = 0. The value of ye,cr can be found from 
Eq. (5.19) at Ipjas.min = 0: 
en0— VcK(sat) 

Rel cso, max (p22) 

Optimization of static noise immunity. The operability condi- 
tions of a logic gate define the range of limiting values for J pias 
and y,. Therefore, Jpia, and y, must be chosen such that the noise 
immunity of the gate is a maximum. 

An analysis of Eqs. (5.15) and (5.16) will show that an increase 
in Ipiag entails an accompanying increase in AV and an accompany- 
ing decrease in AV, and an optimal noise margin is attained at a 
bias current such that AVN = AVH. Solving this equation for Ipjas 
yields 


Ve, er = 


Tyas, opt = 1 cBo, max es Sapa ear 


¢c 4 
x [ Vcxveat) —erotyckc ewe _ Bai )] She (5.23) 
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On substituting Eq. (5.23) in Eq. (5.15), we can find the noise mar- 
gin AV y for an optimal bias current. In view of the equality AV 
= AV\ we have 


AV y = en0— Vexsat) + ope ae 
x [ Vewsaty— eno + YeLc (ache = a) (5.24) 


Let us choose y. = Ye,opt Such that AVy is a maximum. To find 
the maximum of AV y (y.), we evaluate the derivative d (AV x)/dy-, 
equate it to zero, and find y..opt- Dropping the terms which are 
negligible in comparison with unily and setting c, ~ c, ~ 1, we 
get 

Ye, opt % 2N (V1 -+Bmin/2N — 1) (5.25) 


Unbiased logic gates. As we have found, a logic gate is able to 
operate at zero bias current. Therefore, we can safely simplify its 
circuit by dropping Rpg and Eg (Fig. 5.25). Despite the reduced 
noise immunity, unbiased logic gates are widely used in resistor- 
transistor logic (RTL) and resistor-capacitor-transistor logic (RCTL) 
gates. Consider the calculation and optimization of noise immunity 
for such gates. 

On setting Ipjag = 0 in Eqs. (9.15) and (5.16), we obtain expres- 
sions for the noise margin of RTL gates: 


AVN = ero —Vcxsaty — J cBo, maxveRc (5.26) 
H cy c 1+y 
AVI ree (ge — et) + (1 ER) Fenn ante 


Plots of AV¥ and AV}; as functions of Yc appear in Fig. 5.26. 
The noise margin is optimal at point a where 


AVN =AVR (5.27) 
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Solving Eq. (5.27) and dropping infinitesimal terms gives 
Yc, opt ¥ N (ez0— Versaty)/Ec (1 _— 2er0/Ec— N/®min) (5.28) 


Eq. (5.28) shows that high values of fan-out, NV, call for higher Re. 

Power dissipation. The total power consumption P is the sum of 
the powers drawn by a logic gate from the collector supply, Po, 
and the base supply, Px. Practically, Eg >> Eg nearly always, 
and Tro flowing through Rc is many times Jpiag. Therefore, Pp 
can be neglected in comparison with Pg, so that 


P w Po= Elp, = E(E—D,)/Re 


In the logic 0 state, vy =Versat) #0, so PPF8/Re. 
In the logic 1 state, v, = VH. Using Eq. (5.10) and neglecting the 
infinitesimal terms gives 


P! = (Et/Ro) N/(N + Ye) 
The average power is given by 


P ~ (Et/2Ro) (4 +a) (5.29) 


On substituting Eq. (5.25) or (5.28) for y. in Eq. (5.29), we can 
obtain the average power for optimized circuits. 


Transient Response 


Consider the transients in a cascade of three common-emitter 
transistor switch logic gates (Fig. 5.27), assuming that 

—each gate operates at a maximum fan-in and fan-out, Wymax 
and Nmax; 

—in each gate, only one transistor is switched at a time, with 
the other (M — 1) transistors remaining in the OFF state; 

—in all gates of the cascade, the transients accompanying a 
transition from a zero to a 1 state or back repeat one another except 
that they are shifted in time; 

—the change of voltage at the output of each gate is a maximum, 


that is, VY = Viin = 0 and VE = Vig. 
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Let us trace the response of the cascade in two cases, namely for 
C > 0 (Fig. 5.28a) and C = 0 (Fig. 5.280). Transistor 72 begins 
to change state at time ¢, when transistor 71 moves from the satu- 
rated to the active region and the decrease in the collector current, 
icy, re-charges the stray circuit capacitances, with the result that 


5.4 MULTISTEP LOGIC GATES 137 


v, and Vg, gradually build up. At time fy, vg, rises to the cut-in value 
for 72, after which vg, remains practically unaltered because of the 
low input resistance of the conducting transistor. Transistor 74 
usually turns off before 72 turns on (at time ¢,). In a circuit using 
a speed-up capacitor and low-frequency alloyed transistors it may 
so happen that t, > é,. 

Beginning with ¢,, the collector current of 72 builds up as the 
excess minority-carrier charge is being removed from 73. At time 
tz, the excess minority-carrier charge Q.x, reduces to zero, and 73 
moves into the active region. Because time ¢, at which 73 is switch- 
ed corresponds to time f) when 71 is switched, the time interval 
oe ty to f3 is equal to the propagation delay time through 72 and 

In a circuit without a speed-up capacitor, the leading and trailing 
edge times for the positive- and negative-going pulses, tz and t, 
are usually shorter than the delay time, tg and the storage time, T;. 
The speed-up capacitor markedly cuts down the propagation delay 
time. Unfortunately, the time required to charge it up is added 
to tt and a negative voltage spike is developed at the base of the 
transistor being turned off; this spike is sometimes called the dynam- 
ic bias of a transistor. 

The technique and procedure for evaluating the delay, rise, storage, 
and fall times of the collector current have been examined in suffi- 
cient detail in Chap. 3. 


5.4. MULTISTEP LOGIC GATES 


In the common-emitter transistor switch logic gates examined so. 
far, the coupling resistors serve to match the input and output sig- 
nals in terms of parameters. In contrast,’ the coupling circuits 
(usually, nonlinear ones) in multistep logic gates contribute to the 
implementation of a switching function, thereby permitting an 
increase in the number of inputs per inverting transistor. The non- 
linear elements most commonly used in these coupling circuits are 
diodes (diode-transistor logic, or DTL, gates) and transistors (tran- 
sistor-transistor logic, or TTL, gates). 


DTL Gates 
The circuit of a DTL gate is shown in Fig. 5.29. When all the MW 
inputs are high, the input diodes D,, Dz, ..., Dx, are reverse- 


biased, and the transistor base draws a heavy current equal to the 
difference of currents through R, and Rg (the small currents flowing 
through the reverse-biased diodes may be neglected). The transistor 
is saturated, and a low voltage level (close to zero) exists at its col- 
lector: VE = Voersaty © 0. For the transistor to be turned off it. 
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is essential that a low logic level, 
VL, should exist at least at one 
input. Then the respective input 
diode will be forward-biased, and 
it will pass a major proportion of 
the current flowing through R,. 
As a result, a high voltage level 
close to the collector supply voltage 
XMo— KH Ec will exist at its collector: 
VH =~ Ec. In the case of positive 
Fig. 5.29 logic, this manner of generating a 
low and a high voltage level by a 

DTL gate is described by the NAND switching function: 


Y= Ty Vay +++) Lu 

As already noted, interstage coupling is provided by a series 
chain of coupling diodes, D,. Owing to the /?p-Fg bias circuit- 
the operating point of the coupling diodes is shifted into a high, 
slope portion of the V-J characteristic. The difference between the 
maximum and minimum bias voltages in the chain of coupling 
diodes is small, so that in practice it may safely be assumed that 

Vpias, max * Voias, min = 2Vr, D, ~ 1.4 to 1.6 V 

Consider the static operating conditions required for transistor 
to move into the cutoff and saturated regions. The change in the 
potential at point @ occurring as a result of transistor switching 
gives rise to a change in the currents flowing through A, and Rg. 
When the transistor is at cutoff, let these currents be [2 and Jfias, 
and at saturation J% and /fias. When the transistor is at cutoff, the 
input signal will forward-bias at least one of the input diodes. There- 
fore, the potential at point a is equal to the sum 


V'+Vs, v,, = Verisay +V2, v,, 0.8 to 1.0 V 


When the transistor is at saturation, the potential at point a is 
equal to the sum 


ero + 2Vy, Dy, © 1.8 to 2.2 V 
In the circumstances, 

I = (Eg—Vexsaty— Vr, D,p/Ra 

I = (Eg—2V¢, = ero)/Rg 


The base potential is below the potential at point @ by Vobtas 
= 2V;,p,- Therefore, 


Ih tas= (Ep + Vowsaty + Vt, d,,—2V1, v,)/Re 
Ibias = (Ep + exo)/Fp 
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With silicon transistors, it is customary to drop the bias source, 
Ex, and to return Rg directly to the common ground. Then, Ibias 


a 
~ 


For the transistor to move into saturation, its base and collector 
currents must be such that igBain > /eisat). The base current of 
a saturated transistor is 13 — Ipjias; its collector current depends on 
load. Consider the worst case where the load current is a maximum: 
I, = NI}; then the condition for saturation may be written 


N < [Bmin (22, min — Kiias, max) — Tr MV/La, max (5.30) 


Inequality (5.30) defines the maximum fan-out for a logic gate. 
Among other things, it follows that in order to improve fan-out 
(to increase the value of N), it is desirable to minimize the relative 
change in J, as the transistor is switched, because the ratio /+/J° 
will then increase. To achieve this goal, the value of E, is chosen 
to be several times the change of potential at point a; as a rule, 
E, = 5 to7V. Any further increase in FE, is not warranted, as it 
would lead to an increased power drain. 

In a biased circuit (with a source of Fg included), the transistor 
is driven to cutoff when at least one of the inputs is low. This happens 
because Vyiag exceeds in absolute value the potential at point a, 
and the base goes negative. In an unbiased circuit (containing no 
Ex: supply). the voltage level at point a is not sufficient to shift the 
operating point of the coupling diodes into the high-slope portion 
of their V-J characteristic, and the total resistance of the coupling 
diodes turns out considerably higher than Rg, so the base voltage is 
zero very nearly. 

Noise immunity. For noise immunity analysis, we may use the 
approach set forth in connection with resistance-coupled gates. 
The noise margin for a low-level input (defining quantitatively the 
reliability of transistor turn-off) can be found from an equation 
similar to Eq. (5.15) 


AVN = ex0—Vcxsaty + 201, Do— Vt, Din (5.31) 


The difference term, 2Vs, 0, — Ve, Dips gives the total voltage drop 
across D;, and D, between the input of the logic gate and the tran- 
sistor base and replaces the term (/p1as — JcBo,max) Ac in Eg. (9.19). 
The currents flowing through D, and Dj, when the base current of 
the first logic gate is zero (the worst case) are: 


: 1 1 
Tp, c & [bias tp, in © I, — Ibias 
On the one hand, an increase in /},,, leads to an increase in the 
difference term, 2Vt,D, — Vy, Din? and, as a consequence, to an in- 


crease in AVk. On the other hand, this leads to a decrease in the sa- 
turation coefficient of the transistor, Ksat = (Ja — Ibias) B/(l rg 
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-+ NI®), which entails an increase in Vexsat) and a decrease in 
AVX. There is an optimal value for Ibias at which AVN isa maximum. 
Using Eqs. (3.4) and (3.24) to evaluate the quantities entering 
Eq. (5.31), we can reduce the optimization of the logic gate to find- 
ing a maximum for the term 


(22 (4 — N/B—In,/Bla) — Ibiasl ( bias)?/(1 — Ibias) 


The sought optimum is noncritical because the voltage across the 
p-n junction is a function of current. On the other hand, the likely 
spread in parameters between the circuit components might result 
in a heavy bias current, thereby upsetting the condition for the 
transistor to move into the saturation region and impairing the 
operability of the logic gate. Therefore, it is advisable to seck an 
optimal bias current for Bmin» /4,min, and Tyo, max because these 
extremal values correspond to the worst conditions for a transistor 
to move into saturation. Then 


Ibias, opt ~ 0.667%, min (1 — V/B min — IRgmax/Bminta, min) (5.32) 


At the optimal bias current, the typical value of AVy is from 1 to 
1.2 V. 

The noise margin with a high-level input is approximately equal 
to the reverse voltage across the input diode, (see piecewise-linear 
model of Fig. 5.7) provided the voltage applied to the input of the 
logic gate is V4 = Eg. That is, 


AVN © Ec—Va + eop,, = Eo— ero— 2V;, p, + eon, (5-33) 


In practice, Ec is taken to be anywhere between 2.5 and 3 V, so 
that Avi is close to AVX. Any further increase in £¢ is unwarranted, 
as it would lead to an increased power drain and reduced speed of 
the logic gate. 

Power dissipation. In the general case, the total power dissipa- 
tion is a sum of two terms: £,/, -+ Ecl pg. Substituling the values 
of currents corresponding to the two logic states of the gate, we ob- 
tain 


Po = Ey (E,—2V1, p, —eno)/Ra + Et/Re (5.34) 
P!= E, (Ea—V1, v,, —Vorsat))/Ra (5.35) 
P w E,(E,—1.2V)/Ra+ Ez/2Re (5.36) 


As follows from the above relations, the power dissipation is a func- 


tion of R, and Reg. For state-of-the-art DTL gates, P ranges from 10 
to 20 mW. 

Transient response. Consider the transient response of a chain 
of three identical DTL gates connected as shown in Fig. 5.27. to 
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an input signal. As LG1 turns off, LG2 turns on with a delay, tg, equal 
to the time interval from the instant when LG1 moves out of satu- 
ration to the instant when LG2 turns on. The circuit parameters are 
usually chosen such that the initial rate of rise for the output voltage 
v, of LG1 is higher than that for the voltage at point a of LG2, that 
is 

Tro/Cout > (Ta o bias)/(Cq ae Cin) (5.37) 
where 

Cout = Co+ Ces+ Cr, ct(N— 1) Cor n+ Cw 


Ca = (M—1)Cp, in +Cos(M+2)+Cp, o 


Cn = Ce + C. 
Cout = equivalent capacitance at the output of LG1 
a = equivalent capacitance at point a 

Cin = input capacitance of the transistor 

R,a = Capacitance of R, 

R.c — capacitance of Rg 

p,m = Capacitance of the input diode 

c-s = collector-to-substrate capacitance 


Cw = wiring (circuit) capacitance 
When the condition defined by Eq. (5.37) is satisfied, the input 
diode is driven to cutoff very rapidly, so the voltage at point a rises 
due to the action of the difference current /, — Jia, the average 
value of which over the delay time, tg, is (48 + Ii — Ifias — Ibias)/2 
Hence, 
ta A 2 (Ca +Cin) Aval (TS + 14 — Tian — Ibias) 


where Av, is the change of voltage at point a over the interval ty, 
approximately equal to the difference between the high and low 
levels (about 1.2 V). 

The time interval between the instant when the transistor of 
LG2 turns on and the instant when the transistor of LG3 moves out 
of saturation gives the storage time, t,. This interval is the sum of 
the rise time, tz, for the negative change of voltage at the collector 
of 72 and the time required for the removal of the minority-carrier 
saturation charge stored in the base. Both the negative change of 
voltage and the removal of the excess charge proceed at a constant 
base current and may be evaluated, using Eqs. (3.47) and (3.52). 
For 72, the cut-in (turn-on) current is J, = /{ — Ibias. In determin- 
ing the turn-off current for 73 it is essential to include the reverse 
current flowing through the coupling diodes due to the removal of 
the minority-carrier saturation charge stored in the bases of the 
diodes. If the diode charge exceeds the excess minority-carrier char- 
ge of the saturated transistor, the coupling diodes will be conduct- 
ing over the entire turn-off delay time of 73, and the turn-off cur- 
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ent will be a function of the 
input resistance of the transistor: 


I, = (Viias + Var —Vcesat) 
(a) (b) —Vr, p,,)/rin 


The accelerated turn-off of the 
Fig. 5.30 transistor aids in stepping up 
the speed of a DTL gate in 

comparison with a RTL gate. 
Omission of capacitors and high-value resistors nakes DTL gates 
convenient for use in IC form. In ICs, the function of diodes is per- 
formed by transistors connected as diodes. The input diode is connect- 
ed as shown in Fig. 5.30a. The connection of a transistor as a diode 
in the manner shown in Fig. 5.30) ensures that in the ON state a 
minority-carrier charge is stored in both the base and the collector. 
Owing to this arrangement, the reverse recovery time of the coupl- 
ing diode is sufficient for an accelerated turn-off of the transistor. 


TTL Gates 


Gates in this family are very close to DTL gates in both the ope- 
rating principle and basic behaviour {24, 26]. A major distinction 
is that the diode structure at the input of the gate is replaced by a 
multi-emitter transistor, as shown in Fig. 5.34. The emitter junctions 
of the multi-emitter transistor 7, act as input diodes, and the col- 
lector junction as a bias diode. An advantage of a TTL gate over 
a DTL gate is that it is better adapted to integrated-circuit techno- 
logy. A multi-emitter transistor takes up a smaller area on the chip 
in comparison with a diode structure. Also, owing to the manner 
in which the transistor operates at the gate’s input, it is possible 
to drop Rg which ordinarily takes up a considerable area. At pres- 
ent, TTL gates are the most widely used family of integrated cir- 
cuits. In discrete form, they are not used. 


Fig. 5.31 Fig. 5.32 
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A multi-emitter transistor may be treated as a combination of se- 
veral n-p-n transistors (Fig. 5.32), with a stray insulation capaci- 
tance, C,, connected to their common collector. 

A high level applied simultaneously to all the inputs of the gate 
reverse-biases the emitter junctions of transistors 7), ..., Tem, 
so that they move into the inverted active region. Now, the input 
current is governed by the inverse current gain, 6,, of transistors 
Toi, ++; Toy, namely: 


TE s=[qBy,, (6= 4, 2, o00y M) 


whence it follows that in order to reduce the input currents, it is ne- 
cessary to reduce the value of f,. 

When a low level exists at one or several inputs, the respective 
transistors move into the saturation region. i is a maximum when 
only one of the transistors in the multi-emitter structure is saturat- 
ed. Since the collector current of a multi-emitter transistor is zero 
very nearly, the input current of the logic gate is given by 


Tin, max © Tq-+(M —1) Tin, i 
Now, the saturation voltage of the multi-emitter transistor is 
Vexveat) =mOr In [(4 + MB,)/(M'B;)] 


where MM’ is the number of emitters going low at a given instant of 
time. 

The decrease in B,; owing to a rise in Vepsat) and, as a conse- 
quence, an increase in the base voltage of the inverting transistor 
leads to a reduced static noise margin for the logic gate in the case 
of a low-level input. Therefore, 8; ought never to be chosen less 
than 0.05/M. Then Véscsat) will not exceed 120 mV. Generally 
transients in TTL gates are similar to those in DTL gates. 


TTL Gates with a Tofem-Pole 
Oufput Driver 


The fan-in, fan-out, noise margin and speed (frequency response) 
of a multi-step logic gate can be enhanced by adding a push-pull 
final transistor stage to the main inverting transistor. This output 
configuration is known as a totem-pole amplifier. It is also referred 
to as a power-driver output stage. The most commonly used circuit, 
a TTL NAND gate, is shown in Fig. 5.33. DTL gates are built along 
similar lines. 

Consider the static transfer characteristic of the TTL NAND gate, 
using piecewise-linear approximation (Fig. 5.34). When at least 
one of the inputs is low, the respective n-p-n structure of the multi- 
emitter transistor is saturated, and the low voltage existing at the 
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base of 71 is not sufficient to drive it into conduction. Transistors 
T1 and T2 are OFF, whereas transistor 73 and the diode D are con- 
ducting and maintain a high output level, VE (portion J) despite the 
low output resistance. 

As the input voltage rises, transistor 71 turns on, and the operat- 
ing point shifts into portion IJ of the transfer characteristic, where 
the slope is defined by the ratio R,/R,. The further rise in the input 
voltage causes transistor 72 to turn on, and the accompanying 
increase in gain increases the slope of the transfer characteristic 
(portion JJJ). 

After 72 moves into the saturated region, the output of the logic 
gate goes low and remains at a practically constant voltage, V¥ 
(portion JV). When all inputs of the logic gate are high, the emitter 
junctions of 7, are reverse-biased, and J, is fully diverted into the 
base of 71 so that it finds itself saturated. 73 and D are OFF, becau- 
se the difference of potentials between the collectors of 71 and 72 
is not sufficient to forward-bias the two series-connected p-n junctions. 

The fan-in and fan-out of a TTL gate with a totem-pole output driv- 
er is increased in comparison with the basic TTL gate of Fig. 5.34. 
The point is that the output transistor 72 goes to saturation more 
readily because the base current is incremented by J pn, and the col- 
lector current is decremented by Jp, when the gate output goes 
low, and also because the output resistance decreases when the gate 
output goes high. 

Immunity towards a positive noise voltage is improved, because 
at the instant when 72 turns on the input voltage is governed by 
two emitter junctions. Therefore, the noise margin is 


AVN a 2er0— Vexsat) — Vexcat) ~1to 1.2 V 


The speed of the circuit is increased because it takes less time 
to charge up the stray capacitances of the load connected to the 
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output of the logic gate. As the output goes from high to low, the 
stray capacitances are charged by the collector current of 72 (with 
T3 and D nonconducting); when the output goes from low to high, 
this is done by the emitter current of 73 (with 72 nonconducting). 

It is important that the improvement in the performance of a 
TTL gate with a totem-pole output driver is not accompanied by 
an increase in power dissipation under steady-state conditions, be- 
cause at no-load a push-pull stage draws no power, irrespective of 
its state. A short-duration increase in consumption current can be 
observed at switching especially when the operating point traverses 
portion /IJ of the transfer characteristic, within which both T2 
and 73 are conducting simultaneously. To minimize the current 
amplitude at switching, a current-limiting resistor, R3, with a value 
of 200 to 300 Q is placed in the collector lead of 73. 

Current pulses existing in the supply leads might give rise to 
noise; to avoid it, it will be well-advised to place smoothing filters 
in the supply circuits. An optimal choice is to use a separate smooth- 
ing capacitor of 0.01 to 0.15 pF with a low stray inductance, for 
every two to eight logic gates. 


AND-NOR Gates 


in the logic gates examined so far, the second stage is a single- 
input NOT gate (inverter). If we increase the number of inputs on 
the second stage, we can expand the capabilities of logic gates and 
simplify, in some cases, the logic design of the associated digital 
system as a whole. If the first stage implements the AND function, 
the second stage must then implement the NOR function. The overall 
function instrument d by the resultant circuit may be written 


y= Liat 2nT --- Lim, (5.38) 


where k is the number of inputs to the second stage and M; is the 
number of inputs of the first stage connected to 
the ith input of the second stage. xu 1 
Logic gates mechanizing the switching fun- 
ction defined by Eq. (5.38) are known as 
AND-NOR gates. The respective logic symbol 
is shown in Fig. 5.35. mat 
In DTL gates, the number of inputs to the * ? 
second stage can be increased by replacing the %zs 
first coupling diode with a diode assembly and 
by connecting a diode AND gate to each input of 
the assembly (Fig. 5.362, where k = 2 and 
M, = M, = 2). In TTL gates, an increase in 
the number of inputs to the second stage calls Fig. 5.35 
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Fig. 5.36 


for the use of parallel-connected inverting transistors (Fig. 5.36b 
and c). 


5.5. CURRENT-MODE LOGIC GATES 


These circuits are known as CML or ECL (emitter-coupled logic) 
gates. They have the highest speed of all other gates [24, 37], owing 
to the following factors. 

(1) The transistors operate unsaturated, so they are free from the 
storage time; 

(2) Owing to the inherent symmetry, there is practically no chan- 
ge in consumption current at change of state and no accompanying 
voltage surges in the supply circuits. Because of the low internal 
noise level, the difference between the high and low logic levels can 
be reduced, thereby cutting down the duration of transients asso- 
ciated with charging up the stray capacitances. 

The circuit of a simplified single-input CML gate is shown in 
Fig. 5.37. Basically, it is a difference amplifier with a current gen- 
erator / in the emitter circuit of the transistors. The base of 72 is 
connected to a d.c. voltage supply, Fp, and the base of 71 is driven 
by a control voltage, v,. The state assumed by the transistors de- 
pends on the voltage between their bases, V, — Ep. When v, — Fz 
is substantially positive, 72 is at cutoff, and all of the current flows 
through 71. When the sign of v, — Fg is reversed, 71 turns off, 
and all of the current flows through 72. At low values of | v, — Eg |, 
both transistors are conducting. If the transistors have ideally ident- 
ical characteristics, their collector currents become equal, ic; 
= igg, at v, = Eg. 

Figure 5.38 shows plots of v, as a function of ve, and vgs, and 
also a plot of vy. (vy) which controls the transfer characteristic of 
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the noninverting gate. The intersections of the vy. (vx) curve with 
ae line of unit gain define the low and high logic levels, V™ and 
Given small Jcgo, the collector voltage of a nonconducting trans- 
istor is zero very nearly. The maximum current, a/, of a conduct- 
ing transistor determines the amplitude of collector voltage change 
at the time of switching: 
AV=alRo ~ [Rg (5.39) 
In the active region, the collector potentials of 71 and T2 are 
higher than their base potentials. Because of this, the faithful re- 
production of the input logic levels at the gate output calls for the 
use of an additional bias voltage source, Ey;,;, placed between the 
transistor collectors and the output terminals, as shown in Fig. 5.37. 
In practice, it may be assumed that at v, corresponding to the low 
and high logic levels, the gate is fully switched (one of the transistors 
is driven to cutoff). We may also write that 


vas — Eptass Vis = Eyias— AV 


Consider the constraints that should be imposed on E}ias for 
the transistors to operate unsaturated. Because in the ON state of 
T1, its base voltage exceeds Fx, the risk of saturation exists above 
all for 71. For its collector junction to be reverse-biased, it is re- 
quired that the voltage difference between the base and collector 
be negative. This condition for 71 is satisfied, if Usmax< Ve,er 


(see Fig. 5.38). Noting that Vsmax = VE = — Epjas, and Vx, cr 
= Uci,min = — AV, the condition for the transistor to remain un- 
saturated may be written 

Evyiag >= AV (5.40) 


Figure 5.39 shows the circuit of a CML (or ECL) gate adapted to 
implement a multi-input switching function. To this end, the in- 
put transistor has been replaced by a group of M parallel-connected 
transistors, and the bias voltage is supplied by the voltage drop 
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Fig. 5.39 


across the emitter junctions of emitter followers EF1 and EF2 placed 
at the gate output. As a result, y, is a NOR function, and y, is an 
OR function. 

Static noise immunity. Since the gate has two paraphase (comple- 
mentary) outputs, it can be analyzed for static noise immunity, 
using the transfer characteristics of both an inverting and a non- 
inverting type. However, the gain of a cascade of two CML gates 
is always greater than that of a single gate, and the noise margin 
referenced to the inverting output is larger than that referenced to 
the noninverting output. Accordingly, in calculating noise immunity, 
it is advisable to treat a CML gate as a noninverting one with a 
transfer characteristic vy» (Vx). 

To evaluate Max F, v, must, in accordance with Table 5.2, be 
applied to all the inputs of the gate. In so doing, it is assumed that 
the input transistors are identical, that is, 7, flowing in R1 is equally 
shared by T1, 72, ... 7, and, as a consequence, v, for a given J, 
is a minimum. 

Let the emitter current of 7, be denoted as ig,, and the emitter 
current of the input transistor 7; (i = 1, 2, ..., M) as ip. Then, 


ig, = (I — ipo)/M (5.41) 
The input voltage, v,, differs from Eg by the difference in Vpp 


between the input transistor and 7). Using Eq. (3.24) to evaluate 
the voltage across the emitter junction of a transistor, we get 


Vy = Eg + mo, (in ig; — In ize) (5.42) 
Solving Eqs. (5.41) and (5.42) simultaneously for ig, gives 
igg = I/ A + 2) (5.43) 


where 
z = M exp [(v, — Ex)/mozl (5.44) 
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Using Eq. (5.43) and recalling that 


Vye = — (Var, eve + 2aig2Rc2) 
the upper bound on the transfer characteristic, Max F, can be written 
Vy2= [Vaz, EF2 + AVI(A + z)] (5.45) 


To evaluate Min F, we should, in accordance with Table 5.2, 
apply v, to one of the inputs, leaving the other inputs low (in the 
logic 0 state). Now, switching the gate will cause only one input 
transistor to turn on. Therefore. the lower bound on the transfer 
characteristic is described by Eqs. (5.44) and (5.45) for M = 1. 
So, for Min F, 

z = exp [(v, — Ep)/ (mgr)! (5.46) 


To locate points A and B on the boundaries of the transfer charac- 
teristic, we evaluate the derivatives dv,, dv, and equate them to 
zero to obtain 


2+2(1—0.5y)z2z+1=0 


where y = AV/ (mQr). 
The minimum root of the equation corresponds to point A, and 
the maximum root to point PB: 


za =0.5p—1—YV 0.257? — 
zp=0.5y—1+ V 0.2572 — 
On substituting the value of z, and zp, in Eqs. (5.44) through 


(5.46), we obtain the sought coordinates: 


2avV 
Vy = — [ Vex, ie + sarviem] 


Via = Ep+ mor In (1/M) [y/2—1 — (9/2) VI 4/9) 


2AV 
View =— [ Vox, EF2 tay 


Vin = Ep+ moe In [y/2—1 + (y/2) V1— 4/9] 


Hence, 


2AV 
AVN =Ept+V. eee ae 
N B+ BE, EF2T (V7) 


+ mop In [(1/M) (y/2—41—(y/2) V1 —4/y)]_ (5.47a) 


H 2AV 
ey es eee ee 
AVN Es—Vpr, er2 yO Tay) 


—mor In [y/2—1 4+ (y/2) V1— 4/4] (5.47b) 
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The optimal value for Eg is chosen to obtain the equality AVN 
= AV, whence 


Ex, opt = —Vae,nr2—0.5AV + moz ln VM (5.48) 

On substituting Eg == Es, joe in Ba. (5.47), we can evaluate the 

noise margin, AVy = AVE = AVE, of a CML gate at the optimal 
value of Eg: ohne 


M9 = VES TEV 
— mor In [VM (y/2—1 4 (y/2) V1 —4/9)]_ (5.49) 


As is seen from Fig. 5.40, a decrease in y and an increase in M 
brings about a decrease in Vy opp = AVx/AV. For each M, there 
is a minimum signal amplitude at which a logic gate still remains 
operable. At MW = 16, the minimum amplitude is 10 mg; = 260 to 
350 mV. 

The above constraint on the minimum voltage difference between 
the logic levels is of fundamental nature and holds for all logic gates 
based on bipolar transistors. 

For a CML gate, the signal amplitude AV, as follows from Eq. 
(5.39), does not exceed 0.6 or 0.7 V. The value of y varies with m 
and usually ranges between 16 and 28. As is seen from Fig. 5.40, for 
typical values of AV at M -= 16, the ratio of noise margins remains 
greater than 0.2. 

Power dissipation. The total power dissipation P is the sum of the 
powers drawn by the current switch, Psy, and by the emitter follow- 
ers, Pry. Recalling Eq. (5.39), we get 


Pew = AVE/Ro (5.50) 

and 
Qt. Ho fi é 
Por =E Lary + ers) ~ EE) (2E?/Rp) (1 — seo) 
(5.51) 


Dynamic characteristics. Be- 
cause of the low impedance pre- 
sented by the external circuits 
to the transistors of a CML (ECL) 
gate, the control (driving) cur- 
rents and, aS a consequence, 
transient response are substanti- 
ally affected by the nonlinearity 
of the input impedances of the 

12 a el 24 sv transistors. This handicaps a pre- 
™?r cise calculation of dynamic cha- 

racteristics for CML (ECL) gates 

Fig. 5.40 and calls for resort to computers. 
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An approximate estimate for the ig, 
propagation delay time can be derived 
on making the following assumptions: 

(1) the sluggish response of the gate 
is mainly due to re-charging the bar- 
rier and stray circuit capacitances, 
whereas the time required to switch 


Fig. 5.42 


the emitter currents in the transistors may be neglected; 

(2) the transfer function of a CML gate is close to a step function 
with a threshold at half the peak value of the signal. 

The above assumptions are correct for high-frequency drift (in- 
tegrated-circuit) transistors and for a signal amplitude of at least 
0.4 V. 

To define the dynamic characteristics of a CML gate, it will 
suffice to trace the passage of the signal from LG1 to LG2 (from the 
collector of 71 to the collector of T2 in Fig. 5.41), with transistors 
T1 and 72 forming the arms of the current switches in LG1 and ZG2, 
respectively. 

The input signal at time é) is a positive step, a/, of the current 
ic;, and at time ¢), a negative step, —a/, of the same current. The 
step change in the collector current of 71 produced by charging up 
the stray capacitances leads to a gradual change in the base voltages, 
Up,er and Ugg, of the transistors Ty,» and T2 (Fig. 5.42) and to a 
step change in igg al the instant when the absolute change in vp, 
becomes equal to 0.5 AV. The time intervals from ty to t, and from 
t) to t; define the respective delay times, tha and tha. 

The ‘positive step change in tox results in a rapid decrease in Ug gr, 
so that the emitter follower is turned off, and the total equivalent 
load capacitance Cy is recharged via Rr, as shown in Fig. 5.43. 
Cy is the sum of the C, and C, of the input transistors in the compon- 
ent loading LG1, and the circuit (wiring) capacitance C,. Owing to 
the high value of Rg, it is legitimate to ignore the base bulk resis- 
tance of the input transistors. 
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Referring to the equivalent circuit of Fig. 5.43, the value of vp. 
varies exponentially 


vp2 (t) = (Z—ero) exp (—Faz2)—E 


Equating vp, (t) to the threshold voltage (VH — AV/2), we get 


AV wag RpCyAv 
)* ses (5.52) 


When the input is a negative step change in ig,, the current of 
the emitter follower rises. 

With an accuracy sufficient for approximate calculations, we 
may deem that an emitter follower has a voltage transfer ratio 
(voltage gain) of unity, a zero output resistance, and an infinite 
input resistance. Owing to the low value of output resistance, we 
have to take into account the increased effect of the base bulk re- 
sistance rg of the input transistors on charging, but, at the same 
time, we may neglect the effect of the additional load. 

In the path traversed by a negative step change in ig, (Fig. 5.44), 
the total capacitance Cg between the output of the current switch 
and the common return is the sum of the wiring capacitance Cy 
and the collector transition (barrier) capacitance C,. If the ECL (CML) 
gate is an integrated circuit, to this we should add C, and Cp,¢ that 
appear between the circuit components and the substrate: 


Co=M (C,4-C,)+C€,.+Cr,c+Cw 


The input capacitance Cj, is the sum of the C, and C, of the input 
transistor. 
Referring to the circuit of Fig. 5.44 and recalling Eq. (5.39), we 


obtain 


1 
Tha = —RxCs ln (1-> a 


' AV 
een (9) =F oRaCy CParEC) oe 


In practice, it is usual that RcCco>> rpCin. Therefore, it is le- 
gitimate to replace (1 + srpC,,) by an exponential term, exp (srgCin). 
Then the original time function corresponding to Eq. (5.53) may 
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be written 
; = t—rpCo— tg 
Vpe~ (t) = Av [1 —exp ( —Re )] 
Solving vp, (tj) = 0.5AV gives 
Tha =TBCin + RCo ln 2 w rp, +0.7RcCE (5.54) 
The propagation delays tzq and tha are related to the power that 
a CML gate draws from its power supply: 


2epo + AV 
2 PAVE > (1- <r) EAVC, 
Bee Parr (1—exo/E) ee 


0.7EAVCi, 
Tpd = TBC in + =p 


(1—AV/2E) (5.55) 


Pur 


The average delay, toa = (tra + Tha)/2, is given by 
Cy 
1—vyp 


Tpa= 0.57BCin + (EAV/2P) | 0.7C6/yp-+ (1—AV/2E)] (5.56) 
where yp = P,,/P. 

It follows from Eq. (5.56) that a higher speed of the logic gate 
leads to an increased power dissipation. At a constant P, the average 
delay decreases with a decrease in the supply voltage E, the signal 
amplitude AV, and Cg and Cy. There is an optimal value of yp 
such that for given Co, Cz, FE, and AV, the average delay is a mini- 
mum: 


vp, opt = 1+ V1.4 (1—AV/2E) (Cs/Co) 


The average delay for state-of-the-art CML (ECL) gates ranges 
from 0.5 to 5 ns at a power dissipation of 35 to 70 mW per stage. 


5.6. MOSFET LOGIC GATES 


MOSFET (or MOS-transistor) logic gates account for a large pro- 
portion of the components used in LSI digital networks. This is 
because they are simple to manufacture and small in size, and draw 
little power, so that a large number of devices can be fabricated on 
a single substrate. 

The name MOSFET or MOS-transistor applies to an arrangement 
in which a metal gate electrode is separated by an oxide layer from 
the semiconductor channel. This metal-oxide-semiconductor (MOS) 
structure allows an electric field to affect the channel, if an external 
potential is applied between the gate and the substrate. 


154 CH. 5 LOGIC GATES 


‘ps , 
Ip 
YGs 
Source 
az! Ce eet esl = 
Lp] Vou wae 
Substrate 
(a Dielectric (b) 
Fig. 5.45 
Drain 
v , ord 
DS Ip A ip 
Gate Substrate 
p 
Source + 
Source Drain 
Ves, th Ves 
Substrate 
Dielectric 
(a) (o) (4) 
Fig. 5.46 


There are two basic types of MOS transistor: the depletion type 
and the enhancement type. The structure of a depletion-mode MOS- 
transistor is shown in Fig. 5.45a. The channel has the same type of 
conduction as the drain and source regions and opposite to that of 
the substrate (body). In such a transistor, the drain current can flow 
at zero voltage between the gate and source, ves (Fig. 5.450). 

The structure of an enhancement-mode MOS-transistor is shown 
in Fig. 5.46a; it differs from the depletion device in that no channel 
exists at vas = 0. Therefore, the drain-source circuit consists in 
effect of two diodes connected in opposition, so that the drain current 
is zero. The channel is induced under the action of the voltage ap- 
plied to the gate. The minimum voltage required to induce the chan- 
nel is called the threshold voltage, Vas, tn (Fig. 5.466). The cut-in 
voltage has the same polarity as the drain supply voltage, being 
positive for n-channel MOS-transistors (Fig. 5.46c) and negative for 
p-channel MOS-transistors (Fig. 5.46d). Because an enhancement- 
mode MOS-transistor can be turned off, with vps and ves being 
of the same polarity, the stages can be direct-coupled, and MOS- 
transistors can conveniently be used to build common-drain logic 
circuits. 
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The V-I characteristics of a MOS-transistor, obtained on making 
some simplifying assumptions [20], may be written analytically as 


v [2vps (Vas — Vas, th) — bs] 


Bo for vps < vgs — Vas, th (5.57a) 
: v (Ves — Ves, th)? 
for Vps = Ves— Vas, th (5.57b) 


where v is a characteristic parameter depending on the transistor 
geometry and the electrophysical properties of the semiconductor 
material; it has the dimensions of wA/V?. 

Within the region described by Eq. (5.57a). the drain current ip 
markedly depends on vps, because of which this portion is referred 
to as the ohmic (also called the triode or nonsaturation) region. The 
region described by Eq. (5.57b), ip is theoretically independent of 
Ugs. and it is called the saturation (pentode) region. 

MOS-transistor inverter. Figure 5.47 shows the circuits of two 
basic types of MOS-transistor inverters, one with a saturated load 
and the other with an unsaturated load. 

An MOS-transistor inverter with a saturated load (Fig. 5.47a) 
consists of a driver transistor 71 and a load transistor 72. Both 
have the same type of channel. An insight into the operation of the 
inverter can be gleaned from the V-/ characteristics: ip (vy) for the 
driver transistor and i, (vy) for the load transistor, plotted on the 
basis of Eqs. (5.57). In the simplest case, the gate of 72 can be con- 
nected to the supply E (the dashed line in Fig. 5.47a). Then, for 
the load transistor Uggs = Ups = E — v,, and it operates within 
the saturation region described by 


ip =i, = vz (E—V6es, th Vy)” (5.58) 


corresponding to load curve J in Fig. 5.48a. The performance of the 
inverter can be improved by connecting the gate of 72 to a separate 


+€£ 


Fig. 5.47 
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Fig. 5.48 


bias supply Epjas, SO that with Eyjas > E + Ves, tn the load tran- 
sistor operates within the saturation region. In accord with Eq. 
(5.57b), the V-J characteristic can be written 

in = vz (E—Vy) (2Ep1a8— 2Vas,th — E— vy) (5.59) 
corresponding to load curve 2 in Fig. 5.48a. 

The transfer characteristics of a saturated-load MOSFET inverter 
are shown in Fig. 5.48b. So long as v, < Vestn, the driver trans- 
istor is off. In a steady state, i, = 0. Therefore, in accord with 
Eqs. (5.58) and (5.59), the output voltage of an unbiased MOSFET 
inverter will be E — Veg tn, whereas in a biased MOSFET inverter 
it will be vy = £. These voltages fix the high voltage level V# 
corresponding to a logic 1 in positive logic. The low voltage level 
VU is determined by the output voltage at point A or A’ on the 
transfer characteristics. 

The speed of a MOSFET inverter depends on the charging and 
discharging of the load capacitance C; which is the sum of the wiring 
(circuit) capacitance and the input capacitance of the succeeding logic 
gates. C, is charged up via the load transistor. To obtain small values 
for V" in saturated-load MOSFET inverters, 72 should be chosen 
to have a high-resistance channel (a low value of v,). This tends to 
slow down the charging of C,. 

A biased MOSFET inverter has a more linear load characteristic, 
and the current charging the load capacitance decreases as vy approach- 
es VH, ata slower rate than in an unbiased inverter. As a result, a bias- 
ed MOSFET inverter has a higher operating speed. 

A far better performance is shown by an unsaturated-load MOSFET 
inverter (Fig. 5.476). Its load is formed by an n-channel and a p-chan- 
nel transistor. When the inverter input is high, 72 turns off and Tl 
turns on, thereby speeding up the discharge of C, to zero. Similarly, 
when the inverter input goes low, C, rapidly charges up via the ON 
transistor 72, whereas 71 remains OFF (Fig. 5.49). 

By connecting driver transistors in parallel, series, or series- 
parallel, MOS-transistors can be arranged into multi-input logic 
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gates. In structure, a nonlinear-load 
multi-input logic gate using parallel-con- 
nected MOS-transistors (Fig. 5.50a) is 
similar to the common-emitter bipo- 
lar-transistor logic gate examined in 
Sec. 5.3. With positive logic and n-chan- 
nel MOS-transistors, such a circuit 
implements the NOR function. To yea Wee vy 
implement the NAND function, the re es 
MOS-transistors are connected in series Fig. 5.49 
(Fig. 5.505). It should be pointed out, 
however, that the lower arm of the network dividing the voltage 
generated at y = 0 contains a series chain of M transistors, and 
the low-level voltage VU in the NAND gate is higher than in the 
NOR gate. To bring down V" in a NAND gate, one has to use 
low-resistance transistors occupying a sizeable area on the subst- 
rate. The more complex logic functions are mechanized by arran- 
ging MOS-transistors in parallel, series, and series-parallel. 
When p-channel and n-channel MOS-transistors are combined, the 
resulting circuitry is termed a complementary MOS, or CMOS. In 
a CMOS logic gate, the driver transistors should be connected in series- 
parallel in both the upper and lower arms of the divider. The result- 
ing logic gate may be depicted as a series connection of two switches 
(Fig. 5.51a). Let the state of the upper switch be denoted by zy and 
that of the lower switch by z. Also assume that when a switch is 
closed, it is in a logic 1 state and that, when open, it is in a logic 0 
state. At y = 1, the upper switch is closed and the lower switch is 
open, whereas at y = 0 the upper switch is open and the lower switch 
is closed. Therefore, in order to realize the function y = F (x), we 
must require that the values of zy be the same as of F and the values 


of z, the same as those of F. Closure of the switch in the lower arm 


Fig. 5.50 
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occurs when a high-level voltage is applied to its gate, whereas clo- 
sure of the switch in the upper switch takes place when a low-level 
voltage is applied to its gate. Because of this, it is convenient to 
take the inverted input variables as the arguments of the function 
Zy, and the input variables themselves as the arguments of the func- 
tion z,. On writing Boolean expressions for z, and z,, we can see that 
each AND operation can be implemented by a series connection of 
MOS-transistors, and each OR operation by a parallel connection. 
As an example, Fig. 5.516 illustrates the implementation of the 
function 


y = (% + £2) (3 + LX) 
for which 
Z = (4, + 2_) (Z3 + %) 


and 


Bu == (14+ Le) (Eg+ Ly) = LyLe + 142, 
REVIEW QUESTIONS AND PROBLEMS 


5.1. Draw up a truth table for the switching functions y, = 2, 
+ Zo, Yo = %4Zq, Y3 = Ty @ Zp. 

5.2. Construct logic networks using AND, OR and NOT gates 
to implement the switching functions Yy = XyLq + 2420, 


Yo= 2%) +2, + eee Ys = X (%_ + 525) + 2%. 
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0.3. Draw up a_truth table for the switching functions 
Yi = Ty + Lo, Yo = 2y2q. 

5.4. Construct logic networks using NAND and NOR gates to 
implement the switching functions in Problem 5.2. 

5.0. List methods for representing binary variables by electric 
signals. 

5.6. Plot the transfer characteristic for a noninverting logic gate. 
Using the transfer curve thus plotted, determine the logic 0 and 4 
levels for positive and negative logic. 

0.7. Determine logic 0 and 1 levels for a noninverting logic 
gate, considering the likely spread in its transfer characte- 
ristic. 

5.8. Plot the transfer characteristic for an inverting logic gate. 
Using the curve thus plotted, determine the logic 0 and 1 levels. 
List the conditions to be met by the transfer characteristic of an op- 
erable logic gate. 

5.9. How can the noise margin be found from the static 
transfer characteristic of a logic gate? Point out the difference 
in working this problem for an inverting and a noninverting 
logic gate. 

5.10. Referring to the condition for optimal static noise immunity, 
calculate the values of the resistors in the logic gate of Fig. 5.18 
for which P = 20 mW, M = 4, N = 6, and Ec = 10 V. The para- 
meters of a simplified piecewise-linear transistor model are: ego 
= 0.7 V, Voce sat) = 0.1 V, Icao, max = 1 BA, Bmin = 60. 

5.11. Work Problem 5.10 for the RTL gate of Fig. 5.25, for which 
P=2 mW, N=M =8, and Eg =4 V. 

5.42. Work Problem 5.11, using an exponential transistor model 
for which the parameters are: Bmin = 60, By = 1, m= 1.2, rp 
= 100 Q. Assume that for Veg = 4 V, Icso, max = 1 pA and that 
for [Bye =TJesat) = 5 mA, Vexeaty = 1-1 V, and Vergaty 


5.13. For the DTL gate of Fig. 5.29, F, =6V, Eo =3 V, Entas 
= 0, Rg = R, = 20 kQ, Re = 10 kQ. The transistor parameters 
are: €go = 0.6 V, B = 60. Calculate J,, Ipias, and Jp, oc, for the 
two states of the logic gate and determine the saturation coefficient 
of the transistor for N = 5. 

5.14. For the DTL gate of Fig. 5.29, FE, =6V, Fo =3V, Enpias 
= 0, Ra, max = 30kQ, Ro, min = 20kQ, Re, max = 19k, Re, min 
=10kQ. The transistor parameters are: Bmin = 50, exo, max 
= 0.8 V. Calculate the value of Rg at which the logic gate has a max- 
imum noise immunity. 

5.15. List the advantages of TTL gates over DTL gates. 

5.16. List the factors governing the noise margin of TTL gates 
using a simple inverter. Compare with DTL gates. 
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5.17. Plot the transfer characteristic for a TTL gate with a totem- 
pole output driver. Determine the noise margin of the gate from the 
resultant curve graphically. 

5.18. List the factors ensuring high speed for CML (ECL) gates. 

5.19. Draw the circuit of a CML (ECL) gate and explain the func- 
tion of the emitter followers. 

9.20. List ways and means of optimizing the static and dynamic 
characteristics of a CML (ECL) gate. 


6 BISTABLE CIRCUITS 


6.1. GENERAL 


A bistable circuit, as its name implies. is a switching circuit with 
two stable states. It can be triggered from one state to the other by 
applying an input voltage via a suitable trigger circuit. Most fre- 
quently, bistable circuits (often called simply “bistables”) are of 
the static (d.c. or level) type in which the stable states differ in 
output voltage level. 

Static bistable circuits generally serve two distinct functions, 
namely: as pulse shapers and in logic networks. In the former case, 
they are more usually called bistable multivibrators, and in the latter, 
flip-flops. Bistable multivibrators produce rectangular pulses or 
even square waves with a standard amplitude and short rise and fall 
times practically independent of the rate of change of the input sig- 
nal. Flip-flops serve as binary memory (storage) cells, one-bit delay 
circuits, and scale-of-2 counters or binaries (counters which produce 
one output pulse for every two input pulses). 

Most. frequently, a static bistable circuit can be obtained by ap- 
plying positive feedback to a d.c. amplifier. The manner in which 
stable states are produced in this case is illustrated in Fig. 6.1. 
The plot of Vout = f (Vin) is the transfer characteristic of the loaded 
d.c. amplifier, and the vou, — Vin line is the feedback characteristic 
(it is assumed that the output is direct-coupled to the input). The 
intersections of the transfer curve with the feedback line define the 
conditions for the circuit to be at equilibrium. Two stable states 
will be obtained, if the feedback line 
cuts the transfer curve at three points, 
as shown in Fig. 6.1. Points A and B 
where the gain (with the feedback loop 
open) is less than unity correspond to 
stable states, whereas point C corre- 
sponds to a temporary state, because 
the gain at that point exceeds unity. 
Even a minute deviation from point C 
(because of, say, noise in the circuit) 
will be amplified over the feedback 
loop and cause the bistable circuit to Fig. 6.4 
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go from any one of the two stable states at a progressively increas- 
ing rate. 

Because of this, the bistable circuit may be treated as regenerative. 
The rate of regeneration is governed by the time lag (inertia) associat- 
ed with the stray capacitances existing in, and the semiconductor 
devices used by, the d.c. amplifier. 

As often as not, the d.c. amplifier in a bistable circuit is made 
with logic gates. From a comparison of Figs. 6.1 and 5.5 it is seen 
that the condition for the existence of two stable states is analogous 
to that for the reproduction of logic levels by a logic gate. In other 
words, when appropriately chosen and interconnected, logic gates 
will make an operable bistable circuit. 

One of the principal performance characteristics of bistable cir- 
cuits is the mazimum switching frequency, F maz. It is defined as the 
maximum number of valid changes of state per second and is measur- 
ed in hertz, Hz. The minimum time interval, 7 my, between adjacent 
trigger pulses that cause a bistable circuit to change state is named 
its resolving or recovery time. Obviously, Tin = 1/F max: 

Among the other characteristics related to the performance of a 
bistable circuit are the shape and amplitude of output pulses, trig- 
ger-circuit parameters, maximum load, power dissipation, and size. 

Apart from static bistable circuits, there are dynamic ones, usually 
operated as clocked circuits. In them, a binary signal can be delayed 
for one bit time by sorting it in reactive (Z and C) components. Dy- 
namic bistable circuits can readily be arranged into digital networks 
of any arbitrary configuration. In IC form, dynamic bistable cir- 
cuits can most readily be made with MOS structures in which the 
reactive storage element is the stray capacitance between the gate and 
drain (see Chap. 13 for more detail). 

Two stable states can be obtained by placing a nonlinear one- 
port with an S- or N-shaped V-/ characteristic in a resistive circuit. 
For this arrangement to have two stable states, it is important that 
the load line should cut the V/J curve at three points. The intersec- 
tion with the downward portion of the V/J curve corresponds to a 
temporary state and is due to the internal feedback existing in the 
device itself (see Chap. 12). 


6.2. UNSYMMETRICAL BISTABLE MULTIVIBRATORS 


An unsymmetrical bistable multivibrator has one input and a 
transfer characteristic of the form known in Fig. 6.2a. Portion 2 
of the characteristic corresponds to bistable operation. To make our 
discussion more specific, let the state in which v is equal to the high 
logic level, V#. be the 1 state, and the state in which v == VL be 
the 0 state. Only one logic state can exist within portion 7 or 3. 
The arrows show that the circuit goes from the 0 to the 1 state at the 
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Fig. 6.2 


instant when the positive-going input voltage e passes through a 
boundary point labelled Eyax, and from the 1 to the 0 state when 
the negative-going voltage e passes through another boundary point 
labelled Eqin. The values of Emax and Emin respectively define the 
set and reset threshold. 

An unsymmetrical bistable multivibrator usually operates as 
a threshold circuit which responds to a particular signal level (or a 
particular pulse amplitude) or as a rectangular-pulse generator 
which derives rectangular pulses of a specified amplitude from a 
sinewave or any other nonrectangular input waveform (Fig. 6.2b). 

Basically, unsymmetrical bistable multivibrators come in two 
modifications, one using emitter-coupled transistors and the other 
a differentiating opamp. 


Emitter-Coupled Bistable Multivibrators 


In an emitter-coupled bistable multivibrator (Fig. 6.3), the voltage 
from the collector load of 71 in the d.c. amplifier is taken to the base 
of 72 via a resistor voltage divider R,/Rp, the upper arm of which is. 
shunted by a speed-up (commutating or memory) capacitor C. The 
feedback loop is completed by tieing together the emitters of 74 
and 72. The drive voltage e is applied to the base of 71, and the 
output voltage v is taken from the collector of 72. 

Consider the operation of the bistable multivibrator, assuming that 
the drive voltage e is slowly varying from zero to Fc. Suppose also 
that initially e = 0,sothat 71 is OFF and 72 is in the active region*. 
The cutoff voltage on the emitter of 71 is due to the emitter current 

* Alternatively, 72 may be at saturation when 71 is OFF [4]. The set and 
reset levels will then be affected by the load conductively coupled to the 72. 
collector. .° ’ pe see ge ey GT ae Se “— 
41% 
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of 72 flowing through Rg. 
The collector voltage of 72 
defines the low logic level, V¥, 
of output voltage. 

Ase rises, an instant is reach- 
ed when e (t) = Emax, and 
T1 turns ON, so that the cur- 
rent flowing through Ag is 
shared between 71 and T2. 
Since both transistors are in 
: the active region, the feedback 

Fig. 6.3 loop is completed. Now the 

feedback loop gain exceeds 

unity (which is the condition for bistable operation), so that the 

current through 71 builds up and the current through 72 collapses 

at a progressively increasing rate. Finally, 71 turns OFF, and the 
output voltage goes abruptly from V’ to VE = E — IcpoRce. 

In the 1 state, 71 can be either at saturation or in the active re- 
gion, depending on the value of e. In the former case, the collector 
voltage of 71 is equal to its emitter voltage, so the condition for T2 
to turn OFF is satisfied always, owing to the presence of the voltage 
divider R./Rp. 

A fall in e first moves T4 into the active region, then (at e (é) 
= Fain) drives T2 into conduction. As a result, the feedback loop 
is completed and a regenerative process is initiated, which terminates 
in turning off 71 and resetting the circuit (bringing it back to the 
zero State). 

Operability condition. For an emitter-coupled bistable multivi- 
brator to have two stable states, it is essential that Ema, and Ewin 
at which 71 turns on as e increases and 72 turns on as e decreases 
be such that 


Emax > Emin (6.1) 


As will be shown later, this requirement is equivalent to having 
a feedback loop gain of more than unity, so this is a sufficient con- 
dition for bistable operation (see Fig. 6.3). In addition to satisfying 
Eq. (6.1), the normal operation of the emitter-coupled bistable mul- 
tivibrator requires T2 to be unsaturated. A sufficient condition for 
this requirement to be met is 


Vc2 = V" > vpe = VE -+ exon (6.2) 


When 711 is OFF (the 0 state), the emitter-coupled bistable multi- 
vibrator can be depicted by the equivalent circuit of Fig. 6.4a.On 
finding vp, and vg from the equivalent circuit and assuming that 71 
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Fig. 6.4 


turns ON at vg; = vg + ego), the set level is found to be 


Ec—!cpoiReci+ Jcpoe (Rei-+ Ree) 
Rat Re \ fis:) 
140 (t+aa tps) 
&BO2 
Ta Ra Fie Rey 801 —Fcwor Rs (6.3a) 
' Re (t4+Be) (Rei t Re + Rp) 


Emax ae 


As is seen, to obtain a stable set level, it is essential that 
Tcpo: (Ror + Re) Ec, IcpoiltsK Emax, and Rp/Rg (1 + Bo) 
<1. The last inequality minimizes the effect of B,, on the one hand, 
and permits ego; and égog to cancel each other, on the other. There- 
fore, Eq. (6.3a) may be re-cast as 


R R R y-1 
Emsx © Bc[1+“e'“*(1+z Gag) | (6.20) 
Using the equivalent circuit of Fig. 6.4a, the condition for 72 to 
be unsaturated may be written as 
Roy < Rg (Ec/Emax — 1) 


When 72 is OFF (the 4 state), the equivalent circuit of the emitter- 
coupled bistable multivibrator takes the form shown in Fig. 6.40. 
On finding vg and vg, from the equivalent circuit and assuming that 
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T2 turns ON at vg, = Vg + x02, the reset level is found to be 


EcotIcpoiRo1+/cpoz (Roi + Re) — ewe [1+(Roit+Re)/Ral 


aS 1+(RoitRe)/Rpt+oiRo/ReE 
-K [1 og Ret | -+ ero1 —Icpo1 (Rs +1 in) (6.4a) 


Because the reverse (leakage or cutoff) collector current of 71 pro- 
duces a stronger effect ([czo>> cao) and also because ego; and 
€zo, do not cancel each other completely, the stability of Emin is, 
on the whole, lower than that of Emax. In calculations not related to 
stability, Eq. (6.4a) may be simplified by decreasing the infinite- 
simals: 


a Ecii+Rs/Re (t+) 
min ™ 1+ (Rei— Ro) (Rat %Rei/Re) 
On substituting Eqs. (6.3b) and (6.4b) in Eq. (6.1), the condition 
for the normal operation of an emitter-coupled bistable multivibrator 
can be written as 


ai (1 + Ba) Rbal(Rer + Re) | 1+ poetgs (1+ TBSP) | 1 (6.5) 


The left-hand side of Eq. (6.5) defines the feedback loop gain, so Eq. 
(6.5) and, as a consequence, Eq. (6.1) is a sufficient condition for 
bistable operation. 


Unsymmetrical Bistable Multivibrator Using 
a Differential Opamp 


As already noted in Chap. 4, a differential operational amplifier 
has a nearly relay (ON-OFF) response. To obtain a hysteresis re- 
sponse, a feedback loop is connected to the noninverting input of the 
opamp (Fig. 6.5a). In the active region, the feedback loop gain K p 
is very high: 


Ky = vK,>1 (6.6) 


where Yy => RNR, + R,). 

Therefore, in locating points A and B which define stable states, 
the differential opamp may be deemed to have an ON-OFF transfer 
characteristic, with the vertical portion passing through zero (v, 
at the noninverting input is zero) when the voltage at the inverting 
input is zero, e = 0 (Fig. 6.5). Referring to Fig. 6.5b, the ordinates 
of points A and B are the intersections of the horizontal portion of 
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the relay response (VE and V4, respectively) with the load line 
v= — (1 — y) Eptas/y + v2/p (6.7) 
and given by 
Enax = yvt +(1—vy) Ebias 
Eom = —yVh4 (1 —¥) Evias 


lt follows from Eq. (6.8) that the two thresholds can be shifted at 
will by varying Epjas- 

When the voltage at the inverting input ise <Q Ey yy ore > Eas, 
only one point of stable equilibrium remains—point A or B (Fig. 6.5¢ 
and d). Thus, the transfer characteristic v = f (e) has a hysteresis 
loop (Fig. 6.5e), so that the circuit of Fig. 6.5a may be regarded as 
an unbalanced bistable multivibrator. In contrast to the transfer 
characteristic in Fig. 6.2, an unbalanced bistable multivibrator 
built around a differential opamp goes from the high state, V4, 
to the low state, V4, as e increases, and vice versa. Therefore, such 
a circuit must be regarded as an inverter. 


6.3. SYMMETRICAL BISTABLE MULTIVIBRATORS 


In symmetrical bistable multivibrators, feedback is obtained by 
connecting two common-emitter inverting switches in cascade (see 
Fig. 5.15). When the feedback loop from the output of the second 


(6.8) 
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stage to the input of the first is 
completed, the resultant config- 
uration is a symmetrical bi- 
stable multivibrator (Fig. 6.6). 
In such a circuit, one transistor 
is normally cutoff and the other 
is saturated. Assume that the 
state in which 72 is OFF is the 0 
state, and the state in which 74 
is OFF is the 1 state. Because 7'4 
is saturated, a balanced bistable 
multivibrator is likewise called 
Fig. 6.6 saturated. 


Operabilify Condition 


As already noted in Sec. 6.1, the conditions for the existence of 
two stable states in a multivibrator based on logic gates are the 
same as the conditions for logic gates to reproduce logic levels at their 
outputs. For the case in question, these conditions in the absence 
of loading and for M = N = 1 are given by Fas. (5.19) and (5.20). 
It is also to be noted that symmetrical multivibrators can be opti- 
mized in the same manner as advised in Sec. 5.3 for logic gates. 

Consider the effect of loading on the static characteristics of a 
symmetrical bistable multivibrator. In the general case (Fig. 6.6), 
the load may be unbalanced both in terms of load resistors (Rz) 
+ R,.) and in terms of the potential at the lower terminals of these 
resistors (£,, « E,.). For a loaded symmetrical bistable multivibra- 
tor to retain operability, it will suffice to satisfy the condition for 
the transistors to be at saturation. The point is that if the ON transis- 
tor (say. 71) is saturated, the condition for the second stage (T2) 
to be driven to cutoff will remain unchanged. 

Consider the case where AR, is connected in parallel with the col- 
lector load resistor Ac, and Ry» is connected in parallel with 72 
(E,, = £c and Fy, = 0). With this arrangement, both resistors 
make it more difficult for 74 to move into saturation. The effect 
of R,,; is that Re, will now carry only a fraction of the collector 
current of 71, which is equivalent to reducing the current gain of 
that transistor: Peq = B/(1 + Ro,/Rz,,1). The effect of Ry, is to 
reduce the collector voltage, | Vey | = V#, of the OFF transistor 
T2. Neglecting Jcpo and ego because of their smallness, we may 
write 


V¥ = Eoyel(ve-+1+ Re/Rrs) (6.9) 


From a comparison of Eqs (6.9) and (5.7), it is seen that the effect of 
R,, is equivalent to raising the loading factor: Neg = 1+ R/Rio- 
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The conditions for a loaded bi- 
stable multivibrator to remain op- 
erable are defined by Eqs. (5.19) and 
(5.20) on substituting Beg min and 
Neq,max- 

The value of V# is often stabiliz- 
ed by including clamping diodes 
(see Fig. 6.7). The collector sup- 
ply Eg to which the anodes of the 
clamping diodes are connected is cho-- 
sen such that the diode connected to 
the OFF transistor is conducting at 
a minimum value of R,. Then, irre-- 
spective of loading, VE ~ Ey. 


Transient Response 


Symmetrical bistable multivibrators can he triggered between the 
two stable states in any one of several ways. For one thing, the trig- 
gering may be asymmetrical or symmetrical. In asymmetrical trig- 
gering, two trigger inputs are employed, one to set the circuit in 
one stable (say, 1) state, and the other to reset it to the opposite (that 
is, 0) state. This process is sometimes referred as set-reset triggering. 
Symmetrical triggering uses only one trigger input, and the state 
of the circuit is changed each time a trigger pulse is applied. There 
are also bistable multivibrators which use a combination of asym- 
metrical and symmetrical triggering. They have two inputs for asym- 
metrical triggering and one more input for symmetrical triggering. 

Asymmetrical base triggering. For simplicity, diagram in Fig. 6.8. 
only shows the triggering-circuit components which serve to switch. 


Fig. 6.8 
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. the circuit from the 0 to the 
1 state. Switching is done by a 
positive-going trigger pulse e ap- 
plied to the base of the saturat- 
ed transistor 71. To avoid in- 
terference between the trigger- 
ing-pulse source and the bistab- 
le multivibrator, resort is made 
to a triggering diode which ac- 
cepts trigger pulses via a decou- 
pling network, CipRyy. Between 
trigger pulses, the diode is cut 
off. As a way of stabilizing the 
initial voltage, the output of the 
decoupling network is sometimes 
coupled to a clamping diode, 
D4, in which case Rg may be 
omitted from the circuit. 

We shall analyze the transient 
response of the circuit- on assum- 
ing that: 

—the capacitance of the decou- 
pling capacitor is so high that 
it passes input pulses without 
distortion; 

—the input resistance of the 

Fig. 6.9 ON transistor is a small fraction 

of the internal resistance of the 

signal ‘source (rin< R, + 7r,), so that the signal generator oper- 

ates under conditions of a short-circuit and generates a current 
pulse I, = E,/(R, +1); 

—the multivibrator is switched by a small signal. The condit- 
ions under which the signal may be assumed to be a small one will 
be defined later. 

As follows from Fig. 6.9, the total switching time of the bistable 
multivibrator is the sum of five terms. Within the interval from 
ty to}t,, the trigger pulse applied to the base is followed by a turn- 
off current Igo =I, — Ips, where Js, % Ec/Re (1 + Ye) 
— Ipiag iS the steady-state base current of the saturated transistor. 
The duration of the interval from ty to ¢, is given by Moll’s equation, 
Eq. (3.92), in which J, + /,=J, and Kgat = Blox, ss/Jcceat)- 

Within the interval from ¢, to ¢,, the potentials at the collector 
of 71 and the base of 72 keep falling until 72 turns on at time fy. 
Because:the speed-up capacitors are sufficiently large, C2 will pass 
practically all of the change of potential from the collector of 714 
to the base of 72, 
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If we include the stray capacitance C,,, it may be deemed that 
the collector potential vc, decreases exponentially, with the initial 
linear part given by 


Ver (t) & — Res (Leysaty + BI po) (t — £4) / th 


where t; — t, = 13; for tB, see Eqs. 3.44-3.46. 
Assuming that T2 turns on at vg, ~ 0 and the initial cutoff volt- 
age is Vg,pias, we get 


At =t3;—t, =t3 +VB, niasté [Ro (Icysaty + Bo) I (6.10) 


In deriving Eq. (6.10), it is assumed that 72 turns ON before 71 
turns OFF, which is true at a low value of Jgo. Thus, refining the 
definition of a small signal, we define it as such that 72 turns ON 
before 71 turns OFF. 

Within the intervals from ¢, to t;, both transistors are in the active 
region, so the feedback loop gain exceeds unity, thereby giving rise 
to a regenerative process leading to a cumulative decrease in the 
currents of 71 and a cumulative increase in the currents of 72. The 
regeneration interval terminates in driving 71 to cutoff. To evaluate 
the regeneration time, Treg, we Shall present the bistable multivibrat- 
or as a two-stage current amplifier (Fig. 6.10). Neglecting the change 
of voltage on the speed-up capacitors and assuming that the input 
resistance of the ON transistor is a small fraction of Ag, the Laplace 
transform of the stage current gain may be written 


K, (s) = — B/ (4 + stg) » — 1/stg for Treg < Ts 


where tg = 1,/8 is equal to the average transit time for minority 
carriers in the base. 
As is seen from Fig. 6.10, the Laplace transform of the incremental 
input current is 
F Tnw() Tine 
iim (8) = Fg SI @ays 


Since at the initial current ip, = — ic, (t2)/ the system is 
in a state of equilibrium, we may deem that 


Tine ~ Ipo+ ics (t2)/B 


Fig. 6.10 
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so that 


; Tpo-ticn (te)! 
LBik (s) wy ac ae 


The Laplace transform of the emitter-current alternating compo- 
nent and the respective original time function are 


ip~ (8) = [K;(s) + 1] tpn (8) 
in~ (t) = [po + ica (te)/B] exp [(t — t2)/t3] 
The transistor turns off at ig. ~ ig, (t2), whence 


ig (tz) To(sat) 
Tgo-+ icx (t2)/B = sala Tgo4-Lccsat)/B 


Thus, the regencration time is proportional to the mean transit 
time of minority carricrs in the base and decreases with increasing 
current, Jgo. For typical parameter values (/pgo = 0, tg = 10 ns, 
and B ~= 50), Treg is about 40 ns. This implies that even with a small 
signal the regeneration process in a bistable multivibrator leads. 
to a fast turn-off of the transistor. The transients taking place during 
the subsequent stages are similar to those in logic gates under large- 
signal conditions. 

The interval from tp to t; (Fig. 6.9) is the delay time, that is the 
delay with which the leading edge of vg, in the switch to become 
conducting rises to its operating value: 


Tq = Te + At + Treg (6.11) 


From the above analysis it is seen that the delay decreases with 
increasing triggering current /po and increases with increasing 
saturation factor of the ON transistor and increasing cutoff voltage 
Vz. pias at the base of the OFF transistor. 

During the interval from ¢, to é,, the positive-going leading edge 
of voltage on the collector of the turning-on stage is shaped. The 
worst case is illustrated in Fig. 6.9 where the input trigger pulse 
ceases at the instant when 71 turns off, so that the leading edge is 
solely controlled by the rising collector current of 72. The duration 
of the leading edge in this case, t?, can be found from Eq. (3.46). 

Another important process taking place within the interval in 
question is that the negative-going leading edge of the exponentially 
decreasing voltage on the collector of 74 is shaped. The time 77 
terminates at the instant t, when vc. rises to —0.9VH. Now, tz 
s 2.3%, where tc = (Rc || Rc) (C + Cy + Cc) is the equivalent 
time constant of the collector circuit. 

During the interval from ¢, to ts, the voltage on the base of the 
OFF transistor Ti reaches its steady-state value. The duration of 
this transition interval is controlled by the time required for C, 
to charge up. The transition time, also called the dynamic bias 


Treg © Tp ln 
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duration or the resolving time of a bistable multivibrator, is given by 
Tre 2.3C (Rp || Re) 


The capacitance of the speed-up capacitors should preferably be 
reduced so as to minimize both tg and t,,. On the other hand, in 
deriving relations for At, treg, and tt, it has been assumed that the 
value of C is so high that its effect may be neglected. If C be taken 
too small, the above Lime intervals might increase. A more detailed 
transient analysis (see, for example, |[41) shows that an acceptable 
balance between the desire to reduce te and tp, .., and to maintain 
At, Treg and te sufficiently small can be struck by choosing the value 
of the speed-up capacitor such that it is approximately three or four 
times the ratio t§/ Rei): 


C x 3t8/Rox2) to 4th /Ro1c2) (6.12) 


With the ratio tz/ti ranging from seven to nine, the above value of C 
practically ensures the minimuin attainable value of ti. 

Sensitivity. We shall define the sensitivity of a bistable circuit 
as the minimum duration t and ainplitude of the trigger-pulse cur- 
rent J, just sufficient for the circuit to change state reliably. 
Approximately, it may be deemed that the minimum duration of 
a trigger pulse should be timin ® to-t2, because at ft, the cutoff 
voltage is removed from the base of T2 and a process of regeneration 
commences, which may terminate in the absence of a triggering 
pulse. In view of Eqs. (3.52) and (6.10) the minimum required charge, 
Qmin, of a triggering pulse, defining the sensitivity of a bistable 
circuit can be written 

Ownta = (gt) min ~ Tsatd C(sat) (Ksat— 1) + TB Vz, pias/( Rc) (6.13) 
As follows from Eq. (6.13), the sensitivity of a bistable circuit 
improves with decreasing degree of saturation of the ON transistor 
and decreasing bias voltage on the base of the OFF transistor. Also, 
Eq. (6.13) defines the immunity of a bistable circuit towards inter- 
fering pulses produced in the base circuit of the ON transistor. More 
specifically, an improvement in sensitivity impairs the noise margin 
of the bistable circuit. 

Speed. The resolving time, which is a measure of the speed of 
an asymmetrically base-triggered bistable multivibrator, is stated 
in terms of the interval from fy to ts: 

Trin= Ta +e + Tre (6.14) 
If R, || Re ranges between 5 and 10 kQ, the principal term of the 
switching time is the resolving time, t,-. Typical values of Tintin, 
for diffused transistors are from 5 to 7 ps, and for alloyed transistors 
from 4 to 1.5 us. 

Symmetrical base triggering. A major distinction of symmetrical 
base triggering (Fig. 6.11) is that the OFF transistor remains off 
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Fig. 6.41a 


until the triggering pulse ceases. This is because the triggering diode 
D2 jumps into conduction and clamps the potential on the base of 
T2 to some positive value, so that it cannot turn on until the excess. 
minority-carrier charge is removed from the base of the saturated 
T1 and the base potential of 72 begins to fall. Thus, the currents 
of the previously saturated transistor 71 diminish when the feedback 
loop is open-circuited, and only the relationships applicable to. 
a simple switch (see Chap. 3) hold. 

At time t,, the emitter junction of 71 is reverse-biased, and the 
bases of both transistors are rapidly pulled up to the triggering- 
pulse voltage. The corresponding positive changes of voltage are 
passed via the speed-up capacitors to the collectors. Thus, until the 
triggering pulse ceases at time tg, transistor 72 remains in the OFF 
state, and only vg, keeps decreasing exponentially during the inter- 
val from t, to ¢s. 

At ¢;, the cutoff voltage on the transistor bases drops to zero, 
and there appear positive changes of base current, Jpm; and Ipmo, 
which bring about an exponential rise in the collector currents. 
The positive feedback loop between the stages of the bistable circuit 
is now completed, but the cumulative rise of currents observable in 
an asymmetrically triggered bistable circuit does not take place 
because the hase currents undergo step changes in the same direction. 
Within this portion of the transfer characteristic, the speed-up 
capacitors serve as d.c. blocking capacitors which pass the rising 
collector currents, thereby reducing the base currents. Obviously, 
if the initial value of Jpm. is high in comparison with that of Jpmy. 
the rate of rise of icy will exceed that of icg,, and ig, will decrease 
faster than ig,. As a result, ic, will ultimately cease to rise and the 
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Fig. 6.11b 


emitter junction of 71 will be reverse-biased (time t, in Fig. 6.116). 
To sum up, the condition for a normal switch-off of [1 may be written 


Igmi < IBme (6.15) 
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According to [4}, with perfect symmetry between the arms of the 
bistable circuit (Rc, = Ree and Vinny = Vz), Eq. (6.15) will be 
‘satisfied at any value of the ratio t/te. In real circuits, however, 
there always is an amount of dissymetry, so that a large absolute 
difference between Ig, and /gm, is essential for the bistable circuit 
to switch reliably. This requirement is satisfied by increasing the 
value of speed-up capacitors over their optimal value for an asym- 
metrically triggered bistable circuit. Assuming a 10-% spread in 
value between the resistors and the worst possible combination of 
circuit parameters, a bistable circuit will change state reliably 
at t/ts < 3; whence 


C > w/(3Re) (6.16) 


The interval from ¢,; to ¢t, is usually small in comparison with 
the duration of the positive and negative leading edges. During 
the intervals from ¢t, to t; and from ¢, to tg, the positive- and negative- 
going leading edges are formed and the static voltage on the base 
-of the OFF transistor is restored. In general, these processes are ana- 
logous to those observed with asymmetrical base triggering. A dis- 
tinction is that in determining the duration of the negative-going 
leading edge, one must also include the initial interval from ¢, to ¢, 
during which the triggering pulse may bring about a substantial 
change (proportional to the area of the triggering pulse) in the volt- 
age on the collector of the previously ON resistor. 

Now the total switching time of a symmetrical base-triggered 
bistable circuit also includes the duration t of the triggering pulse. 
Therefore, for a higher speed, it is desirable to reduce the value of t 
by causing it to approach the interval from fy to t,; this may be taken 
as the minimum acceptable duration of a triggering pulse. As a 


Fig. 6.1x 
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rule, the speed of a symmet- 
rically base-triggered bistable 
circuit is half as high as that 
of an asymmetrically base- 
triggered circuit. 

Steered symmetrical base 
triggering. The speed of a 
symmetrically base-triggered 
bistable circuit can be brought 
closer to that obtained with 
asymmetrical base triggering 
by applying the output volt- 
age of the bistable circuit to 
the anode of a second trigger- Fig. 6.13 
ing diode so as to prevent it 
from jumping into conduction. This is known as steered triggering. 
A circuit adapted to steered symmetrical base triggering is shown 
in Fig. 6.12. 

Unsaturated bistable circuit. The primary factor limiting the 
speed of bistable circuits using r.f. drift transistors is the storage 
time. that is, the time required for the removal of the excess minori- 
ty-carrier charge from the base and collector of a saturated transistor. 
As is shown in Chap. 3, the storage time can effectively be cut down 
by applying nonlinear negative feedback. Figure 6.13 shows a high- 
speed bistable circuit using nonlinear-feedback switches in which 
the bias voltage is supplied by Dy1,,. Because the transistor in the 
conducting arm of the bistable circuit is in the active region, this 
configuration is sometimes referred to as an unsaturated bistable circuit. 

The resolving time of the circuit in Fig. 6.13 can be cut down by 
using recovery diodes 0,, placed across the emitter junctions of 
the transistors. With this arrangement, the time constant of the 
circuit over which the charge on the speed-up transistor is restored 
is Cry. The joint use of nonlinear feedback and recovery diodes can 
eut down the resolving time of a bistable circuit by an order of 
magnitude. 


6.4. VACUUM-TUBE BISTABLE CIRCUITS 


Vacuum-tube bistable circuits, both symmetrical and unsymmetri- 
cal, are analogous to their transistorized counterparts. 

In a symmetrical vacuum-tube bistable circuit (Fig. 6.14), the 
voltage dividers R.R, in the coupling networks are chosen such 
that in static states one tube is at cutoff and the other is operating 
with its grid drawing current. With this arrangement, the change of 
plate voltage will be more stable despite variations in tube parame- 
ters and supply voltages. The change of plate voltage is only a fraction 
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Fig. 6.14 Fig. 6.15 


of E,, because its value for an ON tube is substantially greater than 
for an ON transistor. 

In an unsymmetrical cathode-coupled vacuum-tube bistable cir- 
cuit (Fig. 6.15), assuming that the circuit is in one of its two stable 
states (71 is OFF and 72 is ON), the initial level of output voltage 
is stabilized by causing 72 to operate with its grid drawing current 
(Vgna > 0). The characteristics of vacuum-tube bistable circuits are 
given in [4]. 


6.5. FLIP-FLOPS 


When bistable circuits are used in logical digital networks, they 
are usually called flip-flops. A flip-flop is switched between its two 
stable states by input signals of the logic type, that is, two voltage 
levels of which one corresponds to a logic 0 and the other to a logic 1. 
If the input and output logic levels are properly matched, the output 
of one flip-flop (FF 1) can be coupled to the inputs of other flip-flops 
(FF2) and logic gates (LG2), and the output of a logic gate (LG1) 
to the input of a flip-flop (Fig. 6.16). 


Sequential Circuits 
and Finife-State Machines 


Outwardly, a flip-flop resembles a logic gate, because its output 
is a single binary variable whose value is determined by the state 
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of the flip-flop and the combination of binary variables present 
at its inputs. In contrast to a logic gate, however, the input-out- 
put relations of a flip-flop cannot be described by a switching 
function. The point is that the existence of two stable states 
makes the correspondence between input and output other than 
univalued. Now we must know not only the combinations of the 
inputs, but also their time sequence. For this reason, such circuits 
are called sequential. 

Hence, an important point about sequential circuits (or networks) 
is that the present value of the output is dependent on the past values 
of inputs as well as on their current values. For example, the output 
signal of an asymmetrically triggered flip-flop depends on which 
of the inputs was the last to accept a trigger pulse. For a symmetrical- 
ly triggered flip-flop, the output signal depends on whether the input 
sequence contained an even or an odd number of pulses. 

Mathematically, the input-output relations of sequential circuits 
are modelled by what are known as finite-state machines (or still 
more abstractly, finite automata). As abstractions, finite-state machi- 
nes are convenient tools in a functional analysis of flip-flops and 
complete digital networks and systems. 

Definition. A finite-state machine (a finite automaton) is a sys- 
tem for which the following parameters are defined: 

—sampling time ¢ which actually is the ordinal number (¢ = 
= 0, 1, 2, ...) of a particular sampling interval; 

—a finite set {2,, 22, ..., Yn} of likely values of the input signal 
X (t), called the input alphabet of the finite-state machine; 

—a finite set {y1, Yo, ---, Yno} Of likely values of the output 
signal Y (t), called the output alphabet of the finite-state machine; 

—a finite set {41, 2, -- +» Qns} of internal states; 

—a transition (next-state) function F, which defines the state 
into which the finite-state machine will move at time (¢ + 4), if 
its state and the value of the input signal at time ¢ are known; 

—an output function Foy; relating the value of the output signal 
to the internal state of the machine and the input signal at time ¢. 

Denoting the current state of the machine by Q(t), the next- 
state function F, and the output function Foy, may be written 


Q(é +1) = Fi (Q(t), X @) (6.17) 
a (t) = Fout (Q (4), xX (t)) (6.18) 


If we know the form of F; and Foy, for any initial state Q (0) 
and any input signal X (¢), we can find the sequence of states Q (é) 
and the output signal Y (é). 

Sequential circuits most commonly used in the digital field ordinari- 
ly have binary inputs and outputs. Accordingly, the input and 
output alphabets of the finite-state machines modelling them are 
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sets of combinations of binary input and output variables. Consider 
as an example a finite-state machine (Fig. 6.17a) having three input 
variables z,, %), and x3, and two oulput variables y, and yy. The 
input alphabet contains eight combinations of variables (Fig. 6.170), 
the output alphabet four (Fig. 6.17c). Sometimes, the input and output 
alphabets will contain only some of all the likely combinations. The 
combinations not included are called forbidden. 

A fundamental! result of the theory of finite-state machines (finite 
automata theory) [48] is that any sequential circuit can be decompos- 
ed into a system of two simpler interacting entities, one having 
nofmemory and the other having memory. The memoryless part of 
a sequential digital (or switching) circuit is what is known as a 
combinational (or combinatorial) logic. Its present behaviour is 
determined solely by the present inputs, regardless of the past input 
history. Thus, a combinational circuit may be thought of as a one- 
state (trivial) sequential machine. Its next-state function reduces 
to an identity function, and its output function to a set of switching 
functions for the input binary variables, that is, 


Yr =F outs (Za, Loy - + +) TM) 


Yo = Foute (24, Loy vee <1) (6.19) 


Beta aia ote eb, as Sor) BAe eh Ola Se ae ne? a8 ae 
Yme= Fout, m2 (T1 Ley +++, Ty) 


where M1 and M2 are the number of input and output binary variab- 
les respectively. 

The memory part of a sequential digital circuit uses discrete 
storage elements, such as flip-flops. In effect a flip-flop may be 
looked upon as an elementary sequential circuit, or a finite-state 
machine with two internal states. Its states are coded by a binary 
variable Q whose value is the same as that of the output variable, 
so its output function reduces to an equation 


y=Q (6.20) 


Flip-flops differ in the number of inputs and in the form of the 
next-state (transition) function. Digital networks are usually made 
with a relatively small number of different flip-flop types. In prin- 
ciple. any sequential circuit can be realized with a single type of 
flip-flop, provided its transition function statisfies the condition 
of completeness, which requires that for any state there must be an 
input signal which will switch the flip-flop to a new state, and an 
input signal which will leave the state of the flip-flop unaffected. 

Before we take up the actual flip-flops that go to make digital 
sequential circuits most frequently, it appears useful, as we believe, 
to examine them as finite-state machines. In our discussion, we 
shall use the same type designations as are assigned to the flip- 
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flops themselves. The reader interested in the flip-flops as such may 
skip this discourse and go directly to the flip-flop circuits. 

D-type elementary finite-state machine. This form of finite-state 
machine has one binary input variable, D. The transition (next- 
state) function has the form 


Qt +1) =D) (6.21) 


In other words, the state of the machine at time (¢ +- 1) is indepen- 
dent of its previous state and takes the value of the input variable 
at time ¢. In digital systems, a D-type machine delays the input 
signal for one bit time. 

T-type elementary finite-state machine. This form of finite-state 
machine has one binary input variable, 7. Its transition (next- 
state) function is described by a switching function of the} form 


QE+1=THOH+T HOt) =T(t) @ Q(t) (6.22) 
In other words, the output signal at time (é¢ -+ 1) is the modulo 2 
sum of the machine state and the input signal at time ¢. It is denoted 
by the @ sign. The function of a T-type machine is to count input 
signals one by one. 

RS-type elementary finite-state machine. This form of finite 
state machine has two binary input variables, R and S. Its transi- 
tion (next-state) function is described by a switching function of 
the form 

Qt+1=SH+EMR() (6.23) 
provided that AS = 0. The machine will retain its internal state 
at R = S = 0. When S = 1, the machine is set to a logic 1 state; 
when R = 1, the machine is reset to a logic 0 state. The input 
condition S =1 and & = 1 is an indeterminate one and should 
never be allowed to occur. The function of an RS-type machine is 
to delay the input signal for a bit time or to store one bit of data. 

DV-type elementary finite-state machine. This form of inachine 
has two binary input variables. D and V. Its transition function is 
described by a switching function of the form 


Qt+1)=VHODH+THOW (6.24) 

When V=1, the machine is analogous to a D-type machine; when 
V = 0, it retains its state unchanged. 

A DV-type machine is universal, that is, it can delay the signal 
for one bit time, store one bit of data, and count input signals one 
by one. To perform counting, it will suffice to connect the Q out- 
put to the D input in a DV-type machine. Then Eq. (6.24) will 
reduce to Eq. (6.22). 

JK-type finite-state machine. This form of finite-state machine 
has two binary input variables, J and K. Its transition function is 
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described by a switching function of the form 
Q(t+1)=J(HOWM+K OO) (6.25) 


This is a universal machine. When JK = 0, it operates like an 
RS-type machine. When J = K, the machine operates like a T-type 
machine. 

Accordingly, the physical realizations of the above finite-state 
machines—flip-flops— can have the following inputs: 

S to set a flip-flop to the 1 state 

R to reset a flip-flop to the 0 state 

T to toggle (or complement) the previous state of a flip-flop 

D to set or reset a flip-flop 

V to enable a change of state 

J to switch from the 0 to the 1 state 

K to switch from the 1 to the 0 state 

In contrast to abstract finite-state machines, real pulse-output 
and digital systems operate in continuous time. Conversion from the 
discrete-time operation associated with abstract finite-state machines 
to the continuous-time operation of real digital systems is an import- 
ant division in the theory of automata. 

According to the manner in which their operation is timed, all 
sequential networks, including flip-flops, may be divided into asyn- 
chronous and synchronous. 


Asynchronous Sequential Networks 


These are mechanized with level logic gates. In them, the signals 
are allowed to propagate through the logic chains at their own pace, 
because in a normally operating sequentia! network the logic gates 
change state only in response to a change in the input signal. 

Each change in the input signal is followed by a transient process 
during which the interconnected logic gates switch in turn. This 
process terminates in the sequential network assuming a new stable 
state in which it will remain until the input is changed again. Because 
level logic gates contain no dynamic storage elements, the time dur- 
ing which the network remains in a stable stale does not affect the 
processes accompanying the subsequent transition. Therefore, it is 
legitimate to adopt as the unit of time the interval hetween two 
consecutive changes in the input. Then at the beginning of each 
transition, what we call sampling time will take on an integer value 
for which the state of the sequential network is known. 

As an example, let us define sampling time for an asynchronous 
sequential network with three binary input variables whose timing 
diagrams are shown in Fig. 6.18a. The instants at which transitions 
take place are numbered from 1 through 6. Taking the interval 
between two consecutive transitions as the unit of time we may 
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Fig. 6.18 


introduce sampling time ¢’ which takes on an integer value (marked 
by the open and filled circle in Fig. 6.18) when the input variables 
change in value. At these integer values of t’, the switched variable 
is assumed to have the same value as it had immediately before the 
transition. 

Input alphabet of an asynchronous sequential network. Suppose 
that we know the combination of the input variables and the inter- 
nal state of the system at some sampling time ¢. The next state to 
which the network will go at time (¢ + 1) depends on which of the 
input variables changes its value at time t. Thus, the input signal 
of an asynchronous sequential network is defined not only in terms 
of the binary input variables, but also in terms of their change at 
discrete instants of time. 

Let us connect each input variable z to a binary variable dz, 
a digital differential defined for integer values of ¢ and taking on 
a value of 1 if x changes and a value of 0 if x does not change at 
that instant. The value of dz can be represented as a switching func- 
tion for the values of xz at times tf and t + 1: 


dz (t)=2(t+1) @ x(t) (6.26) 


In other words, the input alphabet of an asynchronous sequential 
network is determined by the sum of the combinations of the binary 
input variables and of their differentials. 

The sequence of input combinations for the sequential network 
illustrated in Fig. 6.18 is given in Table 6.1. 


Table 6.1. Sequence of Input Combinations 
for an Asynchronous Sequential Network 
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“Lofty. In analyzing the next-state functions of 
dx | ™ an asynchronous flip-flop, it is required to 
ca sk describe the transitions of the input variables 
x ' causing changes of state. This can conveni- 
» ently be done by using the logical (Boolean) 
‘product of the variables (or of its negation) 
~ by its differential. The unity value of the 
product z (t) dz (¢) will then indicate that at 
time t the variable x changes from the 1 to 
Fig. 6.19 the O state. Let us call this transition the 
negative edge of the signal z (¢). Similarly, 
the unity value of the product z (t) dz (t) indicates that at time z 
the variable x changes from 0 to 1. Let us call this transition the 
positive edge of the signal z (¢). Figure 6.19 shows the sequence 
of signals dz, zdx and zdz for a positive pulse. 
In the general case, the next-state function of an asynchronous 
flip-flop is the switching function of the flip-flop’s internal state Q, 
input variables z,, 2,, ..., Zy, and their differentials: 


Q(t + 1) = F,1Q (é), 2 (t), «.-, tu (b), At (t), - ~ -y ALar (E)] 
(6.27a) 
It can be recast in differential form as 


dQ (¢) = 91 (Q (t); 2 (t), « . +, tu (t); day (t), -. -, dry (t)) 
(6.27b) 


Equations (6.27a) and (6.27b) are connected by an equality of 
the form 


Q(t+1)=Q (t) @ dQ (t) (6.28) 


Suppose that the state of an input of an asynchronous flip-flop 
is determined by the input variable xz and its differential dz. They 
can affect the transition of the flip-flop to the next state in any one 
of several ways. Accordingly, there are several types of input. 

A flip-flop is said to have a dynamic input, if the transitions of 
the flip-flop are solely controlled by a change in the value of the 
input variable z. As a further subdivision, there may be a normal 
dynamic input, if the drive is the positive-going edge of the signal 
x (t), or a complementing (inverting) dynamic input, if the drive is 
the negative-going edge of the signal x (t). The dependence of the 
next-state function on the variables x (t) and dz (t) existing at a 
dynamic input can be written as a function of only one binary variable 
equal to the positive-going edge, zdz, in the case of a normal in- 
put, or to the negative-going edge, rdz, in the case of a complement- 
ing input. The very possibility of such a presentation is an indica- 
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tion that the input is a dynamic one. Graphic 
symbols for normal and complementing inputs 
are shown -in Figs. 6.20a and b. - 

A flip-flop is said to have a static input, if 
the value of the input variable affects its 
transitions, even if the value remains unchan- (a) (b) 
ged during a transition. As a further subdivi- 
sion, there may be a steering (or control) static Fig. 6.20 
input, if a change in x only determines how 
the other inputs can affect the flip-flop’s transitions. An indica- 
tion of a steering input is the fact that the next-state function of 
the flip-flop is independent of the differential of the variable, dz, 
existing at that input. 

The inputs of a flip-flop are termed data inputs, if the permitted 
combinations of input variables z,. r., ..., ty can be identified 
with any one of three types. Input combinations of the first type 
(let us call them passive) are those with which the flip-flop retains 
the property of bistable operation. A change of state may occur due 
to signals at other (non-data) inputs. Input combinations of the 
second type (let us call them reset or clear signals) are those which 
override the bistable operation of the flip-flop and force it to move 
to the 0 state (Q = 0), irrespective of the flip-flop’s previous state 
and signals at the other inputs. Input combinations of the third 
type (let us call them set signals) are those which set the flip-flop 
to the 1 state, irrespective of the flip-flop’s previous state and signals 
at other inputs. Combinations which do not fall in any of the three 
types are forbidden. 

Let us define the switching functions r(x, ..., %y) and 
S$ (z,, ..., Zy) under the following assumptions: 

—the r-function takes on value 1, if the combination of z,, ... 
.... ty is a reset or clear signal, or value 0 otherwise. Let us call 
it the reset or clear function; 

—the s-function takes on value 1, if the combination of z,. ...- 


. . «. Ly is a set signal, and value 0 otherwise. Let us call it the set 
function. 
It follows from the foregoing that 
rs =0 (6.29) 


So long as the signals remain unchanged at a flip-flop’s inputs 
other than data inputs, its state is described as 


Q=s+Qr (6.30). 
The validity of Eq. (6.30) can readily be verified. At s = 1, Q@ = 1. 


At r =1, it follows from Eq. (6.29) that s = 0; therefore, Q@ = 0. 
When r = s = 0, Eq. (6.30) reduces to Q = Q which has two solu- 
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Fig. 6.21 Fig. 6.22 


tions: @=0 and Q =1, which is an indication that the flip-flop 
retains its property of bistable operation. 


The next-state function of a flip-flop having data inputs is defin- 
ed by 


dQ (t) = Q (t) 5 (¢) ds (t) + Q(t) r (i) dr (t) (6.31) 
Q(t +1) =8(t) ds (t) +Q (t)r (t) dr (t) (6.32) 


Using Eq. (6.28), we can readily pass from Eq. (6.31) to Eq. (6.32) 
on the basis of forma! transformations in Boolean algebra. 

Let us define the next-state functions for the basic types of asyn- 
chronous flip-flops implementing the elementary finite-state machin- 
‘es examined earlier. 

Asynchronous T flip-flop. Let the logic 1 at the T input of the 
finite-state machine correspond to a positive step change in the 
input signal 7 (¢) of an asynchronous 7 flip-flop. Then the next- 
state function defined by Eq. (6.22) will change to a next-state 
function of the form 


Q(t +1)=Q(t)@ TdT (6.33a) 


or 


dQ (t) = TaT (6.33b) 


The 7 flip-flop described by the next-state functions defined 
by Eqs. (6.33) is triggered by the positive edge of the input signal. 
Its logic symbol and timing diagrams are given in Fig. 6.21@ and b, 
respectively. Figure 6.22 shows the logic symbol and timing dia- 
grams for the 7 flip-flop triggered by the negative-going edge of the 
trigger input. 

Asynchronous RS flip-flop. The R and S inputs are data inputs. 
‘The set and reset functions ares = RS andr — SR. Since the condi- 
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Fig. 6.23 Fig. 6.24 


tion RS = 1 is never allowed to occur. the set and reset functions 
may be simplified: s =~ S andr = R. Then the state of the flip-flop 
may be written 


Q=S+QR (6.34) 
The logic symbol for the AS flip-flop is shown in Fig. 6.23a. A modi- 
fication of the above RS flip-flop is one with complementing data 
inputs. Its logic symbol appears in Fig. 6.236. and its set and reset 
functions are s=S and r = 2. 
Asynchronous DV flip-flop with set-reset inputs. The set and reset 
functions are 


s= VD, r= VD (6.35) 
and the state of the flip-flop may be written 
Q=VD+QVD (6.36) 


The next-state function in differential form is 


dQ (t)=Q(t)VOQDOQAV ODE) 


+Q (t) V(t) D(t) d [V (t) D(t)) (6.37) 


The logic symbol and timing diagrams of the DV flip-flop are given 
in Fig. 6.24a and 0b. 

Asynchronous DV flip-flop with a normal dynamic V input and 
a steering D input. The next-state function for this flip-flop is de- 
rived from Fq. (6.24) on replacing the variable V with its dynamic 
equivalent WdV. Then, 


Q(t +1) =D (t) V(t) aV (t) + QV (t) AV (2) (6.38a) 
or 


dQ (t) =[D (t) © Q(t)] V (é) dV (2) _ (6.38b) 


188 CH. 6 BISTABLE CIRCUITS 


= 


1234567 ¢t 
(a) (b) (a) -(b) 


Fig. 6.25 Fig. 6.26 


The logic symbol and timing diagrams for this flip-flop appear in 
Fig. 6.25a and b. An asynchronous DV flip-flop with the complement- 
ing D or V input can be defined in a similar way. ; 
Asynchronous JK flip-flop. This flip-flop has two dynamic inputs. 
The logic symbol for a JK flip-flop with normal dynamic inputs is 
shown in Fig. 6.26a. Its next-state functions can be derived from 
Eq. (6.25) on replacing the variables J and K with their dynamic 


equivalents JdJ and KdK. Then, 


Q(t+1) =Q(t) F(t) a (t) + Q(t) K(t)dK(¢) — (6.39a) 
or 


dQ (t) = Q(t) J (i) aT (t) + Q @) K (#) aK (2) (6.39b) 


The timing diagrams for an asynchronous JK flip-flop with normal 
inputs are shown in Fig. 6.26. An asynchronous JK flip-flop with 
complementing dynamic inputs can be defined in a similar way. 


Synchronous Sequential Networks 


Transition of synchronous sequential circuits from one state at 
a sampling time ¢ to the other state at the next sampling time ¢ + 4 
are controlled (synchronized) by what are known as clock pulses. 
Clock pulses are generated by a circuit called the clock, and applied 
to a separate “clock” input. Synchronous sequential circuits may 
have one or several clock inputs. 

The state of a complex sequential circuit is determined by the 
states of all the flip-flops it contains. Therefore, a transition of 
a synchronous sequential circuit to a new state is in effect a parallel 
or a series-parallel transition of the flip-flops in response to clock 
pulses. Flip-flops which change state under the action of clock 
pulses are called clocked or synchronous; they may likewise have 
one or several clock inputs. 

Clocked flip-flops may be classed into two broad groups. In those 
belonging to the first group, no restrictions are imposed on intercon- 
nection between flip-flops; for example, the input of such a flip- 
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flop may be coupled to its output, the same clock pulses can be used 
for the component flip-flops and for the sequential circuit as a whole, 
and the number of clock inputs will be the same for the individual 
flip-flops and for the entire sequential circuit. In those belonging 
to the second group, interconnections between the flip-flops within 
a sequential circuit are allowed only if changes of state occur at 
different clock times; an interconnection between the input and out- 
put of such a flip-flop is not allowed. In our further discussion, flip- 
flops in the first group will be referred to as having internal (inher- 
ent) delay, and those in the second, as having no internal delay, or 
primitive. 

The manner in which primitive flip-flops may be interconnected 
can conveniently be examined by reference to the diagram of a gene- 
ralized sequential circuit (Fig. 6.27). It uses D flip-flops which re- 
quire two clock pulses to change state, so they switch from one state 
to the other in two steps. During the first step, a clock pulse applied 
to input C2 causes the flip-flop to go to the 0 state, @ = 0. During 
the second step, a second clock pulse applied to input C1 causes the 
flip-flop to switch to the 1 state, Q = 1, only if a 1 is applied to 
the D input. If a 0 is applied to the D input, the flip-flop will rem- 
ain in the 0 state, Q@ = O. For the correct operation of the flip-flop, 
it is essential that the signal at the D input should remain constant 
so long as there is a pulse at input C1. Because of this restriction, 
flip-flops driven by a common clock pulse may not be interconnected. 

Arbitrarily, the sequential circuit of Fig. 6.27 may be divided 
into two interacting sections. The flip-flops in section I are driven 
by clock pulses CP1 and CP2 during the time interval t, (Fig. 6.28), 
and the flip-flops in section II are triggered by clock pulses CP3 
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and CP4 during the time interval 


3) T2 
ef | t,. The two time intervals do not 
| | overlap, so the flip-flops in section 
; t IJ remain in their previous states as 


those in section I change state, and 
| ~ Vice versa. With this arrangement, 


éRS t ; | |  'we may interconnect any two flip- 
| | | | | | flops in the two sections. In the 
general case, the desired next-state 

cp4 | Revita ol function is obtained by forming the 
| | pmaize | _ input data signals of the flip-flops 


to t in the section as the switching func- 
—— tions of the output signals from the 
Fig. 6.28 flip-flops in the other. These func- 


tions are generatedby combinational 

logic circuits, CLZ1 and CL2. 
Because it takes some time for a signal to propagate through logic 
gates, the logic signa! arrives at the input of the respective combina- 
tional circuit with a delay relative to the instant when a clock pulse 
is applied to the flip-flops in a given section. For correct operation 
it is required that all transients at the output of CL1 should die out 
before CP4 is applied. In other words, the maximum propagation 
delay time through the logic gates in section J should not exceed 
the time interval between the application of CP2 and CP4 (the time 
interval tpg, in Fig. 6.28). Similarly, the maximum propagation 
delay through the gates in section II should not exceed tpg. These 
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restrictions define the minimum clock period 7, equal to the time 
interval required for the sequential circuit to go from the present 
to the next state. 

Sequential circuits implemented with one-clock-input flip-flops. 
without internal delay are built along similar lines, but they require 
only two clock pulses for a change of state. 

A special case is the sequential circuit in which CL1 is omitted 
(Fig. 6.29a). The flip-flops in section I are directly coupled to those 
in section II. The coupling lines (shown by the dashed lines in the 
diagram) may be single-wire or two-wire. Two directly coupled 
basic flip-flops may be regarded as a single flip-flop with an internal 
delay. The behaviour of this combined flip-flop is determined by 
that in section I, called the master; accordingly, the flip-flop in 
section II is called the slave. Yogether. they form a master-slave 
(MS) flip-flop. The logic symbol for a master-slave flip-flop with 
two clock inputs is shown in Fig. 6.296. Similarly, we can build 
master-slave flip-flops with three and four clock inputs. 


Simulation of Synchronous Flip-Flops 
by Asynchronous Flip-Flops 


A distinction of flip-flops built from level-type logic gates is 
that their clock inputs can serve as their data inputs. Moreorver, 
the sequence of clock pulses may be regarded as an alternating sequen- 
ce of 0 and 1 values of the variable C at the clock input. Because of 
this, it is legitimate to treat an isolated synchronous flip-flop as an 
asynchronous circuit in which some of the data inputs serve as clock 
inputs. In effect, such an asynchronous circuit simulates a synchron- 
ous flip-flop in a clocked network. 

Primitive synchronous flip- flops can be simulated by asynchro- 
nous circuits and set-reset inputs because the data input signals of 
a primitive flip-flop remain constant for the duration of a clock 
pulse. The state to which a primitive flip-flop can go is uniquely 
decided by the combination of the input variables. For a primitive 
flip-flop with a direct clock input C and data inputs z,, ..., Zy, 
the set (1) and reset (0) functions can be written 


S= CQ, (41, - ++) Fu)y T= CH (M1, -- +, Ly) (6.40) 


where the form of the functions @, and @p depends on the specific 
type of flip-flop. 

The switching functions and logic symbols for the basic types of 
direct-input primitive flip-flops are summarized in Table 6.2. For 
a complementing-input primitive flip-flop, the variable C in 
Eqs. (6.40) and the respective expressions in Table 6.2 must be re- 
placed by their negations. 


v 
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Table 6.2. Basic Types of Primitive Flip-Flops 


Name Logic symbol Switching function 
D flip-flop: 7 
with two clock s= €2D 
inputs r=C1 
Q=C2D+-0C1 
O| FF s=CD 
with one clock r=CD 
input c i 0=De--0b0 
With one clock D| FF s= CDV 
input: ay c r=CDV 
eeageere vl sg @=DVC+ODVC 
S| FF s=CS 
RS flip-flop c r=CR xs 
R 9 Q=SC+OQRC 


Consider the simulation of one-clock-input flip-flops with an 
internal delay, assuming that in the general case this type of flip- 
flop implements an elementary finite-state machine for which the 
next-state function is 


Qt+1) =F IQ, XW) 
where X (¢) is the binary variables at the data inputs of the flip- 
flop at time tf. 

Let Q and X be sampled at the instants when the positive-going 
edge of a clock pulse C is formed. Then the circuit simulating the 
flip-flop in question may be visualized as an asynchronous flip-flop 
which changes state at the instant when the positive-going edge of 


C (t) is formed, on the condition that @ ~ F; (Q, X). The applica- 
ble next-state function has the form 


dQ(t) =[Q (t) ® Fy (Q(t), X (t))|C dc 


or 


(6.41) 
Q(é+1)=Fr IQ (t), X (1 C dC + (C dC) 
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As is seen, the simulated flip-flop has a direct dynamic input C 
and control inputs X. 

In a similar way, we can simulate a synchronous flip-flop in which 
the values of the data signals Q and X are determined at the instant 
when the negative-going edge of a clock pulse is formed. To this 
end, it will suffice to replace the direct dynamic C input in the model 
by a complementing input. 

As an example, consider an asynchronous model of a one-clock- 
input synchronous D flip-flop. On setting Fy = D in Eq. (6.41), 
we get 


dQ =[Q (t) @ D(t)]C dC (6.42a) 
Q (t-+1)=D(t) CdC + (t) (C dC) (6.42b) 


From a comparison with Eq. (6.38) it is seen that a synchronous D 
flip-flop can well be simulated hy an asynchronous DV flip-flop 
with a dynamic V input. 

An advantage of synchronous flip-flops with a dynamic clock 
input is that there is no restriction imposed on the manner in which 
signals at its data inputs may change. A disadvantage is that some 
tvpes of elementary finite-state machines are difficult to realize. 

In some cases, a flip-flop circuit can be simplified by imposing 
reasonable restrictions on changes in the input data signals. The 
rationale of such restrictions is to forbid any changes in these signals 
during the half-cycle of a clock pulse preceding the edge that causes 
the flip-flop to change stale. To make the matter more specific, 
suppose that a flip-flop is caused to change state by the positive- 
going edge of a clock pulse C (¢). Let us require that the time t, 
during which C = 1 be longer than the signal propagation delay 
through the combinational logic which couples the outputs of the 
flip-flops to their inputs. Then all transients in the circuit will 
have died out by the time the negative-going edge of the clock pulse 
forms, and the binary variables at the data inputs of the flip-flop 
will remain unchanged for the time interval t) when C = 0. In 
fact, the data variables Q(t) and X (é) of the sequential circuit 
are sampled during the time intervals t,. Subject to the above rest- 
rictions, the next-state function for the flip-flop may be written 


C (t) dX (t) =0 (6.43) 


The equation describing the restrictions on the input contains 
the variable C without a differential, so the C input must be regard- 
ed as the complementing static clock input of a flip-flop with an 
internal delay. A flip-flop with a normal clock input can be described 
in a similar way, except that the variable C must be negated in 
Eqs. (6.41) and (6.42). 
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6.6. FLIP-FLOPS MADE WITH LEVEL LOGIC GATES 


Flip-flops are realized with logic gates which produce the basic 
switching functions. namely NAND, NOR, AND-NOR, and OR- 
NAND. Owing to the duality of logic (Boolean) multiplication and 
addition (see Chap. 5), any flip-flop built from NAND (AND- 
NOR) gates can be replaced by one made with NOR (OR-NAND) 
gates without changing the interconnections between the gates. 
The flip-flop thus obtained will only differ in that it will negate 
the input and output variables. In view of the foregoing, we may 
limit our discussion to flip-flops consisting of NAND and AND- 
NOR gates. 

In flip-flops, it is convenient to visualize the NAND gates as 
a circuit which can be disabled (blocked) and enabled (unblocked) 
by a control signal. The control signal may be any of the input 
binary variables. As an example, consider a three-input NAND 
gate (Fig. 6.30). 

Suppose that the control signal is the variable z,. The gate is 
disabled (blocked) when zx, = 0, because the state of the output 
variable, y = 1, is then independent of the state of the input variab- 
les 2, ..., ty. If a} = 1, then y = a, ..., Z,, which is another 
way of saying that the output variable depends on the state of the 
other inputs. As an alternative, we may use as a control signal two 
or more input variables simultaneously. The gate will then be dis- 
abled (blocked) if at least one of the control inputs is in the 0 state, 
and enabled (unblocked), if a1 is applied to all the inputs. 

When building flip-flops with AND-NOR gates, the function 
of a unidirectional circuit may be performed by using a distribut- 
ed AND connection. 

1-bit storage cell. As is shown in Sec. 6.1, a circuit made 
up of two inverters connected in cascade and using positive feedback 
will have two stable states. If the inverters are replaced by multi- 
input circuits, the resultant binary cell can be switched from one 
stable state to the other by applying suitable control signals. 

The simplest steered binary cell based on NAND gates is shown 
in Fig. 6.31. The connection between the logic gates in the cell is 


Fig. 6.30 Fig. 6.31 
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such that 


Q= x, (Qx2) = 24+ Oz, (6.44) 


On comparing Eq. (6.44) with Eq. (6.34), we may conclude that the 
binary cell in question is an asynchronous RS flip-flop with comple- 
menting set-reset inputs. The Jogic symbol for this type of flip-flop. 
is shown in Fig. 6.25b. 

The dynamic performance of a set-reset flip-flop cell can be eva- 
luated in terms of two parameters, namely: Tx, min defined as the 
minimum duration of the set or reset signal required for the flip- 
flop to change state reliably. and ty defined as the total delay with 
which the flip-flop reaches its final output state with respect to the 
input signal. 

In a 1-bit storage cell. both quantities are determined by the 
propagation delay of the signal through the two series-connected 
logic gates. Therefore, 


Tx1, min = Uxe, max = TT = 2T pd, max (6.45): 
It is to be noted that in deriving Eq. (6.45) we practically ignore 
the regenerative stage of the switching process in a flip-flop consist- 
ing of logic gates. We do so because under large-signal conditions. 
the transistors in two logic gates connected in cascade will practical- 
ly never be in the active region at the same time. 


Level-Type Flip-Flops with Set-Reset Inputs 


Flip-flops made with NAND gates. This type of flip-flop is imple- 
mented by combining a level-type bistable cell and a combinational 
logic circuit which generates the functions s(xz,,..., 2,,) and: 
r (2%, ..-, Ly) (Fig. 6.32a). 

An asynchronous DYV flip-flop (Fig. 6.32) is synthesized in accord 
with Eqs. (6.35), in which V is replaced by VC. The input line for 
the clock pulse C is shown dashed in Fig. 6.320. 

A one-clock-input RS flip-flop (Fig. 6.32c) and a two-clock-input 
D flip-flop (Fig. 6.32d) have a structure answering the equations 
in Table 6.2. In DV and RS flip-flops, a change of state is accompani- 
ed by a consecutive switchover of three logic gates, and the total 
switching delay time is 


Tr = 3t ya, max (6.46) 


As for a 14-bit storage cell, the minimum duration of the trigger 
pulse at the V or C input is equal to 2t,, assuming that thy = Tpa. 
In the worst case when thg = 2t3g and th = 0, the minimum 
duration of ‘he respective pulses will approximately he 


Ty, min =e, min = 4ST pa, max (6.47) 
| 138 
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Fig. 6.32 


With the clock pulse applied to the Cj inpul, the dynamic behavi- 
our of a two-clock-input D flip-flop is the same as that of a level- 
type binary cell [see Eq. (6.44)]. With the clock pulse applied to 
the C. input, it is similar to that of an RS flip-flop, as described by 
Eqs. (6.46) and (6.47). 

Flip-flops made with AND-NOR gates. In these flip-flops, the 
functions of a level-type binary cell and a combinational logic 
circuit are usually combined, and the logical design of the flip-flop 
reduces to a superposition of the AND, OR and NOT functions of 
the right-hand side of the state (characteristic) equation. 

A clocked normal-input RS flip-flop (Fig. 6.33a@) can be described 
by re-arranging its characteristic (state) equation: 


Q=SC +QCR=(C+S)(Q+CR) 
=6(€+5)+CRS=O+CS-+CR 
The equality CRS = CR stems from RS = 0. 


A clocked complementing-input RS flip-flop (Fig. 6.33b) answers 
the following state equation: 


Q=30' 4 OR CoS OFOR) - CFI OC TR 
=C' (QC’ 4+- QR’) +S’ (QC’ + QR”) 
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Fig. 6.33 


A two-clock-input D flip-flop (Fig. 6.33c) answers the following 
State equation: 


Q = DC, + QC, = DC, + QC, 


Of special interest is a clocked D flip-flop of the latch type. In 
our previous discussion, we have assumed that the clock pulses C; 
and C, occur at different instants. However, this is not the only 
mode of operation for a flip-flop with two clock inputs. In fact, 
partly overlapping clock pulses lead to a higher speed, because the 
reset (clear) phase partly coincides with the set phase. This principle 
underlies the operation of the clocked latch D flip-flop whose timing 
diagrams are shown in Fig. 6.33d. Of particular interest is the transi- 
tion to the state for which Q = D = 1, because at D = O the input 
line to C2 is blocked and it is cf no importance whether the pulses 
overlap or not. In the general case, for the correct operation of the 
flip-flop it is necessary to delay the trailing edge of C, relative to C, 
for a sulficiently long interval. At Toa = 0, a false operation of 
a flip-flop made with AND-NOR gates (the transition to Q = 0 
with D = 1) may only occur if the propagation delay of the positive- 
going edge of C, through the AND-NOR gate exceeds the propagation 
delay of the negative-going edge of C, by an amount such that the 
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false spike at the Q output is sufficiently long to cause the flip-flop 
to change state. This possibility is practically avoided if C, is the 
negation of Cj, in which case t,,, is decided by the delay due to the 
inverter shown in Fig. 6.33c by the dashed line. With C, generated 
in this way, the flip-flop in question operates as one with a single 
clock input. 


Flip-Flops with Internal Memory 


In Sec. 6.3, we have examined a steered symmetrical flip-flop 
(see Fig. 6.12) which is caused to change state by a positive-going 
change in the input voltage. Outwardly, the characteristics of this 
flip-flop are fully identical with those of an asynchronous T flip- 
flop with a single dynamic input. A distinction of a flip-flop with 
steered triggering is provision of internal memory elements (memory 
or commutating capacitors C,,; and Cy.) which enable the previous 
state of the flip-flop to affect its next state. 

In the general case, the next state, Q (t + 1), of the flip-flop can 
be decided by either the previous state Q (¢) or the state of the binary 
variables at its control inputs. An important thing is that the state 
to which the flip-flop goes after application of the signal edge at its 
dynainic input depends on the state of the control inputs and the 
state of the flip-flop before the application of the edge. In either 
case, this calls for provision of additionai (internal) elements in 
the flip-flop. 

In flip-flops built from level logic gates. internal memory is 
provided by applying feedback to an even number of inverting 
logic gates. In view of the likely combinations of cell states, an 
asynchronous flip-flop with dynamic inputs may he treated as a 
multi-state sequential network which is allowed to change state at 
discrete instants of time determined by the delays in the generation 
of feedback signals. This treatment serves as the basis for the exist- 
ing methods of synthesis of asynchronous sequential circuits. With 
them, one can implement flip-flops with any desired next-state 
functions [49]. 

A universal technique for synthesizing a flip-flop with one dyna- 
mic input is to connect in cascade two flip-flop cells having set-reset 
inputs. A change of state for such a flip-flop occurs in two phases, 
a delay phase and a transition phase. In a flip-flop with a normal 
dynamic input the delay phase is the time interval during which 
the binary input variable zgyn at the dynamic input remains zero 
(Fig. 6.34). During this interval a bit of data is written into the 
first cell. The elements coupling the first and second cells are block- 
ed, so the output signal of the flip-flop remains unchanged during 
the delay phase. The delay terminates and the transition commences 
when Layn Switches from 0 to 1. This inhibits writing data into the 
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first cell (the set and reset func- 
tions, s and r, take on zero values), 
the coupling elements are unblock- Delay 
ed, and the second cell assumes — 
the same state as the first cell. ; 
Because no data can be written in 
the first cell so long as Zgyn = 1, Fig. 6.34 

a change of state at the control 

inputs cannot cause the flip-flop to change state. When zgyn switches 
from 1 back to 0, the delay phase begins prior to a new change of 
State by the flip-flop. 

In a flip-flop with dynamic inputs, the state of the control inputs 
may change in any arbitrary fashion, but the state of the first cell 
during the delay phase must always correspond to the last combina- 
tion of the control inputs. In other words, during the delay phase 
the set and reset functions of the first cell must be such that 


As already noted, a clocked flip-flop with internal delay may be 
simplified by inhibiting any change of state for the control inputs 
during the delay phase. The resultant flip-flop will then be analogous 
to a flip-flop with dynamic input. The only distinction is that the 
input signals will remain unchanged throughout the delay phase 
and the flip-flop will operate correctly even though the condition 
defined by Eq. (6.48) is not satisfied. 

Composite flip-flops with clocked dynamic input can be characte- 
rized in terms of the following quantities: 

—the minimum interval between two consecutive positive-going 
pulses at the dynamic input C, symbolized as témin; 

—the minimum duration of the positive-going pulse at the dyna- 
mic input C, symbolized as tb, min; 

— the total delay in the change of output state relative to the 
commutating edge of the signal at the dynamic input, symbolized 
as tr; 

—the maximum propagation delay through the flip-flops, symbol- 
ized aS Typa- 

The first three quantities depend on the respective characteristics 
of the first and second flip-flop cells. The sum of témin and TO,min 
determines the maximum switching rate of the flip-flop in the case 
of symmetrical triggering. The last quantity is the sum of the maxi- 
mum delays and defines the time interval required for the first cell 
to change state after the control input has changed state. 

Composite flip-flops with internal delay and static clock inputs 
can be characterized in terms of similar quantities. The only dist- 
inction is that some of these quantities are related to the speed of 
the combinational logic, CL, used in the sequential circuit in question. 


Xdyn 


Transition 
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Also, there is a connection between the defining quantities them- 
selves. For a flip-flop with normal clock input 


TE=Tr+Tpa (cL) maxs Tzpd = te + TE 
For a flip-flop with a complementing clock input 


T= tp + Tpd(CL) max» Txpd =p + te 
In either case, the independent variables defining the speed of the 
flip-flop are t, and tg, assuming that 


th in a flip-flop with a normal clock input 
ic 1 in a flip-flop with a complementing clock input 


Flip-flops with cells having normal and complementing clock 
input. Basically, such flip-flops (Fig. 6.35) are synthesized by con- 
necting in cascade two primitive 2S flip-flops made with AND- 
NOR gates (see Fig. 6.33a and b). Now, the delay phase is the time 
interval during which C = 1. During this interval, the input gates 
of the first flip-flop are enabled, and its state corresponds to the 
values of the input signals R and S. At the same time, coupling 
between the first and second flip-flop is disabled, because the second 
flip-flop has a complementing clock input. Just as the clock signal 
swings in the negative direction, the input gates of the first flip- 
flop are disabled and the couvling elements between the first and 
second flip-flop are enabled. A: result, the second flip-flop assumes 
the same state as that of the firsv. 

The dynamic parameters of the flip-flop described above are: 


1 0 eee) ay 
Tc, min = TC, min = Te = 2 pa, max; t&pd = 4t pa, max 


Several types of flip-flops with internal delay can be synthesized, 
using various primitive flip-flops with a normal clock input in the 
first state of the circuit in Fig. 6.35a. 

Because primitive flip-flops built from NAND gates have a direct 
clock input, coupling between the stages can be controlled by invert- 
ing the clock signal. This can be done differently in different flip- 
flop networks. 

NAND-gate D flip-flop with a dynamic clock input. In this type 
of flip-flop (Fig. 6.36a), the clock signal is negated by an inverter 9. 
In general, it operates like an 
AND-NOR gate flip-flop. 

To prevent the second-stage flip- 
flop from changing state during 
the delay phase, AND gates 5 and 
6 must be disabled (blocked) before 
the likely change of state in the 
Fig. 6.35 first-stage flip-flop. This is equiva- 


6.6 FLIP-FLOPS MADE WITH LEVEL LOGIC GATES 20F 


Fig. 6.36 


lent to requiring that the propagation delay for the positive-going 
edge of the clock signal C through inverter 9 be less than the pro- 
pagation delay through AND gates / and 3 or 2 and 4. It should 
be remembered that there always is some spread in the propagation 
delay through logic gates and that the lower bound on this spread 
is usually not fixed. Obviously such a flip-flop is functionally 
unreliable. That is, the characteristics of the otherwise operable 
components may occur in combinations which might upset the norm- 
al operation of the entire flip-flop. 

To avoid this, additional disabling lines (shown dashed in 
Fig. 6.36a) are provided in the flip-flop. Basically, they work as 
follows. If a transition of the flip-flop to the latent phase causes. 
the first-stage flip-flop to change state, this is an indication that a 0: 
signal appears at the input to gate 3 or 4 before the latter has moved 
to the 1 state. With the additional disabling lines, gates 5 and 6 
are always disabled before a 1 appears at their inputs. 

We may ask if the additional disabling lines alone are sufficient. 
for normal operation of the flip-flop, that is, can a functionally 
reliable flip-flop be built, omitting the inverter 9? Transient analy- 
sis would show that ina flip-flop with a dynamic clock input an inver- 
ter is essential for fundamental reasons. This is because the valid: 
change in the input data signals during the delay phase might lead 
tos = r= for short instants. In the D flip-flop in question, such 
a situation arises when D changes from 1 to 0, because gate 2 changes 
state with a delay relative to gate / (Fig. 6.360). Now the first-stage 
flip-flop is in the Q’ = 4 state, so it will suffice to feed a disabling 
signal from inverter 9 to gate 5 alone. 

Flip-flops with a static clock input, in which data signals remain 
unchanged during the delay phase, do not need an inverter. 
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(b) 
Fig. 6.37 


NAND-gate D flip-flop with a static clock input (Fig. 6.37a). In 
‘this type of flip-flop, the interstage coupling lines are disabled by 
the r and s signals, so no inverter is needed. 

NAND-gate DV flip-flop with a static clock input. In circuit arran- 
gement, this type of flip-flop is aualogous to a D flip-flop. The V 
input is formed by the disabling lines of the input gates (shown 
dashed in Fig. 6.37a). At V = 1, the DV flip-flop operates in the 
same manner as the original D flip-flop. At V = 0, the gates are 
disabled, and the flip-flop cannot change state. The logic symbol 
for a DV flip-flop is shown in Fig. 6.37). 

Asynchronous JK flip-flop. This type of flip-flop has two dynamic 
inputs. Because only one input can operate in each state. as asynchro- 
nous JK flip-flop is similar in circuit arrangement to clocked flip- 
flops. Consider operation of a NAND-gate JK flip-flop (Fig. 6.38). 
Suppose that initially the flip-flop is in the Q@ = 0 state. Feedback 
lisables gate 2, and the flip-flop can be caused to change slate only 
by a signal at the J input. The delay phase is the time interval dur- 
ing which J = 1. Now the 
first stage assumes the Q’ = 1 
state. To disable the coupling 
between the flip-flop stages, 
an s signal is applied to ga- 
te 5. Since the s signal re- 
mains unchanged during the 
delay phase, the disabling line 
is functionally reliable. Just 
as the signal at the J input 
switches from 1 to 0, gate 5 
is enabled, and the flip-flop 
assumes the 1 state. At the 
same time, gate J is disabled 
Fig. 6.38 whereas gate 2 is enabled to 
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Fig. 6.39 


gate the K signal. Because the circuit is symmetrical, the flip-flop 
changes from the 1 to the 0 state under the action of the K input 
in the same manner as already described. 

Synchronous JK flip-flop. This type of flip-flop can be impleme..t- 
ed by extending the above circuit to include clock lines to feed clock 
pulses to gates J, 2 and 5, 6. The clock pulses intended for gates 5 
and 6 pass through an inverter (their path is shown by dashed lines 
in Fig. 6.38). The synchronous /X flip-flop operates along the same 
general lines as the D and DV flip-flops examined earlier. 

The dynamic behaviour of NAND-gate flip-flops is determined by 
the dynamic characteristics of the constituent primitive flip- 
flops. Among other things, Terai = tenn = eS ATpamax and 
Tspd = 7TTpa.max- AS is seen, NAND-gate flip-flops are not so fast 
as AND-NOR-gate flip-flops. 

Flip-flops with a single clock input can also be synthesized in 
other ways. 

Self-locking D flip-flop. Consider the operation of a self-locking 
D flip-flop built from six NAND gates (Fig. 6.39a). As before, each 
change from state to state may be visualized as consisting of two 
phases (Fig. 6.390). 

The delay phase is the time interval during which the variahle 
at the clock input C is zero. Gates 3 and 4 are disabled, and the flip- 
flop formed by gates 5 and 6 retains the ability for bistable opera- 
tion so that the state Q@ can be fixed. Because r = s = 1, the disabl- 
ing lines (shown by heavy lines in Fig. 6.39a) do not affect the state 
of gates J and 2 which, during the delay phase, is controlled by the D 
input. 

The transition phase commences just as the variable C goes 
from 0 to 1. The leading edge of the clock pulse passes through gate 4 
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(if D = 0) or through gate 3 (if D = 1), and causes the output flip- 
flop stage to switch to the 0 or the 1 state, respectively. 

An important point in the operation of a self-locking D flip-flop 
is to disable the line which transfers the D signal to the input of the 
flip-flop cell immediately after gate 3 or 4 changes state. When the 
flip-flop is reset to 0, gate 7 must be disabled; when it sets to the 
4 state, gates 2 and 4 must be disabled. It is essential to stress that 
the disabling action automatically results in “memorizing” the values 
of r and s that exist during the positive-going edge of the clock sign- 
al—this is what may be called the self-locking or lockout action. 

For the correct operation of the flip-flop, it is essential that the 
input variable should remain constant during short time intervals 
preceding and following the positive-going edge of the clock pulse. 
The short interval preceding the positive edge is determined by the 
delay in gates 7 and 2. and the one following the positive edge by 
the delay in gate 3 or 4. During the remaining time, the D variable 
may vary in any manner. In other words, the flip-flop in question 
is one with a dynamic normal clock input. 

The dynamic behaviour of a self-locking D flip-flop can be described 
in terms of the following relations: 

TO, min = At pa, max) Te, min >= 2 pa: max 
1? = 3Tpa, max? tzry46 = OT pa, max 

As is seen, the flip-flop in question is superior to that of Fig. 6.36 
as regards both speed and the count of components needed. Among 
its disadvantages is that, following the edge of a clock pulse, the 
signal D must be kept fixed for the duration of the time delay in 
switching gate 3 or 4 (this time interval is required for the lockout 
action to take place). With several flip-flops connected in cascade 
this requirement might be violated if the sum of the time delays 
in switcning the first flip-flop and the input gates (7 and 2) of the 
second flip-flop proves shorter than the lockout interval of the second 
flip-flop. Coupled with the spread in the dynamic characteristics of 
the logic gates, this drawback might make the entire sequential net- 
work functionally unreliable. This is why D flip-flops with self- 
locking are more frequently used as symmetrically triggered asynch- 
ronous ones. To this end, the D input is connected to the output 
(shown by the dashed line in Fig. 6.39a). 


Fiip-Flops with Complex Input Logic 
and Combined Flip-Flops 


The functional capabilities of flip-flops can be extended by increas- 
ing the number of inputs. 

An increase in the number of AND (OR) inputs. Consider a flip- 
flop made with two NAND gates (Fig. 6.40a). It differs from the 
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Fig. 6.40 


simple flip-flop of Fig. 6.31 in that it las an increased number of 
inputs on the NAND gates. For the circuit to retain the capability 
for bistable operation, it is essential that the input variables S,, 
S», S3, Ry, Ro. and Rg should take on value 4 all at the same time. 
To set the flip-flop to the 1 state it will then suffice to apply a 0 
signal to at least one of the S; inputs, and to reset it, it will suffice 
to apply a O signal to one of the AR; inputs. Then the set and reset 
functions may be written 
s=S,4+5,+8,,r=R, +R, 4+ Ry 

The logic symbol for a multi-input 2S flip-flop is shown in Fig. 6.40b. 

An increased number of AND (OR) inputs may also be used on 
other types of flip-flops. Consider as an example the use of an increas- 
ed number of D inputs on a synchronous D flip-flop. The simplest 
way to do this is to increase the number of inputs on the NAND gale 
which accepts the D signal (Fig. 6.41a). The resultant flip-flop may 
be interpreted as follows: 

4. On assuming the D input to be normal, the set and reset func- 
tions take the form 


s=CD,D,D;, r=CD,D,D; (6.49) 
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(b) 
Fig. 6.42 


It is seen that the flip-flop can be set to the 4 state only if a 1 sig- 
nal is applied to all the D; inputs at the same time. The logic symbol 
for a flip-flop with a multiple D input is shown in Fig. 6.410. 

2. On assuming the D input to he complementing, the previously 
normal (Q) output becomes a complementary (Q) output, and the 
set and reset functions of the flip-flop are obtained by negating all 
the data variables, that is 


s=CD,D,D,;= C (D, + D, + Ds) 

r =CD,D,D, = C (D, + D, + D3) 
The logic symbol for the flip-flop in this interpretation is shown 
in Fig. 6.41c. 

In sequential circuits using D flip-flops with multiple D inputs, 
it is possible to transfer logic (Boolean) multiplication and addition 
from the combinational logic onto the flip-flop. This simplifies the 
network configuration and cuts down the propagation delay time 
through the combinational logic. 

Clocked flip-flops with asynchronous set-reset inputs. In registers 
(see Chap. 13), it is often necessary to add asynchronous set and reset 
inputs to the main flip-flop inputs. This is done by increasing the 
number of set and reset inputs on the flip-flops. As an example, 
Fig. 6.42a shows the circuit of a single-clock-input DV flip-flop 
with internal delay, extended to include additional R and S inputs. 
The Jogic symbol for this flip-flop is shown in Fig. 6.42). When 
S = R = 1, the flip-flop operates as a DV flip-flop with the inputs 
D, and D, and a distributed (or wired) AND connection. When a 0 
signal is applied to the S (or R) input, the flip-flop moves to the 4 
(or 0) state, irrespective of the state at the D, V and C inputs. 
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Additional set and reset inputs can be provided in the other types 
of flip-flops in a similar way. Such flip-flops are commonly called 
combined. For example, there are RST, JKRS, DRS and DVRS 
flip-flops. 


REVIEW QUESTIONS AND PROBLEMS 


6.1. List methods for the synthesis of a bistable circuit. 

6.2. Can a bistable circuit be built, using a CE, CB or CC tran- 
sistor limiter as an amplifying element? If not, explain why. 

6.3. Plot the transfer characteristic for the unsymmetrical bistable 
circuit of Fig. 6.3, if Ep = 12 V, Ro, = Ree = 1kQ, Re = 200 Q, 
Rg = 1.8kQ, R, = 10k, B, = B, = 50. The internal resistance 
of the signal source and the input resistance of the transistor may 
be neglected. 

6.4. Design an unsymmetrical bistable circuit using type 1YT404 
IC opamp assuming R, = 5k, VH = 10V, and —VL = —7V, 
if Emin = —0.5 V and Enay = 1. QV. 

6.5. Choose the rated values for the resistors used in the symmet- 
rical saturated bistable circuit of Fig. 6.6, if P = 100 mW, Ee 
= 12 V, EZ = V, een = 0.3 V, Bmin = 40, and Icxo, max 
= 100 pA. 

6.6. Determine the minimum value of R,; connected in parallel 
with Rc, at which the bistable circuit of Problem 6.5 retains its 
capability for correct operation. 

6.7. Find the minimum values of Ec for the bistable circuit of 
Fig. 6.7, if Ro = 1 kQ, Ry min = 2 kQ, and F,; = 10 V 

6.8. List the phases in the switching process for a symmetrical 
saturated transistor bistable circuit with asymmetrical base trigger- 
ing. 

6.9. Construct an approximate plot for the minimum amplitude 
of a trigger (input) pulse as a function of its duration. 

6.10. Explain how the saturation factor of the ON transistor in 
a symmetrical bistable circuit affects the required duration of the 
trigger pulse. 

6.11. List the inputs of elementary sequential machines and ex- 
plain their functions. 

6.12. Outline the differences between asynchronous and synchron- 
ous flip-flops. 

6.13. How can the next-state (transition) function of an asynchron- 
ous flip-flop be specified? Explain the difference. 

6.14. The next-state function of an asynchronous flip-flop is 
dQ = Ox,xq dx, + Qx x, dxz3;. Name the types of inputs 2, <2 
and x3. Describe verbally the operation of the flip-flop and propose 
a logic symbol for it. 
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6.15. Write the next-state function of Problem 6.14 in normal 
notation. 

(6.16. Give the types and logic symbols for the flip-flops specified 
by the equations: 


(a) dQ = 24 (xp ® Q) x3 dag, xz dx, = 0 

(b) dQ = Qz, dx, + Qz, dz, T4Zq =0 

(c) dQ=adz 

(d) dQ = (x, ® Q) x, dz, 

(ce) dQ=(Qx,+Qz,) x3 dx3, x, dx,= 23 dz,=0 


6.17. Compare in terms of speed sequential networks based on 
clocked flip-flops with a dynamic clock input and those based on 
internal-delay flip-flops with a static clock input. 

6.48. Draw the circuit of an asynchronous complementing-input 
RS flip-flop implemented with TTL gates incorporating a totem- 
pole output drive. How should the circuit be re-arranged to obtain 
normal inputs? 

6.19. Draw logic diagrams for asynchronous normal and comple- 
menting input 7 flip-flops based on AND-NOR gates, and circuit 
diagrams for similar flip-flops using basic TTL gates. 

6.20. Draw a logic diagram for an internal-delay D {flip-flop 
based on AND-NOR gates and also a circuit diagram for a similar 
flip-flop based on MOS transistors and inverters with a quasi-linear 
dJoad. Find out if the clock input is dynamic. 


7 MULTIVIBRATORS 


7.1. GENERAL 


If in a symmetrical pulse-shaping bistable circuit we make one 
or both coupling connections purely capacitive, one or both stable 
states will become unstable, and the time during which the circuit 
will be able to reside in them will depend on the charging and disch- 
arging of the coupling capacitors. These unstable states are character- 
ized by slow variations in currents and voltages (as compared with 
regeneration processes), so they are often called temporary or quasi- 
stable. Pulse generators in which interstage coupling is provided by 
resistive-capacitive elements and which can reside in one or two 
quasi-stable states are called multivibrators*. 

Multivibrators can operate in the monostable (one-shot), astable 
(free-running), or synchronized mode. 

A monostable (one-shot) multivibrator has, as its name implies, 
one stable state in which it can reside for an indefinitely long time, 
until a triggering pulse arrives to switch it to the other state. The 
other state is only temporarily stable and can last for a predetermin- 
ed interval t, after which the circuit returns to its original state. 

An astable (free-running) multivibrator has two momentarily stable 
states between which it continuously alternates, remaining in each 
for a period controlled by the circuit parameters. The period of 
switching, 7, between the two states is the sum of tT), and ty», that 
is the times during which the circuit remains in either temporary 
state. 

A synchronized multivibrator switches from the temporary to the 
permanently stable (or another unstable) state at an instant tied 
to a particular time position (phase) of a periodic synchronizing 
signal. Operation of a synchronized multivibrator is taken up in 
more detail in Chap. 10. 

Multivibrators can be built with transistors, tubes [4], negative- 
resistance devices (see Chap. 12), and integrated circuits. 


* In the US and UK literature of the subject, such circuits are usually re- 
ferred to as bistable multivibrators. In the Soviet literature, however, they are 
not included with multivibrators at all.—Translator’s note. 
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7.2. DISCRETE-COMPONENT MULTIVIBRATORS 
Collector-Coupled Monostable Multivibrator 


The circuit of and the waveform generated by a collector-coupled 
monostable multivibrator are shown in Fig. 7.1. One transistor, 72, 
is normally saturated, and the other transistor, 71, is at cutoff. 
Ina temporary state, 72 is at cutoff and 71 is at saturation. Positive 
trigger pulses are usually applied to the collector of 71 or the base 
of 72. The events initiated by triggering and at the first transition 
(time tj) are analogous to those taking place in an asymmetrically 
triggered bistable multivibrator. 

The duration of the temporary state is controlled by the voltage 
existing on the base of T2 as the capacitor C discharges. This time- 
setting voltage decays exponentially (Fig. 7.16). The temporary 
state terminates at time ¢,, when the time-selting voltage reaches 
the turn-on value for 72 (in Fig. 7.46, this voltage is taken to be 
apptoximately equal to zcro). The collector current of T2 moves T4 
out of saturation, and a regenerative process takes place in the circuit 
which terminates by causing 74 to turn off. As in a bistable multi- 
vibrator, this is accompanicd by a relatively fast (nearly stepwise) 
positive change in the collector voltage of T2. 

At ¢ > ¢,, the inilial voltage on the capacitor C is restored, which 
is accompanied by an exponential negative change in the collector 
voltage of 71. Therefore, the duration of the negative-going edge 
of vg; may be taken as the recovery time, that is the time required 
for the circuit to go back to its original state: 127, % Tre. 


(b) 


Fig. 7.1 
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The amplitudes of the voltage pulses on the collectors of 71 and 
T2 are given by 


Vi = Ec—IcaoiRes — Vcxsat) (7.1) 
Vine = Re (Ec — Icpo2Rc2)/(Ro+ Ree) (7.2) 


Operability conditions. The circuit components T,, Be;, Re, 
Ry, Eg, and C, make up an inverter for which the operability condi- 
tions are defined by Eqs. (5.19) and (5.20). It should be noted that 
in a monostable multivibrator Ac, and Reo may have different 
values. Also, the collector saturation current of 71 exceeds the cur- 
rent through Ace; by an amount equal to the capacitive current ic 
the maximum value of which is close to 2F¢/R. This factor can be 
accounted for by substituting Beg min — Bminfecr/Rce (1+2Rc,/R) 
in Eq. (5.20). 

For T2 to be at saturation during the stable (initial) state the 
value of the base resistor is chosen such that 


R< Rmax =F Bminftce (7.3) 


For 72 to turn off at the beginning of the lemporary state, it is 
essential that the initial step change in the base voltage of 72 
exceed the turn-off voltage of that transistor. With a sufficiently 
large value of the timing capacitor, this step change may be deemed 
equal to the change of collector voltage on 71: vps (to) & Ec. Thus, 
T2 will reliably turn off, provided Ec > ego which is always the 
case in practice. 

Duration of a temporary state (the interval from é) to 7¢,). As a 
rule, this interval markedly exceeds the rise and fall times, so it 
may be taken as the duration t of a multivibrator pulse. As already 
noted, it is controlled by the exponentially decaying timing voltage 


Upe (t) = Vpe (00) —[Vp2 (00) — Vp2 (to)J exp[—(t—to)/ty] (7.4) 


where 1, 2% CR, Upe (to) = Vi — ¢20 = Ec — IcpoRci — exo 
— Vorsat)> VB2 (©) = — Ec —JIcBo R, Vewisat) and ego are the 
parameters of the simplified piecewise-linear transistor model (see 
Sec. 3.2) defining the respective collector voltage of 71 and base 
voltage of 72 in the saturated region. 

On setting ¢t = ¢, in Eq. (7.4) and substituting vps (f;) = —¢zo, 
we obtain an equation whose solution for the interval t = t, — fy 
has the form 


t=k,1, (7.5) 
where 


eno —Fcpo (R+ Rot) —Vcxsaty ° 
ln eed 


14% 
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Discarding the first-order infinitesimals in Eq. (7.6) leaves t 
wt, In2 ~ 0.7%). 

It is seen from the above relations that the value of t is mainly 
affected by the coupling capacitor C and the base resistor R which 
together serve as the time-setting (timing) components of the multi- 
vibrator. The correction terms é¢go, Jcpo and Vegisat) in Eq. (7.6) 
are considered when evaluating the effect of the transistor parame- 
ters and the supply voltage on t. Equation (7.6) shows that the varia- 
tions in t because of variations in Jc¢go and ego with temperature 
decrease with increasing Ec. 

The value of t can be controlled at will by varying any one of the 
following: 1,, Upg (fo), OF Upg (co) [see Eq. (7.4)]. 

With C held constant, t, can continuously be controlled if R 
is a variable resistor. Noting that t ~ A, the maximum to minimum 
duration (span) ratio is 


kg = Tmax/Tmin —1 = Ryax/Rmin — 1 (7.7) 


Since Rinax is defined by Eq. (7.3), for k, to increase we must reduce 
Ryin- However, a decrease in R would entail an increase in the cur- 
rent of 71 in a temporary state and also in the turn-off delay of T2, 
so that the sensitivity of the circuit towards trigger pulses would be 
impaired. Therefore, it is usual to choose k, < 1 for this method of 
continuous pulse duration control. 

The value of vg, (t9) is usually controlled by tapping the timing 
capacitor C down on the collector load resistor Ac, (the connection 
is shown by the dashed line in Fig. 7.4@). Then the step change in 
the base voltage of 72 will be determined by the setting of the 
potentiometer which controls the division ratio of the voltage divid- 
er, y = Roi/Ro1, where Ro, is the upper part of the collector load 
resistor: 


Vpe (to) = —ezo + Viny (7.8) 
Suhstituting Eq. (7.8) in Eq. (7.4) gives 


Ec—Icpok —Vexsat) 
= in —. ee eee | LY . 
ee [tty Eo—epot!cpokci | oe oS 

The span ratio for this method of pulse duration control is limited 
by the minimum value of y for which the feedback loop gain of the 
multivibrator remains greater than unity. Practically, k, may be 
10 and higher. 

The value of vgg (00) can likewise be varied by connecting the 
upper end of the timing resistor R to the control voltage source — Ey. 
Then, vge (00) = —E£, — Icgo R. An advantage of this method of 
continuous pulse duration control is that the multivibrator can be 
controlled remotely, using a suitable electric signal. 
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Recovery (resolving) ‘time (the interval from t, to t,). The dura- 
tion of this interval is determined by the exponential build-up of 
the charge on the timing capacitor due to the current flowing through 
Ftcy. Therefore, we may write 


Tre = CRetkre (7.10) 


where k,, is the recovery factor in turn controlled by the decay 
level kage of the exponential process: 


hye = —lIln (4 —kaec)s keaec = |Vez (te)/Vn| (7.11) 


Taking kg., = 0.95 for the circuit of Fig. 7.14a, we have k,, = 3. 

The sum t+ 1,, determines the minimum repetition period, 
T min for trigger pulses. Should trigger pulses be applied before the 
recovery time elapses (t <Q T < T yin), the residual voltage on the 
timing capacitor and, as a consequence, the duration of the multi- 
vibrator pulses would depend on the repetition period of trigger 
pulses, which is usually to be avoided. If this were allowed to hap- 
pen, the circuit would move to one of its temporary states. In one 
of them, the pulse duration would then be shorter than under normal 
conditions. In the other temporary state, the circuit would alternate- 
ly generate longer and shorter pulses. 

As a way of improving the trailing edge of the collector voltage 
pulse vg, (without having to cut down the recovery time), it is usual 
to couple the timing capacitor C to the collector load resistor Rc 
via an additional resistor and a turn-off diode D (Fig. 7.2). In the 
temporary state, the diode is conducting and permits the timing 
capacitor to discharge. When the multivibrator goes back to its 
original state, the diode turns off, and the capacitor charges via 
Réx whose value is ordinarily chosen to be equal to Rc,. Asa result, 
the fall time of vc, is cut down substantially and approaches the 
pulse rise time. 
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An improvement in the speed of the circuit owing to a cut-down 
in the recovery time can be achieved by including a cutoff diode or 
an emitter follower in the charging circuit of the timing capacitor. 

{In a multivibrator with a cutoff diode (Fig. 7.3), the capacitor 
charges up while the diode is at cutoff, from the —E¢,; supply chosen 
such that | Zc, | >> | Ec |. The capacitor ceases charging when vc 
has dropped to —Eg and the diode turns on, thereby clipping the 
final portion of the exponential by varying charge. Because of this, 
the value of k,, in Eq. (7.10) decreases to 


kere = —In (A = EclEo1) (7.12) 


When an emitter follower is placed between 71 collector and T2 
base, the return of the multivibrator to its original state causes 
the timing capacitor to charge up via the low output resistance of 
the emitter follower rather than the first-stage load. 


Astable (Free-Running} Multivibrators 


The basic circuit of a collector-coupled astable (free-running) 
multivibrator is shown in Fig. 7.4a. As in a monostable multivibra- 
tor, the ON transistor must be in saturation so as to stabilize the pulse 
amplitude which governs the period of oscillation. One problem with 
the collector-coupled astable circuit is that it may not always start 
oscillating when the supply voltage is turned on. Because of the 
circuit symmetry, it may so happen that both transistors switch on 
and remain on, and the circuit is in a stable state; a trigger pulse 
will then be necessary to drive the circuit into the relaxation mode. 

During the first half-cycle (Fig. 7.4b). T2 is in saturation, and C2 
discharges through AR2. At the same time, 71 is at cutoff due to the 
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positive timing voltage vg, taken from the left-hand plate of C2. 
This temporary state terminates (at time ¢,) when the timing voltage 
rises to the turn-on value for 71. The collector current of 71 pulls 
T2 from saturation because, so long as the emitter junction of 72 
is forward-biased, the bulk of collector current flows through C4 
and the emitter junction of 72. As a result, the feedback loop gain 
exceeds unity, and a cumulative switchover takes place in the cir- 
cuit, which terminates in T2 turning off. This is followed by a rapid 
positive-going step change in the collector voltage of T1 because its 
collector current rises to its maximum value. The rising collector 
voltage of 71 coupled to 72 base determines the initial value of the 
timing voltage vg2 which holds 72 at cutoff during the other tem- 
porary state. The negative-going change of collector voltage on T2 
as it turns off depends on the charging of C2 via Re, and the emitter 
junction of the saturated transistor 71. The second half-cycle term- 
inates when the timing voltage has reduced to the turn-on value 
for 72. At that instant, a second switchover takes place, and the 
multivibrator goes back to the original temporary state considered 
at the beginning. 
Operability conditions. For the ON transistor to be in saturation, 
it is required that 
T34¢2) > tc1(2)max/Baceymin (7.18) 
As in a monostable multivibrator, the collector current of the 
saturated transistor is not limited by the ratio E¢/Rco, but has a 
second component which flows through the CR network in the base 
circuit of the OFF stage. Neglecting the relatively small components 
containing the initial collector current, Eq. (7.13) may he re-written 
as 


Rye) <SPminRo1(2) 


where Rei) = Roe) || 0.5Raq). re 
The condition for the other stage to be turned off by the initial 
(positive) change of collector voltage in the first stage that has 
already moved into saturation is satisfied practically always be- 
cause the cutoff voltage exo is negligibly small. 
Period of oscillation. Neglecting the pulse rise and fall times, the 
period of oscillation 7 may be written as the sum of two half-cycles: 


T = Toi + Toe 
each of which is desermined by hhe timing voltage on the base of 
the OFF transistor. By analogy with Eq. (7.5), the period T may 
be written 
T = heyy T4 + kyete (7.44a) 


where Ti2) = Cyq)R1(a), and kri(2) can be found by Eq. (7.6) on 
substituting R = Ry). Assuming that the two arms of the multi- 
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vibrator are identical, we get, to a first approximation 
T ~1.4CR (7.44b) 


Equations (7.14) hold if the pulse has time to reach a steady-state 
amplitude during each half-cycle, which is equivalent to satisfying 
the condition 


Te1(2) & 8C 4) Ro1(2)< Toe) (7.15) 


Equation (7.15) sets the limit for the maximum pulse period-to- 
pulse duration ratio (the reciprocal pulse duty) in case the symmetry 
of the multivibrator is upset. 


7.3. MODIFIED (INTEGRATED CIRCUIT) MULTIVIBRATORS 


In circuit configuration, integrated-circuit (IC) multivibrators 
are not unlike multivibrators using discrete circuit components. 
Examples of IC multivibrators are the Soviet-made Series 119 type 
K1P@192 and KiT193 and Series 218 type K2P'@181 and K2P0182. 
Among their features are: 

—provision of turn-off diodes in the collector leads to cut down 
the rise and fall times of collector pulses; 

—‘“soft” excitation owing to nonlinear negative feedback which 
prevents transistor saturation; 

—provision of diode limiters in the base leads to prevent the 
breakdown of the emitter junction in integrated drift transistors. 


IC Monostable Multivibrators 


We shall analyze the operation of an IC monostable multivibrator 
with reference to a Series 218 type K2P'182 unit (Fig. 7.5a). To 
ensure monostable operation, a discrete resistor Ré is placed between 
pins 8 and 9, whereas a discrete capacitor C* (connected between 
pins 2 and 3) in the time-setting circuit determines the required 
duration t for the temporary state. D1 and D2 are turn-off diodes, 
whereas D3 and D4 are parallel limiters. 

In the stable state, T2 is saturated and 71 is at cutoff. C, and C* 
are charged up to 


Vo.=Vas=(Ecm exo) RI(R + Ros) 


The negative-going trigger pulse applied at time t, (Fig. 7.5) 
switches the multivibrator to the temporary state; 74 moves into 
the saturated region and 72 turns off. The voltage at points A and B 
suddenly drops by Vm = Ec — €o1 — Vewieat), limiter diode D4 
jumps into conduction, and a negative voltage vp, (0) = —ép, 
appears at T2 base. In the temporary state, the relaxation process 
may be visualized as proceeding in two stages. During the first stage 
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04 


(b) 
Fig. 7.5 


(s' = t, — to), D4 is conducting, the voltage at point B rises expo- 
nentially to vg (t;) = —@o4, Such that D4 turns off, and the second 
stage of the relaxation process (t" = t, — t,) commences. During 
this stage, the capacitive current decreases and the exponential 
build-up of the potential at point B slows down. The second stage 
terminates at time t, when the exponential voltage at point B reaches 
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the turn-on threshold value, vg (t2) = Vp2 (te) = @zo, for T2. This 
causes the multivibrator to switch back to its original stable state 
where 72 is saturated and 71 is at cutoff. At ¢ > ¢,, the circuit 
begins to recover its initial state—the timing capacitor C = Cy 
+ C* begins to charge. 

The value of the discrete resistor RZ is chosen so as to ensure the 
correct operation of 71. For 71 to be at cutoff in the stable state, it 
is required that 


Ry Versat) + x02) 
"RET Rot Ry 8 


The minimum value of /?* is thus chosen subject to the above inequa- 
lity. For 71 to be in saturation in the temporary state, it is required 
that 


igi > I cysatymax/Bx, min 


This inequality defines the maximum value for Rg. The optimal 
value of Aé is usually given in data sheets for the respective integrat- 
ed circuits. 

Duration of the temporary state. The duration of this interval 
is determined by the timing voltage at point &%. The manner in 
which the timing voltage varies can be ascertained from the equiva- 
lent circuit of Fig. 7.6a. The state of the switch (Sw) is decided by 
the limiting diode D4. During the first stage in the relaxation process, 
the switch is ON, whereas during the second state it is OFF. The 
equivalent circuit has heen developed, using simplified piecewise- 
linear models for the diodes and transistors. Because in integrated 
circuits the function of diodes is performed by the emitter junctions 
of the IC transistors, we may assume that @), = €), = €g02 = 9 
~ 0.6 V. Then the duration of the temporary state will be 


t=t te" =the tke 


A Cc B Sw 
le Cc 
+ 
7 pot os 
7 CE (san) y jee eo E¢ Estero, 
(a) (b) 


Fig. 7.6 


7.3 MODIFIED 1C MULTIVIBRATORS 249 


where 
T= (Cg + C*) RRoo/(R + Ros) 
™T=(C,+C*)R 

Ypy (00) — YR (ty) 

VBA (00) — Dp (#1) 

YQ (00) — vp (é1) 

Vpo (00) — Up (te) 


k,y=I1n 


Ay= In 


and also 


_ EGR &o+(€o+Vomsaty) (+ Roe/R) 
Be (to) = ac R+Roo [1 a a ae 
Up (t1) = —€y 
Vp (tz) =e 
Up2 (00) = Ec 
vpi1 (00) = (Ec Ros —epR)/(R + Rog) 
Subject to 
o+Vorsaty + 2¢0/(1 +- Ro2/R) 
the expressions for kj and kz may be simplified 
€ot+Vorsaty + 2¢0/(4 + Roo/R) 


<1 and (e/Ec)<1 


ki In (1+ B/Ros) — 


c 

ky = 2eo/Ec 
In the case of a type K2F@182 integrated circuit for which [53]: 
Roo =1kQ, R= 15kQ, Ep = 6.3 V, ey = 0.6 V, and Vexsat) 


= 0.2 V, we get: ki = 2.56 and k; = 0.19. Hence, 
t=(C,+C*) R [kt/(1-+ R/Roe) + ker] 
=0.35(C,+C*)R (7.16) 
Equation (7.16) can be used to find the value for the discrete capa- 
citor C*. The value of C, is found according to the data sheet value 
of t for C* = 0, namely: Cy = Tgata/0.35R. For K2P@182 integrat- 
ed circuits, tgata = 0.9 to 1.5 ps. Hence, Cy = 180 to 300 pF. 
The recovery (resolving) time t,, of the circuit depends on the 
exponential charging of the timing capacitor C. Referring to the 
equivalent circuit for the charging circuit shown in Fig. 7.60, the 
equivalent time constant for the charge recovery by the capacitor 
is seen to be 
Teq = C [Roi t+ RRo/(R + Roo)] 
On choosing the exponential decay factor equal to kaec = 0.95, 
the recovery (resolving) time is found to be t;. = 3tea- 
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IC Free-Running Multivibrators 


As an example, consider the operation of a HiT@192 integrated 
circuit unit (Fig. 7.7a). Its waveforms at characteristic points appear 
in Fig. 7.76. The IC in question is a combination of two self-contain- 
ed inverters whose outputs are cross-coupled via external capacitors 
C1 and C2 to the opposite inputs. The turn-off diodes D1 and D2 
are provided to improve the waveform of collector voltage pulses. 
The emitter junctions are safeguarded against a breakdown, because 
Eco = 3 V is less than Vyg. 

The use of unsaturated inverters with nonlinear negative feedback 
provides for a soft excitation of the circuit. To this end, the resistors 
in the base and collector leads of the inverters are chosen such that, 
when the inverters operate on their own, the diodes D3 and D4 in 
the feedback circuits are forward-biased when the respective tran- 
sistors 71 and T2 are ON. 

The period of oscillation, 7, of the multivibrator is the sum of 
the time intervals t), and to, during which 71 and 72 are in turn 
at cutoff. The value of t), is found, assuming that while 71 is at 
cutoff, the timing voltage on the capacitor C1 varies exponentially 
from the initial value Vc, 9 = Ec — ego, to its steady-state value 
Voi, 0 = EcRp,/(Ri + Roi + Rei). Then, 


To1 — keg Ty (7.17) 
where 
y= CR eq 
key =In24+1n (1+“Se) 
eo2— 01 + Vcreat) 
ohne) 
—In (4 —eg01/y£c) 
where 


v= Rai/(Ry+ Roy + Rai) 

Req = (Ry+ Ros) | Rea 

Because the IC in question is such that 
€o2— R01 + Vorsaty2 


diye <' 
and 
egoi/yEc <4 
the expression for k,,; may be simplified 
R,+R €2~—epgy tVo 
~0.7-4 1 or \ E(sat) 
hey 0.74 In(1-+ “pe )- Sa z eroi/vEc 


R,+R 
~ 0.7-+1n (1+ Se) (7.18) 
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The value of tp, can be found from Egs. (7.17) and (7.18) on replac- 
ing the circuit parameters of the first inverter with those of the 
second. 


(b) 
Fia. 7.7 
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Owing to the symmetry of the IC, it may be deemed that Rj eq 


= Roeq = Req and ky = ky. = 
The period of “geil ation of the muliWibeator in question is 


T = %1 + Toe = Az (Ci + C2) Req (7.19) 


The above relation holds true on the condition that the voltages 
on C, and C, are fully restored over the intervals equal to to, and 
To2; respectively, which can take place if 


tf 
Tre, 2 kp Rori< tor = kr Oy Req 


and 
Tre1 kK eC i Ro2< Toe = kl yReq 


For a Kil'@191 integrated circuit which has kp = 1 to 1.2, ky. 
= 3, and Req/ Roa) 3 to 3.5, Eq. (7.19) holds true at Qc 2 1.8 
to 2.2. Incomplete recovery of voltages on C, and C, entails a reduc- 
tion in Vey) and V¢s,. and in the values of tp, and Too In such a 
case, the period of oscillation is found as explained in [53]. 


7.4. IC LOGIC GATE MULTIVIBRATORS 


In cases where a multivibrator is to operate as part of a digital 
network assemblied from IC logic gates and no stringent require- 
ments are imposed on the time stability of the generated pulses, 
it is advantageous to build its switches from the same components 
as the digital part of the complete network. With this approach, 
standard components can be used throughout the equipment and 
a natural compatibility is achieved between the amplitude character- 
istics of the multivibrator pulses and the signals in the digital part 
of the network. 

Consider the principles underlying the analysis and synthesis 
of the basic types of multivibrators with reference to positive-logic 
TTL with a totem-pole output driver (see Chap. 5). These principles 
can readily be extended to other types of IC logic gates. 
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A single-shot multivibrator can readily be derived from an asyn- 
chronous RS flip-flop (see Fig. 6.31) on replacing one of the direct 
(resistive) coupling circuits by a capacitive one as shown in Fig. 7.8. 
The status of the logic gate in the initial (permanent or stable) 
state is determined by the values of R, and F. The diode D serves 
to limit the negative half-cycle of the input voltage, thereby prevent- 
ing the break-down of the emitter junctions in the multi-emitter 
transistor. In many cases, this diode is built into the IC itself. 
R, is part of a parallel diode limiter, R,D. 

By varying the values of R, and E as appropriate, we can build 
two types of multivibrator, differing in the status of their components 
during the initial (stable) state and, as a consequence, in the polarity 
of the timing pulse. 


Multivibrators Using a Negative-Going Timing Voltage 


In this form of multivibrator, the input during the initial state 
is low, LG1 is in the 1 state (out. = V") and LG2 is in the 0 state 
One v") (Fig. 7.9). A switchover to the temporary state occurs 
at time t) due to a negative-going pulse e, applied to LG2 and bring- 
ing about a step rise in Vout,o, U4 and Ujn. Then the timing voltage vy 
and the input voltage v,;, gradually decrease as the capacitor re- 
charges. At time ¢,, the input voltage reaches a threshold value 
Vin at which the loop gain exceeds unity and a regeneration process 
commences to cause LG1 and LG2 to go back to their initial states. 

The initial voltage on the capacitor recovers in two steps. During 
the first step (interval t,,) the limiting diode D is conducting, so 
the recovery is accompanied by a change in only va (Yin = —p)- 
During the second step, the diode is cut off, so both v, and vy 
change at the same time. 

Static conditions in the stable state. The manner in which the 
values of R, and E affect the status of LG1 is illustrated in Fig. 7.10 
which shows the input characteristic (with allowance for the diode D) 
and the transfer characteristic of the TTL gate with a totem-pole 
output driver. For LG1 to be in the 1 state (Vout. = V#), the operat- 
ing point must be positioned within portion 1-2 where the inverting 
transistor (1 in Fig. 5.33) and the diode D are both at cutoff. In 
the circumstances, the input resistance of the logic gate is determined 
by the series combination of the emitter junction of the multi-emit- 
ter transistor and the resistor R, in its base lead. Assuming that 
the voltage across the emitter junction is é¢go = 0.6 V, the input 
characteristic within portion 1-2 may be written 


itn = IE An /Tin (7.20) 
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Fig. 7.9 Fig. 7.10 


where Ji, is the input current as measured at vy, =0, Tin 
= (Lo — ezo)/Ii, is the input resistance, and Eg is the collector 


supply voltage. 
Whatever the status of LG1, its steady-state input current (when 
the capacitive current is zero) can be written 


iin = (EZ — Uyp)/Ri (7.21) 


In Fig. 7.10, this equation is represented by straight lines I, II 
and III plotted for various values of E and Aj, the first two lines 
being plotted for # = 0. The intersections between the straight 
lines and the input characteristic locate the operating point. The 
steady-state value of input voltage Vins, in the 1 state of LG1 
(line J) can be found by solving Eqs. (7.20) and (7.21) simultaneously, 
with £ set equal to zero: 


Vin, as, 1 = (Eg— ero) /(1 + Tin/R,) (7.22) 


The position of point 2 where the inverting transistor turns on deter- 
mines the upper limiting value of R: 


R,, max = TinVin, of(Eo— ero — Vin, 2) 
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where Vine = @ko — Véx(sat) ~ 0.5 V -——— 
is the value of Vin.ss: at point 2. Tout C Rp 

For typical values of Ec (5V) and V4 Ry |Vin 
Ii (0.5 to 1.4 mA), Ry max = 0.4 to 

1.4 kQ, 

_ Duration of the temporary state (the Fig. 7.11 
interval from ty to ¢,). The exact dura- 

tion of this interval cannot be found because at vj, > Vip the 
input V-J characteristic is nonlinear. Because of the low stability 
of IC logic-gate multivibrators, however, it is legitimate to use for 
practical purposes an approximate calculation based on the assump- 
tion that at uj, >Viy the emitter junction of the multi-emitter 
transistor is reverse-biased, that is, ij, = ies ~ 0. With this as- 
sumption, the capacitor-charging circuit can be replaced by the 
equivalent circuit shown in Fig. 7.14. In view of the exponential 
character of the transients in the circuit, the duration of the tempo- 
rary state may be written 


—ae ey 
’ 


x o1n (00) — Yin (to) 
T= 1% In sate) aes U3) 
where t, = C (R, + Re + rout) 
Vin(oo) = 0 


Vin (t1) = Vin © 1.4 to 1.5V 
Vin (to) = Vin, ss, 4+ (VE — V4) Ryl(Riy+ Ro+ rout) 

Tout = output resistance of the logic gate in the 1 state, mainly 
due to A; (see Fig. 5.34) in the collector lead of the output 
transistor. It can be determined by directly measuring 
the output V-J characteristic of the logic gate in the 


1 state. 
The condition for the multivibrator to operate normally is stated 


in terms of the inequality 
Vin (to) > Vin (4) 

By solving it, one can determine the minimum value of R,. We leave 
it as an exercise for the reader to derive the applicable relationships. 

Recovery (resolving) time (interval from ¢, to ¢3). In practice, 
Tre may be neglected, because the first step in the recovery process 
is relatively short. Noting that in the 0 state the output resistance 
of the second logic gate is practically zero and R, is shunted by the 
input resistance of the first logic gate, t,. may, by analogy with 
Eqs. (7.10) and (7.11), be written 


Tre ~ Tre ~ C (R, + R, I] Tin) kre 


In view of the relatively low accuracy of IC logic-gate multivibra- 
tors, we may take a derated value of the exponential decrement 


15—01590 
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factor (Kgec = 0.8) for which k,, ~ 1.6. Yet, the recovery (resolving) 
time (the interval from ¢, to ts) for the circuit in question is relative- 
ly long and usually exceeds the duration of the temporary state. 

The value of R, is chosen, assuming that the output transistor of 
the second logic gate is saturated during the first step of the recovery 
process. The minimum value of R, is given by 


Ro, min © (V4 --V"U—Vin — 0)/T outs max 


where Jout,max is the maximum output current of the second logic 
gate in the 0 state, equal to NJ}. 


Multivibrators with a Rising Timing Voltage 


In the initial state (Vin,;; > Vin), the input of such a multivibrat- 
or is high, LG4 is in the 0 state (Vout, = V") and LG2 is in the 1 
State (Vout.. = v¥) (Fig. 7.12). A switchover to the temporary state 
occurs at time ¢) under the action of a negative-going pulse e, ap- 
plied to the input of ZG1 and causing the logic gates to change state. 
A step decrease in Vout,2, Va, and V4, is followed by a re-charge of 
the capacitor, accompanied by an increase in the timing voltage vy. 
During the interval ¢, to ¢,, the limiting diode is conducting, so 
Vin = —€y. At time ¢,, the diode 
turns off, and v,;, and vy, change in 
value simultaneously during the 
interval from 7%, to ¢t,. At time ¢,, 
the input voltage becomes equal 
to Vin, with the result that LG1 
and LG2 jump back to their initial 
states. The initial voltage on the 
capacitor is restored during the 
Vout! 1 | tie interval from ¢, to ¢t3, and the recov- 

ery is accompanied by a change 

j in Vin and Vout,s- 

! Referring to Fig. 7.10, it is seen 
that LG1 may have a 0 state in 
any one of two instances. In the 
first instance occurring when £ = 0, 
the straight line described by Eq. 
(7.24) is labelled II. For this to 
happen, RA, must be sufficiently 
large (Ry > Ryman © MinVin/(Ec 
— ro — Ven). Then, Vinjes,s © Ven- 
The second instance (straight line 
ITI) takes place when E > V¢y. Then 


Fig. 7.42 Vin.ss.3 & E, because I His small. 
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Fig. 7.13 


Duration of the temporary state. The manner in which the tim- 
ing voltage varies can be ascertained from the equivalent circuit 
of Fig. 7.13. The state of the switch, Sw, is determined by the status 
of the limiting diode. More specifically, it is closed during the first 
step of the relaxation process, and open during the second. Because 
the transients during either step are exponential in behaviour, the 
duration of the temporary state may be written 


v’g (0)—va (to) 
vi, (002) — va (#1) 
vi, (00) — va (#1) 
vi, (90) — va (te) 


T= YG In 


+ T, In (7.24a) 


where 
T=CRz, T2=C (Ro+ Ry || Tin) 
v4 (00) = — ey 
Va (to) =Vin, 28,22) — (VE — V4) 
E-Le Eqteo—e 

Va (ty) = —@—R, (+2 | 

Erint (Egt ep) Ri 
Tint Ry 


E-—V Eq—ego—Vth 
Va (to) =Vin— Ry (=a th+ a) 


Vi (00) = 


The first step is omitted when 


E E +e, —e 
R,>(V"—V" —Vin, ss, 2c) — 0] ( Att xO | 


because then vy (t)) > va (t,). AS a consequence, the duration of 
the temporary state is 

v", —va (t 

4 (00) —va (to) (7.24b) 


Sat The ey oa ta) 


Recovery (resolving) time. This time interval is determined by 
the fact that the capacitor charges up exponentially via the resis- 
tors R, and R, and the output resistance roy; of the second logic gate. 


15¥* 
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At kgeo == 0.8, Tre = 1.6C (Ry + Ry + rout). AS in a multivibrator 
with a falling timing voltage, t,- >t. To minimize the recovery 
(resolving) time in a multivibrator with E > Vy, the resistor R, 
can be shunted by a diode (shown by a dashed line in Fig. 7.8). 


Free-Running IC Logic Gafe Multivibrators 


One way to build a free-running IC logic-gate multivibrator is 
to make the two coupling circuits of the RS flip-flop capacitive 
instead of direct. However, such multivibrators are used on a limited 
scale because they, like all other symmetrical circuits, require a trig- 
ger pulse to force them to oscillate, call for a larger count of external 
circuit components, and present some difficulty for the recovery of 
the initial voltage on their capacitors during one half-cycle of oscil- 
lation. 

These difficulties are non-existent in the unsymmetrical free- 
running multivibrator of Fig. 7.14a. In contrast to a triggered multi- 
vibrator, the external resistor R, is connected to the output of the 
first logic gate, with the result that the output voltage of the first 
logic gate acts as the supply voltage EF. If Ry < Ry max, both states 
of the multivibrator are astable, because for Vout. = VE ~ 0, 
the circuit of Fig. 7.14a is equivalent to a multivibrator with a fal- 
ling timing voltage, whereas for Vout.) = Vit os Vin, it is equivalent 
to a multivibrator with a rising timing voltage. The timing diagrams 
of the unsymmetrical multivibrator in question are shown in 
Fig. 7.140. The values of tT), and to, can be found, using Eqs. (7.23) 
and (7.24) on substituting 


Vin (to) =Vin-+ (V9 —V") Ry/(Ry + Ry + rout) 
in the former, and 
Va (to) =Vin (1 + R/R,) — (VE —V2) 


in the latter. 


A 
O Vout 1 
| To1 Too 
Vout2 1 : H t 
t 
O 
Vout 2 ] ! t 
aM Van | } { 
O | | 
yVoutt ; 
—_— 
(a) (b) 3 


Fig. 7.44 
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7.5. DIFFERENTIAL OPAMPs AS MULTIVIBRATORS 


To act as multivibrators, differential opamps can be arranged in 
any one of three configurations: with a differentiating RC-network 
in the positive feedback path, with an integrating RC-network in 
the negative feedback path, or with both. 

In a multivibrator using a differentiating RC-network, the feed- 
back signal exceeds the output signal in amplitude. In a differential 
stage using bipolar transistors, such a feedback signal would cause 
the emitter junctions to break down. With the input current pro- 
perly limited. however, this breakdown could be made reversible, 
but the relaxation processes would no longer be exponential, the 
duration of the generated pulses would be reduced, the stability of 
the multivibrator would be impaired, and its characteristics would 
be difficult to calculate. These drawbacks limit the use of circuits 
with differentiating RC-networks. The principles underlying their 
synthesis and calculation are explained in [53]. 

A multivibrator with an integrating RC-network is basically an 
unsymmetrical multivibrator (see Fig. 6.5) incorporating an addi- 
tional feedback loop so that it can operate as both a free-running 
and a monostable multivibrator. 


Free-Running Multivibrator with 
an Integrating RC-Network 


Basically, this type of multivibrator (Fig. 7.15) depends for its 
operation on alternatively charging and discharging its capacitor 
via the resistor R (see Fig. 7.155). 

Suppose that at f < f), the output voltage is v = V”. This condi- 
tion will remain so long as é¢ > Fyiy. On varying exponentially, the 
capacitor voltage tends to —V™- If 


= VS Buin (7.25a) 


an instant, ¢ = tf), will be reached as the capacitor recharges when e 
becomes equal to Ein, the multivibrator changes state, and, as 
a consequence, the output voltage becomes equal to v = V™. This 
condition will remain as long as e << Emax. The capacitor voltage 
tends to V™ and with 

VE > Emax (7.25b) 


at time ¢ = t, it reaches the level of Emax at which the circuit resets. 
The events described above repeat themselves periodically. The 
period of oscillation is the sum of two half-cycles (T = 11 -+ Toa) 
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Fig. 7.15 


during which the timing voltage e completes a full cycle of alterna- 
tions between E,»,, and Emin. Accordingly, we may write 


H L 
T=t(In 4 — Emin +1n 4 + Emax ) 


VE _ Emax VE Emin 
where t = RC. Using Eq. (6.8) where y = R, (Ry + Re), we get 
AE AE 
T=t In| 1-+ ———____—_ tin] 14- -———————_ 
7 nf ¥ eae a ena 


In practice, the second terms of the logarithms are usually small, 
therefore 


T ~ tAEAVI(1—y) (VE — Eptas) (VU + Epias)] 


where AV = V™ + V" is the amplitude of the signal at the ampli- 
fier output. 

The pulse period to pulse duration ratio (the reciprocal pulse 
duty) for the multivibrator in question is given by 


Qp=Tity & 1-+ (VE — Eptas)/(V? + Eptas) 


If the circuit is symmetrical, V" = V", Entag = 0, anc AV 
= ove, then 


T = RC [4y/(4 — y)] and Q,p = * 


In practice, the symmetry is upset because vV™ « V". The situation 
can be improved through the use of silicon Zener diodes (Fig. 7.16). 
Additionally, they will make the pulse repetition period more stable. 

Large values of Q, can be obtained by shunting R with a diode- 
resistor network (D;R’ in Fig. 7.17) so as to upset the symmetry of 
the circuit. Then the capacitor will charge via R and R’ connected 
in parallel, whereas during discharge the diode will be nonconducting. 
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Fig. 7.16 Fig. 7.17 


The desired pulse period to pulse duration ratio can be obtained by 
suitably varying the values of R and R’. It is to be noted that the 
minimum values that may be chosen for R, R’ and R, + Ry are 
limited by the load capacity of the amplifier. 


One-Shot Multivibrator with an Integrating 
RC-Network 


The above multivibrator can be re-arranged into a one-shot by 
setting Ey,,, such that one of the inequalities (7.25) is violated. 
As a result, one of the temporary states will become a stable one. 
This approach is applicable in cases where the range of input voltages 
of the differential opamp is wider than the range of output voltage. 
This is not the case with most of the integrated circuits in use. 
Therefore, it is more customary to obtain one-shot operation by 
interposing a diode as shown in Fig. 7.18a so as to limit the time 
during which the capacitor re-charges. Such a multivibrator will 
be in its stable state when the output of the differentiating opamp 
goes high. Under steady-state conditions, the diode is conducting 
and the voltage e is clamped to é» equal to the voltage drop across 
the conducting p-n junction. For this state to be stable, it is essential 


Fig. 7.18 
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that @¢)< Emax, which is ensured, for. example, when Epjas = 0 
and y> eV". , 

A negative-going pulse applied to the noninverting input of the 
differentiating opamp causes the multivibrator to go from its stable 
to its temporary state with a low output voltage (Fig. 7.18b). When 
this happens, the capacitor begins to discharge until the time ¢, 
when ¢ = Emin. The circuit goes back to its original state, and the 
original voltage is restored on the capacitor. The recovery is complete 
by the instant when the diode turns on. 

Duration of the generated pulse. During the interval from t) to 
t, the timing voltage varies exponentially 


e (t) = (€9 + VE) exp [— (t— to)/RC] —V™ 
From the equation 
é (4) = Egin 
the duration of the generated pulse is found to be 
t= ty —t= RC In(eé + VY) /(Emin + VL) 
fo— Emin 
=RC ln (t+5—y yt) 
If E=0,e<V", and y <1, then 
t= RC In(1+ 37} ww RC in (1+) & yRC 
Recovery (resolving) time. During the recovery interval, t,~ = tg 
— t¢,, exponential variations in e (t) can be written as 
e (t) =(Emin— VE) exp (— t/RC)+ V# 
On substituting e (t.) = @), we obtain 
ot VE Emin wis €o— Emin ‘ 
Tre = RC In BB = RC In (ica) (7.26) 


Tue recovery (resolving) time can be reduced by shunting R with 
a diode network (Fig. 7.16). Then, R in Eq. (7.26) must he replaced 
by RR'/(R + FR’). 


REVIEW QUESTIONS AND PROBLEMS 


7.4. Name the states which a one-shot and a free-running multi- 
vibrator can have. 

7.2. Describe the relaxation process. 

7.3. Plot a timing diagram for the timing voltage of a symmetrical 
multivibrator using p-n-p transistors and integrated n-p-n transis- 
tors, an unsymmetrical free-running multivibrator made with IC 
logic gates, and an opamp free-running multivibrator. 

7.4. In the directly-coupled one-shot multivibrator of Fig. 7.1a. 
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transistor [74 has been shunted by a resistor whose value is Rc 
(y = 1). Find how this has reduced the duration of the output pulse. 

7.5. In the directly coupled one-shot multivibrator of Fig. 7.1a, 
the wiper of Rc; is set in the middle position (y = 0.5). Plot the 
waveform of the pulse in the collector of 71. Derive the relation 
connecting t,, and y. 

7.6. In a directly coupled one-shot multivibrator operating at 
Ec = 12 V, the amplitude of pulses in the base of 72 is 3 V. Using 
the ideal transistor model, find k,. 

7.7. Name the elements which should be added to a symmetrical 
multivibrator so as to increase the output pulse period to pulse 
duration ratio (the reciprocal output pulse duty). 

7.8. What is the function of diodes D1 and D2 in the K2P'@182 
IC multivibrator shown in Fig. 7.5a? 

7.9. How does the diode D4 in the H2P@182 IC multivibrator 
of Fig. 7.5a affect the waveform of the trigger voltage of the multi- 
vibrator? 

7.140. How should the external components be connected in the 
K2ro@182 IC multivibrator of Fig. 7.5a so as to make the multi- 
vibrator free-running? 

7.44. Explain the function of Ry, and Ao. in the H2P@192 IC 
multivibrator of Fig. 7.7. 

7.12. Draw the circuit and calculate the circuit parameters of an 
IC Jogic-gate multivibrator with a falling trigger voltage. The out- 
put pulses are 10 us in duration, and the multivibrator is made with 
TTL gates with a totem-pole output driver, for which Eg = 5 V, 
v¥ —3.8V, Ve=0.4 V, N =8, In=1 mA, rout = 150Q. 
It is assumed that each output of the multivibrator can be loaded 
into two identical logic gates. Calculate the maximum repetition 
rate of trigger pulses. 

7.43. Work out Problem 7.12, using the circuit with a rising 
trigger voltage. 

7.14. Using the TTL gates defined in Problem 7.12, design a free- 
running multivibrator generating output pulses with a repetition 
rate of 300 kHz. It is assumed that each output of the multivibrator 
can be loaded into no more than two identical logic gates. 

7.15. Calculate the values of the external components for the one- 
shot multivibrator of Fig. 7.18a, generating pulses with a duration 
of 1 ms and a pulse repetition rate of not over 0.5 kHz, if the ampli- 
fier is a 1YT401B integrated circuit for which v# = 10 V and 
Vv" = —7 V across R; = 5 kQ. The input currents of the amplifier 
may be neglected in calculations. 

7.46. How should the circuit of the multivibrator in Problem 7.15 
be modified if the pulse repetition rate should be raised to 0.9 kHz? 
If the output pulses should be of positive polarity? 


8 BLOCKING OSCILLATORS 


3.1. GENERAL 


A blocking oscillator is a relaxation oscillator generating square 
pulses, consisting essentially of a single-stage amplifier with a pulse 
transformer in the positive feedback path. 

As regards the stability of the output waveform and period of 
oscillation, blocking oscillators are usually inferior to multivibrat- 
ors, but they offer advantages of their own. For one thing, the ampli- 
fier transistor in a blocking oscillator draws current during only 
a small fraction of the entire cycle, so that the output pulses may 
have a high peak power, a high pulse period to pulse duration ratio 
{Q,, >> 10), and a low average power. For another, the pulse transfor- 
met can supply pulses of any polarity and with an amplitude which 
may exceed the supply voltage, the output resistance is low, and the 
circuit is highly reliable because it uses a small count of circuit 
components. The principal drawback of blocking oscillators is the 
need for a pulse transformer which cannot be microminiaturized. 

At present, blocking oscillators are used as drivers and modulators 
for r.f. pulse generators, clock pulse generators for magnetic memories, 
one-bit stages in storage counters, and low-to-high d.c. voltage con- 
verters. Like any other relaxation oscillators (such as multivibrators 
and phantastrons), they can be triggered, free-running, or synchron- 
ized, and operate as frequency dividers. 


8.2. COLLECTOR-COUPLED BLOCKING OSCILLATOR 


The basic circuit of a blocking oscillator in which the collector is 
coupled to the base by a pulse transformer is shown in Fig. 8.1a. 
Because the base resistor A is returned to the —Eg supply, the block- 
ing oscillator is free-running. For triggered operation, R must be 
returned to the +p, supply. 

Let us trace the operation of the blocking oscillator, starting at 
time ¢ < t, when the timing capacitor C charged during the previous 
pulse ceases to discharge. The waveforms of the voltages on the base 
and collector of the transistor, the capacitor C, and the load resistor 


AR, connected in the tertiary winding of the transformer are shown 
in Fig. 8.10. 
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Fig. 8.1 


The timing capacitor discharges at a relatively slow rate (this is 
a relaxation process). Therefore, practically no emf is induced in 
the transformer windings, the base voltage is the same as the capaci- 
tor voltaye, and the transistor is at cutoff. The pulse leading edge 
begins to be formed at t= t) when the base is pulled up to the cut-in 
voltage. The collector current completes the positive feedback path 
through the collector and base windings connected in opposition 
(sce Fig. 8.4a). Soon after the controlled currents begin to flow 
through the transistor, the base current gain becomes sufficiently 
large for the feedback loop gain to be K pg > 1, so that the transistor 
currents build up cumulatively and at a high rate—the leading 
edge now rises regeneratively. 

‘The circuit parameters are chosen such that the leading edge of 
the output pulse is fully formed at the instant when the transistor 
moves into the saturated region. Because the input resistance deter- 
mining the equivalent collector load is small, the switchover to 
saturation occurs at heavy currents hundreds or even thousands of 
times the safe static limits. If the average power dissipation is 
likely to exceed the safe limit, these currents are often limited by 
inserting resistors Rc and Rg shown by dashed lines in Fig. 8.1a. 
Also, Re can sometimes be used as a source of voltage pulses free 
from backswing (tail), and /g serves to stabilize the pulse duration 
in spite of variations in rj, due to changes in the base bulk resistance 
{base resistance modulation). 

At the end of the rise time (at time t = ¢,), the base current in 
a blocking oscillator using a transformer with an optimal transform- 
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ation ratio will always exceed; the collector current. Because of 
this, the transistor is driven hard into saturation. Removal of the 
minority-carrier excess charge, occupying an interval (the storage 
time) longer than the pulse rise time, defines the duration (¢, to ¢,) 
of the pulse top, which is close to the pulse duration Tt. 

Over the pulse duration, the capacitor is charged by the falling 
base current determining the change in the total minority-carrier 
charge. In contrast to resistor-coupled switches used in flip-flops 
and multivibrators, the collector current of a blocking oscillator at 
saturation does not remain constant. It is the sum of the direct com- 
ponent, the rising magnetizing current of the transformer, and the 
decreasing base current. Therefore, the collector current and, as 
a consequence. the related minority-carrier charge may rise or fall, 
depending on the rate of change of the transformer and base currents. 

At the end of the pulse duration (at time ¢ = ¢,), the transistor 
moves out of saturation, and the minority-carrier charge rapidly 
decreases until it becomes equal to its limiting value. With the 
transistor moving into the active region, the positive feedback path 
is completed in the same manner as during the leading edge of the 
pulse, and the major portion of the trailing edge begins to be formed, 
with the transistor currents falling at a progressively increasing rate. 
At time ¢;, the emitter junction of the transistor is reverse-biased, 
and the transistor is driven to cutoff. This produces the remaining 
portion of the trailing edge (¢; to ts) and the backswing (t, to ¢;) 
in the collector voltage pulse, owing to the leakage of magnetic 
energy stored in the transformer core while the pulse top was formed. 

The interval between pulses, T-t, lasts so long as the capacitor 
voltage vc about equal to vg decreases as the timing capacitor C 
discharges or, rather charges via R from —£¢ to the value from 
which we began our discussion. 

Conditions for operation of a blocking oscillator. The key require- 
ment for a blocking oscillator to operate normally is that the switch- 
over must be regenerative in nature. For this to happen. the rise 
and fall times of the output pulse must be such that 


Kya © nKeg > 1 (8.1a) 


where n=wplwco, Keg =B(RL\lrin/rin, RL = Rr/ni. rin 
= ry/n?, np = wy/we, Wo, Uy and wz are the number of turns in 
the collector, base and load windings of the transformer, respec- 
tively. 

In deriving Eq. (8.1a), the capacitor C was visualized as a short- 
circuit for fast variations in voltage during the rise and fall times. 
From Eq. (8.1a) it follows that the blocking oscillator will operate 
normally if the load is 

Ri> Ri, min (8.1b) 


where Ry min = Min/ In (B — 1)I. 
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ig, 


Fig. 8.2 


If the load resistance is high so that Ri >> rin, it is required that 
p/n > 1 (8.1c) 
If the base circuit contains Rg, rin in Eq. (8.1a) must be replaced 
with Ry, = (Rg + riy)/n?. It follows from Eqs. (8.1) that blocking 
oscillators have, as already noted, a high loading capacity. 
Basie equations for blocking oscillators. Let us rearrange the 
circuit of Fig. 8.4@ as shown in Fig. 8.2. From inspection of this 
circuit, we may write 
Ec=Vce+ (Upe+ vc)/n 
iwi =ty+te, 

: cate p (8.2a) 
ivp=ip-+ic.-+ to, 
two = tc — to, — ice 

To transfer the parameters of Fig. 8.2 into the collector circuit, 
it is necessary to use the equation of balance for the ampere-turns 
of the transformer: 


Woly = Weiwe — Walwe — Wriwt (8.2b) 
In view of Eq. (8.2b), we may write Eqs. (8.2a) as 
io= iy + ig + itt ic (8.2c) 
where 
ip = nip 
in = Mit 


i¢=ic, + ic. (1+ n)+nic, + nic, 
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Fig. 8.3 


The first line of Eqs. (8.2a) is the voltage equation, and Eq. (8.2c) 
is the current equation. They are the basic equations of a blocking 
oscillator, used when finding the circuit parameters referred to 
the collector. 

Using Eqs. (8.2a) and (8.2c), we can draw equivalent circuits 
which permit analysis of the fast processes—the shaping of the lead- 
ing and trailing edges (the rise and fall times), and also the relat- 
ively slow processes—the shaping of the pulse top (pulse width) 
and the recovery of the initial state. 

Leading edge. For the duration of the rise time (the leading edge), 
the transistor is in the active region. To a first approximation, we 
may deem that for the duration of the rise time, the magnetizing 
current of the transformer and the voltage on the timing capacitor 
have no time to depart from their initial (zero) values. Also, it 
should be remembered that the capacitive current has a marked effect 
on the shape of the leading edge. In view of these remarks, the a.c. 
component existing over the pulse rise time can be analyzed, using 
the equivalent circuit of Fig. 8.3. Here, the transistor is represented 
by the simplified model discussed in Chap. 3. The control current 
generator Jp/s simulates the effect of fluctuations (in the free-run- 
ning mode) or trigger pulses (in the triggered mode). The leakage in- 
ductance LZ), is assumed to be negligibly small, as it usually the 
case in pulse transformers. 

The stray capacitance C, is connected to the capacitive current 
ic in the usual manner: 


Cs = icl(dec/dt) 


Assuming that the transformer in the circuit of Fig. 8.3 is ideal, 
we may write the Laplace transform of the change of collector volt- 
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age as 
_ Ip BRL 4 
UVcER (s) = ae Tat Gos) Gs) (8.3a); 
where 


ts = Ri (C,+ C,) 


and the roots of the denominator are found from the characteristic: 
equation 


qfatet te) +mRite | Rot nk; (nf) 


2 
se Rptpt® : Rptpat =0 (8.3b); 
Hence, 
_ Rp (tg+ tH) + PAR tg 
aaa IRpiate 


"Rpts? [Rpt nRy, (2B) | 
214 A ae hi 0 td OE Ae 
x| a V3 [Rpt +eR ae | 


In practice, the second term of the radicand is usually markedly 
smaller than unity. Therefore, 

1+Rt (1—B/n)/RE 

7 ad ~~ ti 45 (1+Rp/R5) ee 

8, a — [1/C§ (Rx || Rp) + 1/t5] (8.3d): 


where C3 = C, + C,. 

It follows from Eq. (8.3c) that the cumulative build-up of voltage 
(the triggering of the blocking oscillator) can take place only if the 
root s, is positive, which corresponds to the condition 


Bin> 1+ Ro/Rz (8.4) 


Equation (8.4) is identical with Eq. (8.1) defining the condition 
for the correct operation of a blocking oscillator, with the exception 
that in the adopted transistor model the input resistance, rn, is 
Rg. When the inequality (8.4) is satisfied well, the Laplace trans- 
form (8.3a) can be simplified: 


___ IpR 1 
veE- (8) ¥——~T A s,) Cat) (8.5a) 


n , , t(+Rp) 
x= — | C¥R3 + —>— 
T= T, || [C3 (Rx || Re)] (8.5¢) 
The original time function for the Laplace transform (8.5a) is 
IpRpf exp(t/t;) , exp (—t#/t2) 
inhp [ 7s a 20 1 | (8.54) 


where 
(8.5b) 


Ucee (t) = Tul 1 %y/Te 


240 CH. 8 BLOCKING OSCILLATORS 


A plot of this function for a small 
initial disturbance, IpRp/n 
<0.1E¢, is given in Fig. 8.4. In 
this case, the pulse rise time, 7,, 
is taken to be the interval from ty 
to t,, where vege (to) = 0.1Ec 
and vcr (t;) = Ec. The inter- 
val from zero to t) may be treat- 
ed as the pulse delay. Because 
we have assumed that the initial 
disturbance is small, exp (t)/t,) 
> 1, then 


JyRp exp (t/T,) 
n 14+7,/Ty (8.6) 
Thus, under the assumptions made, the initial disturbance will 
only affect the pulse delay. 
On substituting ucpe (to) = O41F_ and vcr (t,) = Eq in 
Eq. (8.6), we find the pulse rise time (the duration of the leading 
edge) to be 


UcE- (t) ~ 


T= 4h — th 2.37, (8.7) 


It follows from Eqs. (8.7) and (8.5b) that there is an optimal value 
of the transformation ratio for which the pulse rise time is a mini- 
mum: 


nopt=V Ro ("24 1/8;,) (8.8) 


For typical parameter values, nopt< 0.5. 

It should be remembered that the transformation ratio falls to 
its minimum very gradually. Therefore, assuming that the pulse 
transformer is similar to that examined in Chap. 2, the value of n 
is often chosen to be close to unity, including the value of Re. 

Pulse top. For the interval (t, to ¢,) occupied by the pulse top 
(see Fig. 8.1b), the equivalent circuit of Fig. 8.2 can be re-arranged 
as shown in Fig. 8.5. Here, the output and input circuits of the tran- 
sistor are respectively represented by the output and input resistances 
at saturation, and the capacitive current flowing through the stray 
capacitance C’, is assumed to be negligible because the voltages across 
the transformer windings vary at a very slow rate. The equivalent 
circuit is also extended to include Ag which, as already noted, mi- 
nimizes the effect of the input-circuit parameters on the pulse du- 
ration and provides a means for controlling the pulse duration. 
Furthermore, the equivalent circuit does not contain the relative 
high-valued timing resistor R. 
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To simplify the analysis, Ro and routisat) Will be deemed shorted 
out, because practical blocking oscillators usually satisfy the ine- 
quality Ly/ (Ro + routisaty) > t well. The total minority-carrier 
charge Q and the limiting minority-carrier charge Qi;m can be found 
from the following relations: 


Ttsat (dQ/dt) + Q = Teatis (é) (8.9a) 
Q:im (t) = Tpic (t) = Te [ip (¢) + ix (t) + iz (t)] (8.9b) 
where 
TR = T,/B 


Under the assumption that Ro and routisat) are shorted out, the 
currents are found to be 
ip = Ect/Ly 
i, = Ec/Rt 
ig (t) =I, m exp (— t/t) 
ig (t) = ig (t)/n 


(8.40) 


where I3,m = Eg/ (Rp + rin(sat) and TT) = C (Rp + Tin(sat)): 

As usual, time in Eqs. (8.9) and (8.10) is reckoned from the start 
of the interval ¢, to ¢,. On substituting Eq. (8.10) in Eq. (8.9), we 
obtain 


ie Totsat 
Q (2) = I,m Ty — Tgat 


x [exp (— t/t)) — exp (—#/Tgat)] + Q (0) exp(—t/Tsat) (8.1 1a) 
Qiim (t) = te (EBt/Ly+ Ec/Ri+ Is, m exp (—t/t)] (8.11b) 
where 
Q (0) = Q (t1) = taic (t4) © taEc/[Rz || (Rinsaty + Ro) 
46—01590 
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Fig. 8.6 


Equations (8.11) are illustrated in Fig. 8.6. The termination of 
the pulse duration (¢ = t,) can be found from Eq. (8.11) on substitut- 
ing 

Q (t) = Qum (7) (8.12) 


The transcendental equation (8.12) can be solved numerically 
on a computer. Analytically, it is advisable to examine the limit- 
ing cases typical of blocking oscillators with a short and a long 
pulse duration. 

For blocking oscillators with a short pulse duration (t = 1 to 
0.01 ps), the time-setting capacitance is usually small so that 


4% < TK Tat (8.13) 


In this case, the exponential terms in Eq. (8.11) related to the fall 
of the base current at the end of the pulse width may be deemed 
negligibly small. Also, the exponential terms with the time con- 
stant Tgat, defining variations in the total charge, may be approxi- 
mated by the linear terms of a power series. Thus, 


Q(t) & [tol B, m+ Q (0)] (1—T/Tga1) (8.14a) 
Qum (t) & Tp lEct/Ly+ Ec/Rx] (8.14b) 
In Fig. 8.7a, Eqs. (8.14) are illustrated by solid lines. The dashed 
lines represent the initial portions of the functions Q (t) and Qi» (t) 
during the decay of the recombination charge and the limiting 
charge associated with the referred base current. 
From Eqs. (8.12) and (8.14), the pulse duration is found to be 
t= [Ly (1+ %o/ntp)/(RBt rinsar))| 
x {4+ Ly [4 + to/(ntp) + (Rp+ Tin(sat))/ Ry] 
X [Tsat (Rp+ Tincsat)) 174}! (8.15) 
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Fig. 8.7 


It follows from Eq. (8.15) that in the case in question the pulse 
duration markedly depends on the time constants tg and T,ay char- 
acterizing the inertia of the transistor. It may be added that this 
dependence is more pronounced for high-frequency transistors. 

For blocking oscillators with a long pulse duration (t>> 10us) 
the time-setting capacitance is high, so that 


Att TK T (8.16) 


Now the exponential terms in Eqs. (8.11) associated with the 
excess minority-carrier charge storage may be neglected at time 
t = t, and the exponential terms with the time constant Ty can be ap- 
proximated by the linear terms of a power series: 


Q (t) & IB,mTsat (1 — T/T) (8.17a) 
Qiim (Tt) & telEct/Ly + Ec/Rt - Ip,m(14—t/t)] — (8.17b) 


In Fig. 8.7b, Eqs. (8.17) are illustrated by solid lines. Using 
Eqs. (8.12) and (8.17a), we get 


Et a a 
RgtTinsat) 
aB/n—1—(Rgt+rinsaty)/ AL 
X TEL, ln Milt (RT ay)l (8-418) 
where @ = Tsat/Tp. 

It follows from Eq. (8.18) that in blocking oscillators generating 
pulses of long duration, the pulse duration is mainly affected by 
the common-base current transfer ratio, B. 

The limiting case of the blocking oscillator in question is the so- 
called Z-oscillator—a blocking oscillator without a time-setting 


16* 
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Fig. 8.8 Fig. 8.9 


RC-network (Fig. 8.8), which is the key element in low-to-high vol- 
tage converters [14]. On setting t) = oo in Eq. (8.18), 


___ nLyab = Ry+rinsat) \” 
cia RB+Tingat) [4 ie) ( ae Ry, )] (8.19) 


Trailing edge. The time interval from ¢, to t,; occupied by the 
trailing edge, or the pulse fall time, ty, may be treated as the sum of 
two subintervals: from t, to ¢; = ty, and from tt to t3 = Tyo 
(Fig. 8.9). During the first subinterval, which is the fall proper, the 
transistor is in the active region, so the currents and voltages change 
cumulatively at a progressively increasing rate, as they do during 
the rise time. The fall portion of the trailing edge is proportional in 
duration to the time constant t, and can be minimized by optimiz- 
ing the transformation ratio, mopt. The remaining or decay portion 
of the trailing edge is largely shaped with the transistor at cutoff 
(leaving out in a first approximation the dynamic current cutoff 
examined in Chap. 3). During the fall portion of the trailing edge, 
the magnetizing current of the transformer remains nearly constant 
and at the end of the pulse top it is equal to i, (tj) ~ i, (t,) 
= Ect/L,. During the decay portion, the magnetizing current 
begins to diminish. 

The equivalent circuit that reflects this decrease in the magnetiz- 
ing current is shown in Fig. 8.10. During the interval from ¢; to t, 
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Fig. 8.10 Fig. 8.11 


the diode is OFF, and the equivalent resonant circuit L,/R_,/C, has 
an oscillatory response, because Ry, > Roy = 0.5V L,/C,. Approx- 
imately, it may be taken that the duration of the minor portion 
of the trailing edge, or the decay time Tyo, is 


Typ © 0.257 ¢ & 0.50 VL,Cr (8.20) 


Which of the two portions, the fall or the decay, will prevail de- 
pends on the relative values of the circuit components. 

Recovery time of a blocking oscillator. The recovery of the block- 
ing oscillator shown in Fig. 8.1 is essentially controlled by two 
processes: the dissipation of magnetic energy stored in the transform- 
er (the decrease in the magnetizing current) and the discharge 
(or, more accurately, recharge) of the time-setting capacitor. The 
equivalent circuit applying to the former is shown in Fig. 8.10 where 
the diode turns ON at ¢t > 1¢,, and the resultant shunting resistance 
of the resonant circuit Rsy = Ry + Reger, where Reger = Reey/ni., 
decreases. To cut down the damping time, Rger is usually chosen such 
that the resonant circuit has a critical or slightly oscillatory tran- 
sient response, in accordance with the relation Ry ~ Rey 
= 0.5 VZ,/Cy. In the circumstances, the duration and amplitude 
of the backswing, tp, and Vm ys, are given by 


Tyg 24VL,Cz and Vin, ys & ip (tz) X0.37V L,/C, (8.21) 


The second process, the discharge of the time-setting capacitor 
charged during the pulse top, via the time-setting resistor (the re- 
laxation process) is illustrated in the equivalent circuit of Fig. 8.11. 
Assuming that a cycle of oscillation begins (the transistor turns on) 
at Up (Tre) 0, we obtain from Fig. 8.11: 


Trelax © Tre In [4 + Uc (t3)/(Ec = TcoR)] (8.22) 


where Tre = RC. 
The initial voltage across the capacitor is 


Ug (t3) & Ve (t2) — AVe 


where Ug (t2) = MUV¢ (te) = nEc [1 — exp (—t/t))], and AV, 
~~ Q (t,)/C is the capacitor discharge during the pulse fall time. 
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To minimize the temperature instability due to Igo, the value 
of R should be chosen such that Ico, max R< Ec. 

In blocking oscillators with a time-setting RC-network, the ca- 
pacitor discharge is the prevailing process, so that the recovery 
time is equal to the relaxation time, te = Tretax. Thus, for the 
circuit of Fig. 8.1, the period of oscillation is 


T =T + Tretax © Tretax (8.23) 


where it is recognized that Trea, >> T. 


8.3. MODIFIED BLOCKING OSCILLATORS 


The basic hblocking-oscillator circuit examined above can he 
modified so as to improve the stability of pulse duration and os- 
cillation period despite variations in temperature and operating 
conditions. 

L-oscillator with a resistor in the emitter circuit. This configura- 
tion (Fig. 8.12a) markedly reduces the dependence of pulse duration 
on the value of B. 

To determine the pulse duration t, we shall use the equivalent 
circuit in Fig. 8.42b where the dashed line encloses an ideal trans- 
former which transforms the voltages across and the currents in the 
collector and base windings by a factor of n = wp/wc. The value 
of Rg is chosen sufficiently high (Re>> routisat) and Tincsat)), SO 
that routtsat) and Tincsat) May he deemed short-circuited in our 
further discussion. 

Referring to Fig. 8.12b, the collector and base currents are found 
to be 


ic (t) = (1—n)? Ec (t/Ly + 1/R, 4+ n?/Rp) 
ip (t) = nE-/ (1 + n) Rp — ic (2) (8.24) 
Accordingly, Eq. (8.12) takes the form 
lata | 
~ tpEc (1+n)? (t/Ly-+ 1/R_-+ n2/Rpg) (8.25) 


because we neglect the minority-carrier excess charge. From 
Eq. (8.25) it follows that 


«= L, (w/Rp) [PEE 1 |—L/Ri 
rw (Lyn/Ry) (1— Re/nR’) (8.26) 


where it is taken that a@f>> 1. The waveforms of currents and volt- 
ages existing over the interval t appear in Fig. 8.12c. 
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(b) 


Een, /(n + 1) 


(c) 
Fig. 8.12 


The dependence of t on load is minimized by inserting a buffer 
stage (Fig. 8.13). As the pulse top is shaped on transistor 71, the 
initial step change in collector current, n2E¢/ (1 + n)* Re, switches 
transistor 72 whose collector lead contains a variable load (say, a 
switchable number of ferrite-transistor cells) from cutoff to satu- 
ration, thereby permitting current to flow through the load. 

The dependence of t on L, and Ag can be minimized by using 
delay lines or saturable-core transformers. In the former case 
(Fig. 8.14), a short-circuited delay line with a sufficiently high 
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characteristic impedance W is connected in the tertiary winding of 
the transformer. When the oscillator is excited, the line acts as a 
matched load, Ry; = W, for the time interval required for the for- 
ward and backward wave to travel in the delay line, 2ty,. After the 
capacitances of the delay line discharge in the time 2ty,, the effec- 
tive impedance of the delay line suddenly drops to the ohmic resi- 
stance of the inductances, thereby causing a rise in the collector 
current of the oscillator and the corresponding limiting charge, and 
the pulse top is terminated. 

When use is made of an ordinary pulse transformer, the circuit 
parameters are chosen such that the required change in magnetic 
induction, AB (in the absence of saturation) will exceed ABmaxz 
= B, — B, for a given core: 


AB > ABmaz (8.27a) 


where AB = ect/ (WcSeore) iS the likely pulse duration in the 
absence of saturation. On substituting Eq. (8.26) for t in Eq. (8.27a) 
and the expression for L, derived from Kq. (8.26), we may re-cast 
Eq. (8.27a) as 


ABmax < 


n 
4+n 
When the condition defined by Eq. (8.27) is satisfied, the pulse 
duration t [compare with Eq. (2.43)] is given by 


t = ABnaxWcScore/@c = (1 + 2) ABmaxStorewe /Ec (8.28) 


At present, saturable-core pulse transformers are most commonly 
made with square-loop cores (Fig. 8.15a). Initially, when the trans. 
istor is OFF, the magnetization of the core is represented by point 
A (—Hs, —B,) in Fig. 8.153, where H, is due to Iyjas = Ec/R 


(Ec/Rx) (1—Re/nRz) wepalleore —_ (8-27b) 


8. 


c*) 
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traversing an additional winding, waaq. The trigger pulse switches 
the transistor into the active region, and the operating point begins 
to move along the lower portion of the hysteresis loop. The amplitude 
of the trigger pulse must be sufficiently large for the collector cur- 
rent to be such that the magnetizing field of the core reaches its 
threshold value, H, (point A,). 

Within the portion A,D, the core has a high permeability, so the 
leading edge is formed in a cumulative manner as in an ordinary block- 
ing oscillator. After the transistor has switched to saturation, the 
pulse top is shaped so that the representative point moves along the 
portion A,D of the hysteresis loop as the magnetizing current increas- 
es. At point D, the core is saturated, the collector current suddenly 
rises, the transistor pulls out of saturation, and the pulse top is 
terminated. Owing to the fixed magnetic bias, the representative 
point moves along the portion DD, of the hysteresis loop, whereas the 
trailing edge is shaped within the portion D,A and, after the tran- 
sistor is driven to cutoff, the circuit recovers its original state. 

Approximately, the pulse duration t can be found from Eq. (8.28) 
in which ABmax must be replaced with 2B,: 


ue (1 +7) 2B,SeoreWc/Ec (8.29) 


According to [3], the configuration shown in Fig. 8.15 may be 
used in ferrite-transistor gates. In [3] it is also pointed out that the 
increase in collector current as the pulse top is shaped is small, such 
a blocking oscillator may be treated as a current pulse generator. In 
fact, it is used as a clock generator for magnetic switches. 

L-oscillators are frequently employed as square-wave generators. 
or low-to-high d.c. voltage converters. Figure 8.16 shows the cir- 
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cuit of a square-wave generator where two L-oscillators are intercon- 
nected into a push-pull circuit; one of them is triggered by the vol- 
tage backswing on the collector winding of the other. To convert a 
low collector voltage, Fc, to a higher value, the transformer uses 
.a step-up load winding, and the voltage appearing across its output 
is rectified [4, 44]. 

Other modifications of the blocking oscillator are those using 
transformer coupling from collector to emitter or from emitter to 
base. Although they generate pulses with longer rise and fall times, 
they may be superior to other types as regards temperature stability 
of oscillation period and pulse duration, pulse duty factor, etc. (for 
more detail, see [3] and [44]). 

Triggering and synchronization of blocking oscillators. In trigger- 
ing a one-shot multivibrator or applying synchronizing pulses to 
a free-running blocking oscillator, care must be exercised to isolate 
the trigger pulse generator from the blocking oscillator. One way 
is to feed trigger pulses via a diode (Fig. 8.17) which will turn off 
owing to a rise in its cathode potential as the blocking oscillator 
shapes the leading edge of the output pulse. As an alternative, trigger 
pulses may be fed via a separate winding, wtyig, on the pulse trans- 
former (see Fig. 8.17). 

Vacuum-tube blocking oscillators. A vacuum-triode blocking 
oscillator similar in configuration to the circuit shown in Fig. 8.1a 
appears in Fig. 8.18. For one-shot operation, the polarity of FE, is 
reversed so that the tube is driven to cutoff in the absence of a trigger 
pulse. In general, a vacuum-tube blocking oscillator operates simi- 
larly to those built around transistors, except, of course, the aspects 
peculiar to vacuum tubes only. The tube of a blocking oscillator 
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emits in bursts, so that the pulse 
current may be a few tenths of an 
ampere to several amperes without 
exceeding the average power dis- {fF 
sipation rating, if the pulse duty 7 
factor is small. The pulse top is 
usually shaped with the tube ope- 
rating in the critical region, when 

the grid bias exceeds plate voltage 

and runs into tens or even hund- 
reds of volts. 

For microsecond pulses, the tube 
may be regarded free from transit 
time effects, because the interelectrode capacitances are lumped with 
the stray capacitances of the transformer windings which determine 
the rise and fall times of the output pulses. 


REVIEW QUESTIONS AND PROBLEMS 


8.1. Draw the circuit of a collector-coupled blocking oscillator, 
explain its operation, and write the condition for its normal opera- 
tion. 

8.2. Write the basic design equations for a collector-coupled 
blocking oscillator and draw the applicable equivalent circuit. 

8.3. Draw an equivalent circuit for a collector-coupled blocking 
oscillator to explain the shaping of the Jeading edge. Using this 
equivalent circuit, determine the rise time of the output pulse, and 
the optimal value, mopt. of the transformation ratio corresponding 
to the minimum rise time. 

8.4. Draw an equivalent circuit for a collector-coupled blocking 
oscillator to explain the shaping of the pulse top. Using this circuit, 
derive expressions for Q (£) and Qim (é). Using these expressions, 
determine the pulse duration for blocking oscillators generating 
short and long pulses, and also for an L-oscillator. 

8.5. How is the trailing edge of a pulse shaped in a collector- 
coupled blocking oscillator? 

8.6. Name the processes taking place between pulses in a collector- 
coupled blocking oscillator and determine the period of oscillation. 

8.7. Draw the circuit of an L-oscillator with a resistor in the 
emitter lead and name its advantages. Derive the equation for the 
pulse duration and explain the advantages offered by this oscillator. 

8.8. Draw the circuit and explain the operating principle of a 
blocking oscillator with an improved stability of pulse duration. 

8.9. Draw the circuit and explain the operating principle of an 
L-oscillator used aS a square wave generator. 

8.10. Name triggering methods for blocking oscillators. 


9 RAMP GENERATORS 


9.1. GENERAL 


A ramp generator is one that provides an output waveform a por- 

tion of which shows a linear variation of voltage or current with time 
Fig. 9.4). 

Rane Pees: can be triggered, free-running or synchronized. 
A triggered ramp generator has an initial stable state to which it 
returns after a cycle of oscillation terminates. In this form of ramp 
generator, the pulse repetition rate or frequency is controlled by that 
of trigger pulses and may be constant (Fig. 9.1a) or variable (Fig. 9.16). 
A free-running ramp generator switches back and forth between two 
levels, and its period of oscillation (Fig. 9.4¢ and d) is determined 
by the circuit parameters. A synchronized ramp generator, as its 
name implies, is timed by a clock control (or sync) voltage. 

Sometimes, the direction in which the linear portion (working 
stroke) of the ramp waveform is varying is of importance. If this 
portion is positive-going, we have a linearly rising ramp (Fig. 9.1¢ 
and c); if it is negative-going, we have a linearly falling ramp 
(Fig. 9.1b and d). Frequently, the ramp voltage is called a sawtooth 
voltage. A very important application of such a waveform is in 
CRT oscilloscopes, where it serves to sweep the electron beam hori- 
zontally across the screen. Quite appropriately, it is called a sweep 
voltage. Because it varies linearly with time, another name for it is 
a timebase voltage. 

The ramp (Fig. 9.2) can be specified in terms of the sweep time 
(the duration of the working stroke) t, the initial level Vo, the max- 
imum amplitude V,,, the rate of change (slope) of the sweep portion, 
and the return or flyback time that is the time ty, required for the 
return to the initial value prior to the start of the next cycle of os- 
cillation. In practice, the ramp voltage will usually have a sweep 
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time of a few tenths of a microsecond to v 
tens of seconds, V,, from units to thousands 
of volts, a slope of 10!2 to 10-2 V s-4, and 

a flyback time of 1 to 50% of the sweep 
time. 


Performance of Ramp Generators 


Efficiency. A ramp generator should pre- 
ferably generate an output voltage whose Fig. 9.2 
amplitude is ‘large enough to make any sub- 
sequent amplification unnecessary as this usually distorts the output 
waveform. Accordingly, the efficiency of a ramp generator can be 
stated in terms of supply voltage utilization 


Ky =VyJlE (9.4) 


The best performance in this respect is shown by transistor ramp 
generators for which K ;, may exceed 99%. 

Linearity. For most applications involving time measurement, 
it is essential that the rate of change of the ramp voltage should re- 
main constant. Accordingly, the performance of a ramp generator 
is assessed in terms of the linearity of the ramp voltage (actually, 
its working stroke) and its stability with time and under varying 
operating conditions. 

The ramp voltage v (t) is said to be linear, if its rate of change 
(slope) during the working stroke remains constant. The deviation 
from linearity is expressed in terms of tlhe slope or sweep-speed error 


p—_POM—PM_ 4 Pl (9.2) 
v (0) {v (0)| 


where v (0) and v(¢)are the initial slope and the slope at time ¢ (during 
the working stroke), respectively. Typically, Ena, ranges between 
0.1% and 10%, depending on the application of the ramp generator. 
Since Emax <1, variations in the output voltage of a ramp generator 
during the working stroke may with sufficient acuracy be represent- 
ed by the first three terms of a power series 


VL. = Ayt + Apt? + Agi (9.3) 
Then, in view of Eq. (9.2), 


Variations in the rate of change (slope) is an absolute criterion 
of linearity. In time interval measurements, the nonlinearity of 
the ramp might lead to an error because the scale of the indicator 
is linearly calibrated and also because one has to interpolate between 
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adjacent calibration time marks. Therefore, the deviation from li- 
nearity may alternatively be characterized in terms of offset error 
Soe Which shows how much the ramp waveform deviates from a 
straight line. 

In contrast to the slope or sweep-speed error, the offset error de- 
pends not only on variations in the rate of change of the ramp vol- 
tage, but also on the relative position of the actual waveform and 
a reference straight line. Usually, the reference straight line is drawn 
so that it coincides with the actual waveform at the start and finish 
of the working stroke (Fig. 9.3a) or so that the actual and ideal ramp 
voltages have the same initial rate of change (Fig. 9.3b), that is, 


per cent Boe = POY x 100 for Fig. 9.3a (9.5a) 


per cent Soe x 100 for Fig. 9.3b (9.5b) 


where the primes mark the ideal ramp voltages. 

Let us determine the maximum offset error when the working 
stroke is described by Eq. (9.3) and the ideal ramp voltage v’ by the 
relation 


_ Vn-—Vm! 
_ V 


m 


v’ = At (9.6) 
If the ideal and actual waveforms meet at the start and end (see 
Fig. 9.3a), we should set 
AV (t) = v (t) — vv’ (t) = 0 
On finding the rate of change A = A, + Apt + A,t® of the ideal 


ramp voltage, we obtain the following relation between the absolute 
deviation and time: 


AV (t) = A,t? + A,t?— (A, + A,T) tt (9.7) 


Differentiating Eq. (9.7) and equating the derivative to zero, we 
obtain the instant at which the error is a maximum 


sn te A Aa \P 4 Ast PAs 
p=—- 2+) ( xa) 7 Say (9.8) 
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If the second term under the radical sign in Eq. (9.8) is smaller 
than the first, then 


ty ~ 0.51 (1 + Ast/A,) (9.9) 


When the terms of the polynomial (9.3) decrease monotonically 
the slope error may be determined with an accuracy sufficient for 
practical purposes by assuming that A, = 0. Then, at time ¢, ~ 0.5t, 
the maximum offset error is 


Soe, max & Agt/4Ay (9.10) 


Because when A, = 0 the slope error is a maximum at the end of 
the working stroke, the maximum values of the slope error and the 
offset error are connected by a relation of the form 


Emax ~ 8800, max (9.11) 


When the ideal and actual waveforms meet at one point (Fig. 9.35), 
A = A,, the maximum offset error is 


SOmax =T/A.+ A3t |/Ay (9.12) 
and 
Emax © 26c6, max (9.13) 


Thus, in either case the slope error is a more rigorous test 
than the offset error. In our further discussion, we shall use the 
maximum values of the slope and offset error omitting the sub- 
script “max” for brevity. 

Stability of the ramp waveform. Assuming a high degree of linea- 
ity, variations in the ramp waveform can be stated in terms of the 
relative variation in the initial rate of change. 5€, and in the initial 
voltage, 5Vo: 


1» (0)—v’ (0)| 


» (0) (9.14) 
_ Wo=V5l 
Vo 


where v'(0) and V’(0) are the rate of change of the ramp and the 
initial voltage modified to accommodate the instability of circuit 
parameters. 

As is seen, 6& and 5V, characterize the stability of the working 
strokes of the ramp waveform. 

Other characteristics of ramp generators. These include speed, 
loading capacity, versatility, and economy. Because the sweep time, 
t, is always specified in advance, the speed of a triggered ramp gene- 
rator is characterized in terms of the pulse duty factor: y = t/T in, 
where Z'min is the minimum permissible repetition period of trigger 
pulses. In complex ramp generators, in addition to the flyback time, 


6E= 


8Vo 


256 CH. 9 RAMP GENERATORS 


the_factors preventing an increase in the pulse duty factor include 
the recovery time t,,- required for any transients in the circuit to die 
out and for its voltages and currents to reach their steady-state val- 
ues. For free-running ramp generators the speed is usually the fre- 
quency of free oscillations. 

The loading capacity refers to the effect that load has on the 
accuracy of a ramp generator. Versatility refers to provision and 
convenience of speed adjustment over a wide range. The economy 
of a ramp generator refers to the count of circuit components used 
and the power consumed by the generator. 


Methods of Ramp Generation 


At present, practically all methods of ramp generation are based 
on letting a capacitor charge or discharge at a constant (or nearly 
constant) current. Variations in the voltage v.. across a capacitor 
C as compared with its initial value V, is proportional to the charge 
stored: 


If the current charging the capacitor is held constant, i = Jo, the 
capacitor voltage will change linearly, v. = At, where 
A=1I1,,/C (9.15) 


To obtain a train of ramp pulses, the charge and discharge circuits 
of the capacitor must be switched at the start (¢ = 0) and the end 
(¢ = t) of the stroke, or sweep. Thus, functionally, the circuit of 
any ramp generator (Fig. 9.4) must contain two basic elements: 
a source of constant charging (discharge) current and a switch. 

A triggered ramp generator (Fig. 9.42) can operate only when it 
is driven by either rectangular pulses of duration t, which disable 
the switch for the duration of the sweep time, or short trigger pulses. 
In the latter case, a ramp generator should contain a positive feed- 
back path (shown by the dashed line in Fig. 9.4a) which opens the 
switch for the duration of the sweep time. In either case, the input 
voltage causes the ramp to start at precisely the same time (¢ = 0), 
which is essential in precise time measurements. 

Positive feedback is likewise used in a free-running sawtooth 
voltage generator (Fig. 9.4). The generator may be synchronized 
either at the fundamental frequency of the synchronizing voltage 
or at one of its submultiples. As a rule, the synchronizing voltage 
in sawtooth generators controls the start of the return stroke (¢ = 1), 
so they are not suited for precise time measurement and mostly 
serve as timebase generators in TV and oscilloscopes. 

Stabilization of the charging current. According to the manner 
in which the capacitor charging (or discharge) current is stabilized, 
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it is convenient to divide all existing ramp generators into three 
general groups. The first group includes ramp generators containing 
a simple integrating CA-network' in which the capacitor charges 
(discharges) through a relatively high-value series resistor from 
a constant current source. These CR ramp generators are the simplest 
and, at the same time, least accurate of all ramp generators. The 
second group covers ramp generators in which the discharging (or 
charging) resistor is replaced by a constant-current circuit and the 
capacitor charges via a nonlinear element having a high incremental 
(differential) resistance. Constant-current ramp generators fall in 
the medium-accuracy class. The third group covers ramp generators 
which utilize positive and negative feedback amplifiers to supply 
a compensating voltage to keep the charging current constant to a 
high degree of accuracy (usually called bootstrap ramp generators). 


9.2. CR RAMP GENERATORS 


Consider the simplest ramp generator (Fig. 9.5) in which opening 
the switch Sw allows capacitor C to charge via series resistor /? from 
a d.c. voltage supply Z. Assume that when the switch is closed, the 
initial voltage on the capacitor is v = V5. 

Working stroke (sweep portion) of the ramp voltage. As the switch 
opens (t = 0), the capacitor begins to charge exponentially 


v = (E — V,) [1 — exp (—#/t»)] + Vo (9.16) 
1701590 
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where t) = RC. Obviously, in this circuit the 
voltage varies linearly within the relatively 
small initial portion of the exponential curve 
defined by Eq. (9.16) for which 


tlty<14 (9.17) 


Retaining only the quadratic term in the 
convergent power series of the exponential 
function in Eq. (9.16), we obtain 


Ay=(E—Vo)/To 
Fig. 9.5 A, = (E—Vo)/275 


(9.48) 


Thus, if the circuit of Fig. 9.5 satisfies the condition defined by 
Eq. (9.17), opening the switch will cause a rise in the voltage for 
which the initial rate of change, slope error and utilization factor 
are given by 


b (0) = A, = (E— Vell 
Ew t/t (9.19) 
Ky x (1 — Vol) EXE (for Vo< EZ) 


Effect of loading. In a practical CR ramp generator, the charging 
capacitor is connected in parallel with the resistance of the switch 
(when it is open) and the load resistance. The total impedance shunt- 
ing the charging capacitor may be depicted by two parallel arms 
respectively containing the resultant stray capacitance C, and the 
load resistance A, (Fig. 9.6a). Lumped with the capacitance of the 
charging capacitor, the stray capacitance affects the initial rate 
of change of the ramp voltage: 


» (0) = HERG we (Ig/C) (1 —C,/C) (9.20) 


where C,/C< 1. 


Fig. 9.6 
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The stray capacitance also includes variable components, such 
as the interelectrode capacitances of the electron devices. Because 
of this, the rate of change of the ramp voltage can further be stabil- 
ized by choosing C to be several times the value of Cg. 

To evaluate the effect of the ohmic component of the load resis- 
tance on the circuit of Fig. 9.6a, we shall use Thevenin’s theorem to 
obtain the circuit of Fig. 9.66 where 


Req = R\| Ry and Exq = EReq/R (9.21) 
Hence, 
v (0) = E/R—Vo/Req 


=I, (1-32 a"s) (9.22) 


It follows from Eq. (9.22) that the ohmic component of the load 
resistance affects the initial rate of change of the ramp voltage only 
in the presence of the initial voltage Vj. Because of this, every 
effort must be exercised to keep Vy, to a minimum. Basically, 
R, leads to an increase in the slope error to eq = t/teg, where 
Teq = Reg(, or in relative terms 


Eg/E=1+ R/R, (9.23) 


As follows from the foregoing, a major disadvantage of a CR 
ramp generator is the low utilization of supply voltage (Kp 
sw §€< 1), although the linearity is satisfactory, and a low loading 
capacity. In other words, this form of ramp generator produces a 
sufficiently linear ramp only at R,; >> R. 

Return stroke of the ramp. An important characteristic of the 
return stroke is the return or flyback time, ty, as it determines the 
speed of the ramp generator. In ordinary low-voltage ramp genera- 
tors, the switches usually are diodes and transistors connected in 
a common-emitter circuit (see Chap. 3). In a ramp generator using 
a diode switch (Fig. 9.7a), the initial voltage on the capacitor at time 
t < ty may be deemed negligibly small if the bias voltage Eyjas is 
chosen such that Eyiag = ERip/R, where Rj, is the blocking resistor. 
The working stroke of the ramp occupies the interval from ty to ¢,, 
when the diode is driven to cutoff by the input voltage pulse of 
amplitude E£\, >> Vm, applied to the base. The return stroke begins 
at time ¢,, when the diode turns on after the input pulse ceases. If 
the blocking capacitor Ci, is sufficiently large [Ci, (Rs + Rin) 
exceeds both t and t,;,], it may approximately be deemed that the 
capacitor discharges exponentially with a time constant t,. = CRye, 
where R,, = R || Rin || As, and the flyback time will be 


THb =. Kretre i (9.24) 
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where 


and 


Kaec = Yar Uti = (ta) Vv (t2)/Vin 


As already noted in Chap. 2, if the required decay level is Kae, 
= 0.95, then k,, may be taken as 3. 

It is useful to relate the sweep and flyback times of the ramp. 
From Eqs. (9.19) and (9.24) we find that 


typ = th, eR, /RK g (9.25) 


It follows from Eq. (9.25) that, given tT), the flyback time can be 
reduced by increasing the value of R and decreasing the value of C. 

In a ramp generator using a transistor switch (Fig. 9.8), the trans- 
istor is initially at saturation and v = Voxysst) = O. The positive- 
going change of input voltage £,, applied at time ¢) turns off the 
transistor after a time torp which is the sum of t, and t; where t, 
is the storage time (the time required for removal of the minority- 
carrier excess charge) and t, is the transition time of the transistor. 
When the collector current of the 
transistor ceases, the voltage begins to 
rise exponentially at the initial rate 
v (0) & E/tp. 

During the return stroke when the 
capacitor discharges, transistor T's, 
may be saturated or active, depending 
on the value of the collector resistor 
Re (Fig. 9.9). Initially, at t< to, the 
switch is saturated, and for the load 
R-+ Ro the operating point lies at 
the intersection, O, of the load line 
Fig. 9.8 with the saturation curve. If Ro 
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Ip=E/Rp 


Vn/Re, min 


Vce (sat) Vin Eo Vee 
Fig. 9.9 


=> Ro min, the position taken up by the operating point immediately 
at the time (¢, -+ 0), that is, the end of the working stroke, will be 
the intersection of the line V,,/Rc¢ with the V-J characteristic of the 
transistor for Jp = E/Rpg (point Z) and will not go beyond the sa- 
turation region. As the capacitor discharges, the operating point 
moves down the saturation line towards the initial point 0. In this 
case, sometimes termed the saturated switch case, the flyback time 
will be defined by Eqs. (9.24) and (9.25) for a ramp generator with 
a diode switch, where R,, = (Re + routisat)) || R & Re. Noting 
that routisat)< Ac, we can determine the minimum value of the 
collector resistor, Aco min, in the saturated switch. Since it is re- 
quired that Vin/Re.min = b/g and referring to Fig. 9.9, it is found 
to be 


Re, nin = V p/p = Ke Rp/p (9.26) 


When &c = 0, the operating point occurs at point / within the 
active portion of the V/J characteristic of the transistor at the beg- 
inning of the return stroke, then moves to the left along this character- 
istic as far as the point of inflection, and goes back to its initial 
position. Noting that Vesat)< Vm, we may deem that in this case 
(which may be called the unsaturated switch case) practically all 
of the return stroke is completed while the transistor is in the active 
region. The equivalent circuit that can be used to determine the 
flyback time for a ramp generator using an unsaturated switch is 
shown in Fig. 9.10. From inspection of the equivalent circuit, we 
may write the following exponential relation for a recharge of the 
capacitor: 


v= —(BIg—I) Ren + [(BLB—Jo) Rsn + Vl exp [— (t—t4)/Tre] 
(9.27) 


where J, = E/R, Rey = Tout || 2, and tre = CRgp. 
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Fig. 9.10 


On substituting v (f,) = v (tj) © 0 in Eq. (9.27), we get 
Typ = Tre In [14 — Vin/Rsn (Bla = I,)] (9.28a) 


Because the second term in the brackets of the logarithm is small 
in comparison with unity, we may write 


typ © t! (Ksat — 1) (9.28b) 


where, as with a diode switch, we may take it that +t ~ CV,,/T,. 


9.3. CONSTANT-CURRENT RAMP GENERATOR 


The major disadvantage of the simple CR ramp generator is its 
nonlinearity. To produce a linear ramp, the capacitor charging 
current must be held constant. This can be achieved by replacing 
the charging resistor with a constant current circuit. 

One possible source of constant current is a d.c.-stabilized com- 
mon-emitter transistor circuit such as shown in Fig. 9.41a. The role 
of the charging resistance is played by the resistance of the collector- 
base junction, and the initial rate of change of the capacitor charge 
is determined by the initial collector current Jo. 

Consider the operation of the constant-current ramp generator. 
To maintain J) constant, the emitter lead contains a voltage supply 
E>> ey and an emitter resistor R >> riy. In the absence of a trigger 
pulse, the switching transistor 72 is in the active region and acts 
as an emitter follower operating into a high-value capacitive load. 

Initially, at ¢ << ty (Fig. 9.140), the current flowing in the collect- 
or leads of the ON transistors 71 and T2 is I, ~ E/R, so the ini- 
tial capacitor voltage is close to Ec [Vp ~ Eco — a,ERpg/R (1 + 8). 
At time ¢). transistor 72 is turned off by the leading edge of the 
trigger pulse, and the capacitor begins to discharge via the collector- 
base circuit of 741 and the shunting resistances, namely Trout.c-o 
of 72 and the load resistance R_. If the duration t of the trigger pulse 
does not exceed the maximum duration of the working stroke (tmax 
x CE-/I,), the amplitude of the ramp will be lower than the max- 
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(a) (b) 
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imum one (Vi, <{ Vin,max), and the return stroke, that is, the charg- 
ing of the capacitor via the emitter circuit of 72, will begin at time 
t, (when the trigger pulse ceases), immediately at the end of the 
working stroke. If t > tmax, the end of the working stroke and the 
start of the flyback will be separated by an interval during which 
the output voltage will be v = — Vepisat), where Vonisat) is the 
saturation voltage of T1 in the absence of a voltage supply between 
collector and base. 

Working stroke of the ramp. To determine the working-stroke 
characteristics of the ramp, we shall refer to Fig. 9.12 where the 
input and output circuits of transistor 71 are represented by quasi- 
static equivalent circuits and the shunt resistor is Rsp = [out,c-o 
{|| R,. From analysis of the circuit in Fig. 9.42 it follows that the 
re-charging of the capacitor follows a linearized exponential curve 
with fairly high values of the limiting voltage and time constant 


v (t) =v (00) — [v (oo) —v (0)] exp [—(¢—to)/Teq] (9.29) 


Fig. 9.12 
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where 
Teq © CReq 
Vv (0) = Vo 
(1+8) Rshrout Ucok+a (E—exo)] 
RIRsnt+(4-+B) rout] 
TinX< RB, Rens Brout 
R< Tout 
Req = Rep || (4 + B) rout] 
It follows from Eq. (9.29) that the initial rate of change of the 
ramp voltage during the working stroke is 


v (0) = 1,/C (9.30) 


v (co) H— 


where 


Iy= —F (Veo! Ron + Ico + 7722) 


For the initial rate of change of the ramp to remain sufficiently 
stable, it is required that the third term in the brackets of Eq. (9.30) 
should be prevailing: 


HS BO 3 Toot VolRen (9.34) 


Then, since a x 1 and E> ego, the initial{f collector current J, 


determining the initial rate of change of the ramp will to a first 
approximation be independent of the transistor parameters and_ load: 


I, ~ E/R 


Nonlinearity. In view of Eqs. (9.4) and (9.29), the nonlinearity 
(slcpe error) is given by 
E=t/(CReq) (9.32a) 
On replacing the sweep time by an approximate relation, + 
=~ Vmto/E, and introducing K, which for the circuit of Fig. 9.14 
should preferably be defined as Ky = Vy,/FE (1 + A), where A 
= E/E, we get 
E= Ky (i +A) R/Req (9.32b) 
It follows from Eqs. (9.19) and (9.32b) that the circuit of Fig. 9.14 
will be effective only if the ramp generator is loaded into a suffi- 
ciently high resistance: Ry ~ R, > (14 B) rout. The low 
loading capacity is a major limitation or the constant-current ramp 
generators in Fig. 9.114. 
Parameter optimization. It follows from Eq. (9.32a) that in or- 
der to reduce &, the value of the charging capacitor should be in- 
creased and that of A decreased so that their product, t, = CR, 
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which controls the initial rate of 
change of the ramp, remains con- min 
stant. However, an increase in C 
entails an increase in the flyback 
time. In the general case, the diode, 
saturated, and emitter-follower swit- 
ches may be arranged so that 


Typ = KypeRewl (9.33) Emin 


where the value of Rey depends on 
the type of switch used. For the 


circuit of Fig. 9.14, Ray ~ Rp/(A+ ‘min @ 7 ; 
+ B). Thus, assuming that the ma- 
ximum permissible flyback time is Fig. 9.13 


Trp, max = [ — Tmax 
where 7 is the switching period of the ramp generator, the maximum 
capacitance of the charging capacitor with which the flyback time 
does not exceed Typ max is 
Cmax =[(T — 1)/(krelsw) (9.34) 
Substituting C = Cya, in Eq. (9.32a) gives the minimum slope 
error as a function of the speed of the ramp generator (Fig. 9.13. 
Table 9.1): 
Emin = rear kreRsw/Reg (9.35) 


Table 9.4. Ramp Linearity as a Function of Speed 
for kre=3 and Rgp/ Req = 0.02 


n n/(1-N)=t/ Typ Emin’ % 


— 


0.6 

6 

8 
14 
24 
54 


ORM EES 
wee 


Another factor setting the limit for an increase in C and a pro- 
portionate decrease in A is the maximum safe collector current 
Iosate © Jo, of the constant-current transistor. Substituting 


Cinax ce Ic, satel (0) (9.36) 
in Eq. (9.32a) gives 
ae = Kx (4 + hd) El(Reglc, safe) 
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On the plot of Fig. 9.13, Emin corresponds to the minimum pulse 
duty factor, min, just sufficient for obtaining a maximum linearity 
in accord with Eq. (9.35), and with Cmax chosen by Eq. (9.34). Tak- 
ing typical values, that is, Ky = 1,4 = 2, Req = 10*2, E = 20V, 
and Ic sate = 50 mA, we get Emin = 8% and ymin = 0.7%. 


9.4. BOOTSTRAP AND MILLER INTEGRATOR 
RAMP GENERATORS 


The initial charging current of the capacitor ina ramp generator can 
be maintained constant by inserting a source of compensating emf 
Veomp in series (Fig. 9.14a) or in parallel (Fig. 9.14b) with the charging 
(discharging) path of the capacitor. In the circuit of Fig. 9.14a, the 
compensating emf is supplied by an amplifier whose output voltage 
must be an exact copy of the voltage across the charging capacitor, 
Vcomp = Uc. The input voltage vn, is taken to be that across points a, 
and ay. This configuration is not fully satisfactory ,!because the potenti- 
al at either terminal of the charging voltage source EF varies relative 
to the virtual ground as the ramp is generated. The charging current, 
ic = i, will therefore remain constant, ic == Ico = E/R, only if 
the amplifier gain is unity, Kg = 1. Obviously, the effect of varia- 
tions in the potential at point a, on Ic will be compensated for by pro- 
portional variation in the potential at a, owing to the positive 
feedback path which includes the supply EZ. In Soviet practice, this 
configuration using a noninverting amplifier is known as a series 
bootstrap ramp generator. 

The arrangement of Fig. 9.14b likewise uses a noninverting amplifi- 
er for which Ujn = Ve and Vout = Kgin = Uc. It is an easy matter 
to see that for ic = Ico to remain constant, it is essential that the 
amplifier gain should be A, =1-+R,/R. In Soviet usage, the 
form of circuit is known as a parallel bootstrap ramp generator. 

In practice, the value of K, is chosen to be different from the 
above values deduced for ideal circuits, so as to make up for the 
effect of stray parameters. 

If we return one side of the supply F (point a3) to ground in the 
circuit of Fig. 9.14a, the input voltage for the amplifier will be 


Fig. 9.14 
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that across points a, and a3, that is, vjn>. It can readily be seen that 
the charging current of the capacitor will remain constant only if 
the potential at a, remains unchanged for the duration of the ramp 
time, and this can only be achieved if the amplifier gain is infinitely 
large. This requirement is met by utilizing the Miller effect, so the 
respective circuit is known as the ‘/iller integrator ramp generaior. 
In practice, the Miller integrator ramp generator often proves more 
accurate and effective than the bootstrap ramp generator. 


Series Bootstrap Ramp Generator 


A generalized circuit of series bootstrap ramp generators is shown 
in Fig. 9.15. Since, as already noted, it is difficult to isolate from 
ground both sides of the supply, the latter is replaced by the init- 
ial voltage across the bootstrapping capacitor C,, that is, Voy. 
The initial charge on this capacitor is restored at the end of flyback 
from the supply £ via switch Sw2 and the output resistance Rout 
of the amplifier. Switch Sw1 controls the discharge circuit of the 
charging capacitor @. 

Initially at ¢ < t), the switches are closed and a constant current 
Z, is flowing around the circuit containing the switches and the 
charging resistor. Now the initial voltage on the bootstrapping 
capacitor is close to £, and a relatively low initial potential V) is 
maintained on the charging capacitor C. At ¢t = t), the switches 
open, and the voltage across the circuit composed of the charging 
RC network and the output circuit of the amplifier gives rise to an 
initial current which is equal, in a first approximation, to J). The 
rise in voltage on the charging capacitor entails a proportionate 
increase in the output potential, voy, of the amplifier, which is trans- 
ferred via C, to the upper terminal of the charging resistor AR. If the 
potential at the upper terminal of A rises at the same rate as the 
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voltage on C, the charging current flowing in the above mentioned 
circuit will remain constant, and the slope of v will likewise remain 
constant. Since the amplifier produces no limiting action, the ramp 
will be terminated by closure of Swi through which the capacitor 
discharges during flyback. 

As arule, Sw2 closes at the end of the return stroke. In the mean- 
time, the nearly constant current J, causes the charge on C, to decrease 
by AQ = J, (t + ty») during flyback in the same manner as it does 
during the ramp time. Upon closure of Sw2, this charge is restored, 
and the circuit returns to its original state. 

Let us see what parameters the circuit should have in order to 
generate a ramp voltage, v. Reckoning time from the start of the 
working stroke and assuming that the switches are open, inspection 
of the circuit in Fig. 9.15 leads us to the following Laplace transform 
of the ramp voltage: 


v (s) =Ver, o/C (R+ Rout) (8 — 84) (s— 83) (9.37) 


where s, and sy are the roots of the characteristic equation 


yet aa ee, 
ST ACR Ra (REC Ri heal” (9.38) 


where K = 1— K, 4+ C/C, + (R+ Rout)/Ri, is the lineariza- 
tion variable. 

According lo the manner in which the circuit of Fig. 9.14a operates, 
the linearization variable should be reduced and the values of C, 
and Aj, should be increased. Then, 


8, 2% —(KC,Rin) 
Se ~~ KIC (R + Rout) 


and the roots are such that | s, |-*< | s, ie 
The sweep time t will be such that 


t< KCRyp (9.39) 


Neglecting | s, |-* as being very small, we may approximately write 
the criginal time function for the Laplace transform defined by 
Eq. (9.37) as 


v(t) © Eq [1 — exp (—t/Teq)] (9.40) 


where tq =C (R+ Roy)/K and Eeg = Voy o/K. 
It follows from Eq. (9.40) that positive voltage feedback causes 


the charging resistance and the charging voltage to increase by a 
factor of 41/K. 
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The initial rate of change and the nonlinearity of the ramp can 
be found from Eq. (9.40): 


» (0) = Ip/C =: ——Ver 
» (0) = dol = a RoR) (uate) 
B= t/teq = KEK (9.41b) 
where 
I se Voi 
T) (1+ Rout/#) 
T=RCE 
Kr = Vin!/Vc1,0 


Thus, it follows from Eq. (9.41) that the bootstrap ramp generator 
in Fig. 9.15 improves the linearity by a factor of 1/K in comparison 
with an CR ramp generator. From Eqs. (9.40) and (9.41) it is also 
Seen that this circuit can generate a precisely linear ramp if Kg is 
chosen such that 


K=1—K,+C/C, +(R+Rou)/Rin =0 ~~ (9.42) 


The condition defined by Eq. (9.42) might be satisfied by includ- 
ing, say, a two-stage amplifier having the required gain. In practice, 
however, the nonlinearity and instability of the transistors and 
other circuit components would inevitably violate the condition 
(9.42). In fact, even a minute change in the parameters (say. Kg) 
would substantially affect the linearity of the ramp. To minimize 
this effect, K, must be stabilized by applying a large amount of neg- 
ative feedback. 

In practice, the function of an amplifier with a gain of close to 
unity can be performed by an emitter follower or an operational 
amplifier. 

The circuit of a series bootstrap ramp generator using an IC opamp 
is shown in Fig. 9.16a. The diode D serves as a second switch held 
open for the duration of the ramp and the larger proportion of the 
flyback (the interval from ¢, to t, in Fig. 9.16) because its cathode 
is pulled up in potential ahove its anode as the ramp is passed through 
the opamp. The main switch is an unsaturated switching transistor 
T (see Sec. 9.2). 

At time tj, the leading edge of the input pulse turns off the tran- 
sistor switch, and the potential at the noninverting input of the opamp 
begins to rise at an initial rate controlled by the charging current 
previously flowing through the closed switch. Because the opamp 
output is coupled to the diode cathode via a high-value capacitor 
C,, the gain of the opamp is Jow at first, and remains so until the 
diode turns off, and the voltage V varies at a considerably lower 
rate than v,,. In the meantime, the feedback path is practically 
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Fig. 9.16 


disabled, so the charging current of the capacitor C somewhat de- 
creases. When the cathode potential of the diode rises to Ec — @ , 
the diode turns off and the feedback path is completed. 

Now the ramp is shaped in about the same manner as examinect 
for the generalized circuit, with the opamp having a gain (referred 
to the noninverting input) somewhat exceeding unity. 

When the switch is turned on at time ¢,, the return stroke of the 
ramp begins. During flyback, the capacitor C discharges via the 
switching transistor T in a linearized exponential manner. This 
is accompanied by a decrease in the output voltage and in the cathode 
potential of the diode. Because the initial charge on C, somewhat 
decreases during the interval from t, to t, owing to the flow of the 
charging curren{, the voltage v, falls to the value Ec — é) to- 
wards the end of flyback (time ¢,) before the charging capacitor 
restores its initial steady-state voltage. 

At time ¢,, the diode turns on and shunts the output stage (opamp), 
so that the opamp is caused to limit output current. At the same 
time, the voltage on C, begins to rise towards Vc; 9 which is reached 
at ¢, when the opamp is again driven to pass the signal linearly. 

The opamp gain required to obtain the utmost in ramp linearity 
can be set with resistors R, and R,. Owing to the additional voltage 
supply £5, the initial level of output voltage can be varied and the 
maximum amplitude of the output ramp raised at will. 
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Ramp characteristics. Referring to the generalized circuit in Fig. 
9.15 and recalling the opamp characteristics examined in Chap. 2, 
it may be taken that Rou, ~ 0, the leakage resistance R,, of the 
noninverting input of the opamp is relatively high, and the opamp 
gain is 

K,x1+ R,/Ry (9.43) 


In the circumstances, the utmost in linearity corresponding to 
K = 0 will be obtained, if 


RJR, = CIC, + RIRin (9.44) 


Quantitatively, the nonlinearity depends on how closely the equal- 
ity (9.44) is satisfied, with allowance for spread in the ratings of 
the circuit components and Ajp. 


The initial rate of change of the ramp, v (0), is a function of the 
charging current 


Ip © Vero/R © Ec/R (9.45) 


Because the opamp has a low output resistance, the circuit in ques- 
tion is practically insensitive to variations in load. The initial level 
of output voltage is given by 


V, ~ — ER,/R, (9.46) 


Flyback and recovery times. The flyback time, tj, = tz — ty, 
can be found from Eq. (9.28b), where Kyat = Jp/Ipisaty) = Ech/IoRs. 
The recovery time t,, can be found approximately, if the initial 
portion of the exponential voltage V is considered to be linear over 
the interval from ¢t, to t, (see Fig. 9.16b): 


Tre TeqAv/[Av el (Ec — Vo)] (9.47) 


where teg = C,R,, where Ry, is the load resistance of the opamp 
final stage in the blocked state, and 


Av © tEg [4 + 1/(Kgat — 1)/CiR 


Parallel Bootstrap Ramp Generators 


This configuration (Fig. 9.17a);answering the equivalent circuit 
of Fig. 9.146, likewise has resistors R, and R, connected to the in- 
verting input of the opamp so as to stabilize the opamp gain and to 
supply a current i, sufficient to pull up i, as it decreases with the 
decrease in the capacitor charge. If the values of R, through R, are 
correctly chosen, the ramp will be highly linear at both the input 
and output of the opamp (Fig. 9.17). The initial rate of rise of vi, 
across the capacitor is controlled by Ico: 


Ico => E./R, <— E,R,/R,Rs; (9.48) 
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e(1+ Ro/R,) 


Fig. 9.17 


As is seen. in contrast to the circuit of Fig. 9.16a, adjustment of the 
initial voltage level, V) = — E,)R,/R,, involves adjustment of its 
rate of change. which is an obvious disadvantage. 

Consider the choice of values for R, through A,. To begin with 
we write the equivalent charging time constant of the capacitor C 
as a product 


Teq = CReq (9.49) 
where Req is the equivalent incremental (differential) resistance 
seen looking into the noninverting input of the opamp in Fig. 9.17 
during the ramp. The equivalent conductance, Geqg = 1/Reg, can 
be found from the equivalent circuit in Fig. 9.17¢ (where the input 
resistances of the opamp are neglected) as 

Gegq os i/e = G, = R,.G./R, (9.50) 


For the ramp to be perfectly linear, it is required that G.g = 0 
which corresponds to satisfying the condition 


R,/R, — RJR, (9.51) 


If we allow for the effect of the input resistances of the opamp, 
all of the nonlinearity will be balanced out when 


R, = R, = Rep and R, = R, = R (9.52) 
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As is shown in [27], in satisfying the condition defined by Eq. 
(9.52), the ratio Rpg /R must be chosen such that the ramp voltage 
has a maximum amplitude at the output of the opamp, whereas 
the values of the resistors depend on the expected spread in value 
between the input resistances of the opamp. 

An advantage of the circuit in Fig. 9.17a over that in Fig. 9.16a 
is that it has no large-value capacitor C,, so it is free from the asso- 
ciated recovery process. 


Miller Integrator Ramp Generators 


Effective negative feedback and freedom from voltage sources 
with floating terminals make the Miller integrator an excellent ramp 
generator especially in IC form. 

The equivalent circuit of the Miller integrator ramp generator 
is shown in Fig. 9.18a. Here, the conventional transistor amplifier 
is represented by the equivalent circuit of a current amplifier. The 
supply source £}) is chosen such that when the (diode or transistor) 
switch Sw is closed, the output stage of the amplifier is blocked, and 
the output voltage is v = V,;< Es, where V, is the limiting voltage 
level with the transistor driven at cutoff, and £, is the supply volt- 
age of the amplifier. When the switch is opened at time ¢ = fp, 
the capacitor C begins to re-charge with a current ig which is sta- 
bilized because the amplifier input voltage which is the difference 
between the capacitor voltage and the amplifier output voltage, 
varies at a rate markedly lower than do these two voltages. 

Assuming, as usual, the origin of time as t = ty, the exponential 
change in the output voltage during the ramp may be written 


v =v (co) — [v (co) — Vo] exp (—t/Teq) (9.53a) 


where v (00) = K;Routiin (©) = KiRomE/(R + Rip) and Teg 
= CR.q. The equivalent resistance, Req, in the recharging circuit 


ic 
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of the capacitor can be found by placing a source of voltage e instead 
of the capacitor C between terminals 7 and 2 (Fig. 9.18): 


__ + Kj) RRout 
Ragman 


‘ — Rin — Rin 
x{1+apeyet aE Fou} (9-536) 


Using Eqs. (9.53), we can readily determine the initial rate of 
change and nonlinearity of the ramp: 


joe [oe 


= Rin Rin -1 
=|1+apepRtoeEs Foul 


K; £E V 3 
x pk BUFR) Roa tt Ri) | 8) 


= _ _t(1-|-Rin/R) Rin Rin = 9.54 
tthe = Cask Ror ITOPEDR TOPE Ron! (9-54) 

The circuit of Fig. 9.18a@ will operate effectively, that is, it will 
have low nonlinearity and the initial rate of the ramp only slightly 
dependent on the amplifier parameters, if the following conditions 
are satisfied: 


— Rin ete 
(1+ Kj) R (i Ki) Rout <1 (9.55) 


In view of Eqs. (9.55), we approximately obtain 
00) HIgsC, EXAKER(L+Ru/RMKiRom) (9-56) 


where J, = E/R, N= E,/E and Kg = Vr/Eg. 

The opamp examined in Chap. 2 can serve as an effective discharge- 
current stabilizer, if the required maximum amplitude does not 
exeood the linear portion of the output characteristic from —V" 
to V™. 

The basic practical circuit of the Miller integrator ramp generator 
is shown in Fig. 9.19a. During the ramp time, the output resistance 
of the opamp is assumed to be negligible (Roy, ~ 0) and the input 
resistance, finite (Ry, ~ 0) (Fig. 9.195). When the switch is open, 
the output voltage can be written 


Vv (oo) = — Kovin (co) = — KyERyyp/(R+ Rip) (9.57a) 


K,>1, <1, and 


and will change exponentially with a time constant 


ta CR (9.57b) 
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Fig. 9.19 


To determine R,g. we may use the equivalent circuit of Fig. 9.19c 
from which it is seen that 


Req = vii = (1 + Ko) (R Il Rin) (9.57¢) 


Using Eq. (9.57a), we can determine the initial rate of change and 
the nonlinearity of the ramp 


. 4 K E 4 
»0= ola Fie WR +R | 


: (9.58) 
t= IC Req = GRO (4/R + 1/Rin) 


It is seen from Eqs. (9.58) that the circuit of Fig. 9.19@ will op- 
erate adequately when 


K,>1 and Ry, >R (9.59) 


As will be recalled, the first condition is fully met within the linear 
portion of the amplifier characteristics, and the second limits the. 
upper maximum value for the discharge resistor R. 

When the conditions defined in Eq. (9.59) are satisfied, 


v (0) ~ —I,/C and & = tiCRKy = KgNKy (9.60) 


Because for opamps K, is anywhere between 104 and 105, the Miller 
integrator ramp generators show a very high linearity (§ < 10-77%). 

Phantastrons. A phantastron is a relaxation oscillator in which 
a ramp voltage is generated across a time-controlling capacitor by 


18% 
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a bootstrap technique. Thus, the heart of any phantastron is any 
one of the negative-feedback bootstrap ramp generators examined 
in Sec. 9.4. 

Phantastrons can be used as triggered (one-shot) and free-running 
relaxation oscillators and produce waveforms which compare fa- 
vourably in terms of stability with those generated by other forms 
of multivibrator. 

In a phantastron, the duration, period or frequency of the output 
pulses can be varied simply and conveniently in a linear fashion 
by controlling its drive voltage. Because of this, phantastrons are 
most frequently used as timing and adjustable pulse delay circuits. 
In this function, a phantastron operates as a triggered multivibrator 
in which the duration t of the temporary stable state (pulse dura- 
tion) is proportional to the drive voltage £y, and its accuracy is 
characterized by the deviation of the actual pulse duration from the 
design one, 5t = At/t. 

In operation as a ramp generator, its sweep time is determined by 
the parameters of the generator and is independent of the trigger 
pulse. In this case, the important requirement is the constancy of 
the rate of change. The accuracy of the generator is assessed in terms 
of the nonlinearity and stability of the working stroke as given by 
the relations deduced earlier. 

Another important characteristic of phantastrons is the maximum 
pulse duty factor, yn = 1/7, where 7 is the minimum permissible 
repetition period of trigger pulses (in triggered or one-shot opera- 
tion) or the minimum possible period of oscillations (in free-running 
operation). 

One of the basic circuits of a triggered transistor phantastron is 
shown in Fig. 9.20a. Initially, when the circuit is in its stable state, 
transistor 72 is OFF, whereas transistors 71 and 73 are ON. 73 is 
in the active region, and 71 may be in the active region or at satu- 
ration. A positive trigger current pulse is routed via a trigger diode 
and a capacitor to the base of 73 thereby bringing down its current. 
The potential at point A (the emitter of T1) is brought down, and 
so is the current through 71. The decrease in the collector potential 
of 71 is transferred via a speed-up capacitor C, to the base of T2 
which is thus rendered conducting and completes the positive feed- 
back path, thereby triggering the phantastron. 

The positive feedback via T1 is applied to two resonant circuits. 
In one of them, the change in the potential at point A is boosted 
by the collector circuit of 71, transferred via a coupling network, 
R.C., to the base of 72, reproduced in its emitter circuit, again 
boosted in the collector circuit of 71 and so on. The other resonant 
circuit includes the collector circuit of 72. A change in the potential 
at point A, after it has heen boosted by the collector circuit of 71 
and transferred to the base of 72, is amplified by the collector cir- 
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Fig. 9.20 
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cuit of that transistor, transferred via capacitor C to the base of 73 
to be again amplified by its collector circuit. 

Negative feedback is applied to one resonant circuit containing 
transistors 72 and 73. The voltage across this resonant circuit sta- 
bilizes the change of potentials. For example, if the potentials at 
the collector of 72 and the base of 73 rise, the potential at point A 
will fall owing to a decrease in the current through 73, and the 
change in the emitter-to-base voltage of 72 will bring about a de- 
crease in its collector current, thereby preventing any further rise 
in its collector potential. In this way, the resonant circuit stabilizes 
the current during the temporary state, whereas at the instant of 
switching it retards the cumulative change in the potentials, which 
is terminated when 71 is turned off by the negative change of volt- 
age at point A. 

As is seen, the rapid change (a jump, in a first approximation) 
in the voltages and currents is followed by a relatively slow change— 
this is a temporary stable state of the circuit (it extends from fy to 
t. in the timing diagram of Fig. 9.200). The principal event during 
this interval is a linearized re-charging of the capacitor C, which 
is responsible for a linear rise in the potential at the collector of T2. 
This process can be described by the relations derived earlier, 
with allowance for the fact that the amplifier based on transis- 
tors 72 and T3 is a two-stage common-emitter, common-base 
circuit. er 

At time ¢,, the potential at the collector of 72 becomes equal to 
that at the base, 72 goes into the saturation region, and the rate 
at which the potential at point A rises (so far very low) becomes equal 
to the rate of change of the ramp voltage in the collector circuit of 
T2 (which, as already noted, is fairly stable). In time At, when 
V4 (ty) ~ — Eg, transistor 71 turns ON, the potential at the base 
of T2 rises, T2 moves into the active region again, and the circuit 
changes stale, completing the flipover when 72 is turned OFF. 

During the interval from ¢, to t;, the charge on the capacitor C 
acts via the collector load resistor Rg, and the input resistance of 
transistor T3 to restore the circuit to its original state. 

Operability conditions. The phantastron in Fig. 9.20a will op- 
erate adequately if its circuit parameters are chosen such that the 
circuit can assume two stable states (one permanent and the other 
temporary) and the condition for a cumulative change of state is 
satisfied. Initially, when the circuit is in its stable state, transistor 
T2 must be at cutoff: 


Vane = Use — Uge > 0 (9.61) 


where Ugo, © Wo, Y= Rp/(R, + Rp), and vg, ~ — Eg (neg- 
lecting the voltage drop across r4n1). 
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The value of vc, depends on the region in which the ON transistor 
T1 is operating. If it is at saturation, 


les >I c1(sat) (9.62a) 
where 
Toa(sat) = (Eo— Es)/Re1 
Ie => los 7 p,H>/R 


Solving Eq. (9.62a) for R, we obtain the condition for 71 to be 
at saturation in the following form 


R< Raat = UPshaa/(t — Ep/Ec) (9.62b) 

If R< Reat, Vey Will be approximately equal to —#x,, and transis- 
tor 72 will be turned OFF, provided 

yal (9.63a) 


If R > Rza,, transistor T1 will be in the active region, and its 
collector potential will be 


Vo & — Eg t+ loka = — Eo + a bsRoika/R 


where no allowance is made for the shunting effect of the divider 
R, + Rp which exceeds Ac, in value. Substituting the above ex- 
pression for vg, in Eq. (9.61) gives the condition for 72 to turn off: 


Y< Vmax = Ep/Ec (1 — 0183 RoR) (9.63b) 


In the temporary state, it is essential to maintain the ramp volt- 
age in the collector circuit of 72 highly linear and to have it con- 
trol the duration t of the temporary state. 

In accord with Eqs. (9.55) defining the conditions for the correct 
operation of a negative-feedback ramp generator, the parameters of 
the circuit in Fig. 9.20a must be as follows: 


Bg, >> 1 
Tins/B3R < 45 (9.64) 
Tin3/BaRce Il Touts < 4 


The voltage vg, (¢) will be time-controlling if transistor T2 moves 
into the saturation region before transistor 71 turns ON, that is 


VBEI =a VE, = VR > 0 (9.65a) 
where 


Um = — Ep 
Van (t1) © Vee (t1) © — vEq + ipe (4) (Re || Aa) 
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If the current gain of 72 is sufficiently high (which usually is 
the case), the second term in the expression for vg, is negligibly 
small, and we may write 


Ug (44) = Vn © — vEc 


Then Eq. (9.65a) yields the condition for 72 to become saturated 
before 71 turns ON in the following form: 


Y > Ymin = E3/Ec (9.65b) 


The final condition is that the positive feedback circuit be suf- 
ficiently effective, even though all the three transistors should move 
into the active region simultaneously. This is essential for the phan- 
tastron to change state at a cumulatively increasing rate at the 
start and end of the temporary state. This condition is satisfied 
with Kpp > 1, where Kyg is the loop gain on opening the path 
common to both resonant circuits to which positive feedback is 
applied (this may be the connection from the collector of 71 to the 
base of 72). Analysis shows that this condition is satisfied, if the 
equivalent load in the collector of 71 (with C, deemed shorted out) 
is not too small: 


Rea || Re > ring/(4 +8) (9.66) 


Pulse duration. The duration of the temporary state or, which 
is the same, the duration of the pulse generated by a phantastron 
(t = t) — t,) can readily be calculated on assuming the ramp volt- 
age perfectly linear: 
ee oe 

v (0) 
where t) = RC, Ei = E,/Ec, and Ey = Ep/Ec. 

It follows from Eq. (9.67) that to a first approximation the pulse 
duration is directly proportional to the control voltage Ey. Therefore, 
the scale of the linear potentiometer ry may be calibrated directly 
in units of time—micro- or milliseconds. Adjustment is possible 
within the interval equal to the pulse rise time, t, = t, — ty, and 
the degree of linearity can be evaluated in the following manner. 
Using the generalized exponential equation for vc, = v, we obtain 


r}) (0) 
Tp = —Teq In [1 - wee (9.68a) 


TH = Ty (E,— Rp) (9.67) 


where 
Teq © CRei (1 + Bome)/ (4 + rins/R) 
For Ra< Tine: 
v (t,) oad yEo 
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and 
v (0)  — Ey 


On expanding Eq. (9.68a) into a descending power series and re- 
taining only the quadratic term, we get 


oe U(tr)—v (0) A v(t,)—v(0) ° 
Ur © Vea yoo) —v (0) [1 2 V(oo)—v (0) 
— Fo— Fc (ae Ey—vEc 
>) te Ted a 
1 E§ R- 
=% (Ey) [145 | (9.68b) 


The shape of the parabolic function t, = f (Z;) is illustrated in 
Fig. 9.24. The maximum absolute deviation At, and the maximum 
fractional deviation 45t, = At,/(Ej.max — £5, iy: of the pulse 
duration from the linear calibration of the control potentiometer 
(rp in Fig. 9.20a) can be found, using the same technique as was used 
to find the offset error of the ramp voltage in Sec. 9.2. More speci- 
fically, 


6t, = 4 Fo. max Fomin = (1/883) (R/Rce2) (Eo,max— E£o,min) (9-69) 
Teqv (0) 


It is seen from Eq. (9.69) that the linearity of control improves 
with decreasing range Ej max — Ej.mm, 2nd with decreasing ratio 
RiRcy. The minimum permissible value of R/Rc, is limited by the 
maximum permissible flyback time, T — t,max (assuming that 
the decay time At = t, — t, is negligible in comparison with t, max, 
which usually is the case in practice). 

Assuming the maximum pulse duration, t,,max, the flyback time 
typ is given by 

typ = ky CRee = ky eRceto/R (9.70) 
where kre =I1n ((4 72 Ex)/ (1 ae E,,max)]. 


Tt, 


Tr,min 


o cs - 
EQ min E> max E> 


Fig. 9.24 
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From Eq. (9.70) it follows that 


_ __freTo kre Mr,max _ _0 kre 9.74 

(R/Re2)min = T—tr,max [—tr,max Lo—¥ 1—y Ey max VY ( i ) 

On substituting for (R/Rco2)mim from Eq. (9.71) in Eq. (9.69), 
we get 


4 Kren E0,max— Eo, min 
6t = at or Teer 9.72a 
pero 8 B; (1—n) Eo, max—Y ( ) 


If E; min is chosen to be approximately equal to y (which usually 
is the case in practice), then 


geek Kren 
Str, min © 3 Bd—» (9.72b) 

The function defined by Eq. (9.72b) is analogous to the function 
Emin = f (yh) in the types of ramp generator examined earlier. Ad- 
justment of pulse duration can be made linear, using the same tech- 
niques as are applied to Miller integrator ramp generators (to switch 
load in or out, or to use high-gain amplifiers). 

Output pulse amplitude. When a phantastron is used as a sour- 
ce of roughly rectangular pulses, its load is usually placed in the 
collector circuit of 71. In such cases, the stability of output pulse 


amplitude can be improved by operating 71 at saturation in the 
initial stable state. Then, 


n= | Vinax |—| Vinin | = Eg— Eg—IcoRci 


Free-running operation. If, in the circuit of Fig. 9.20a, we remove 
R, and return the lower terminal of /tg to the negative side of the 
power supply, the initial stable state will be stable only temporarily. 
Its duration is determined by the exponential discharge of the ca- 
pacitor C, via the base resistor Ag and the collector circuit of tran- 
sistor Ti. After 72 turns ON, the output pulse is shaped in exactly 
the same manner as -in a triggered phantastron, by the linear dis- 
charge of the capacitor C. 

As regards the stability of the period of free oscillations, such 
a phantastron has no advantage over multivibrators. A better fre- 
quency stability, similar to that of a triggered phantastron, is offer- 
red by the circuit of Fig. 9.22a. It is a combination of two cross- 
coupled triggered phantastrons which are triggered in turn at the 
end of each other’s temporary state (Fig. 9.22). If Ey is set to the 
same value for either phantastron, the circuit will maintain the 
period of oscillations as a linear function of the drive voltage to 
a high degree of accuracy. Linear adjustment for the frequency of 
oscillation can be obtained by applying a controllable voltage to 
the time-setting resistors R in the base circuits of transistors 73. 
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Fig. 9.22 


REVIEW QUESTIONS AND PROBLEMS 


9.1. List the main characteristics of a ramp generator and derive 
the equations defining the initial rate of change, slope error, and 
offset error of the ramp voltage. 

9.2. Draw the circuit of a simple CR ramp generator; determine 
the nonlinearity and stability of the ramp voltage, and evaluate 
the effect of load. 

9.3. Draw the circuit and explain the operation of a ramp genera- 
tor using a diode switch; determine the flyback time. 

9.4. Draw the circuit and explain the operation of a ramp generat- 
or using a transistor switch; determine the turn-off delay time of 
the switch and the flyback time of the ramp (for a saturated and 
nonsaturated switch). 
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9.5. Draw the circuit of a transistor constant-current ramp gen- 
erator and show the waveform of its output signal; explain its prin- 
ciple of operation. 

9.6. Draw an equivalent circuit for the ramp generator of Fig. 9.11; 
determine the initial rate and linearity of the ramp and the effect 
of load. 

9.7. Optimize the circuit parameters of the ramp generator shown 
in Fig. 9.41 for maximum linearity. 

9.8. Using appropriate equivalent circuits, explain how the non- 
linearity of the ramp voltage can be minimized by bootstrapping. 

9.9. Draw a generalized circuit for a series bootstrap ramp gen- 
erator; formulate the requirements for the choice of its circuit param- 
eters; determine the initial rate and noi.linearity of the ramp voltage. 

9.10. Draw the circuit of a series bootstrap ramp generator using 
an IC opamp, plot its waveform, explain the principle of operation, 
determine the ramp characteristics, flyback time, and recovery time. 

9.41. Draw the circuit of a parallel bootstrap ramp generator, 
plot its waveform, and select its circuit parameters for maximum 
linearity. 

9.12. Draw the basic circuit of the Miller integrator ramp gene- 
rator; explain its operation, determine the initial rate of change and 
nonlinearity of the ramp, with the circuit parameters chosen to 
meet the conditions for operability. 

9.13. Draw the circuit and plot the waveform of a single-stage 
Miller integrator ramp generator; explain its operation. 

9.14. Determine the ramp characteristics and the flyback time 
for the generator of Problem 9.42. 

9.15. Derive equations defining the effect of the resistive and 
capacitive load components on the ramp voltage of Problem 9.12. 

9.16. Select the circuit parameters for a ramp generator with a 
nonswitched and switched load for maximum linearity. 

9.17. Draw the circuit of an opamp ramp generator, explain its 
operation, determine the initial rate of change and nonlinearity of 
the ramp voltage, with the circuit parameters chosen to satisfy the 
conditions for operability. 

9.18. Draw the circuit of a phantastron, plot the waveform of its 
output signal, and explain its operation. 

9.19. Define the conditions for the correct operation of the phan- 
tastron in Fig. 9.20. 

9.20. Determine the pulse duration and linearity of duration 
adjustment for the phantastron of Fig. 9.20. 

9.21. Draw the circuit of a free-running phantastron, show the 
waveform of its output signal, and explain its operation. 

9.22. Draw the circuit of a pulse generator made up of two cross- 
coupled phantastrons, plot the waveform of output pulses, and ex- 
plain its operation. 


10 SYNCHRONIZATION 
OF RELAXATION OSCILLATORS. 


PULSE FREQUENCY DIVISION 


10.14. GENERAL 


A free-running relaxation oscillator is said to be operating syn- 
chronized when it is locked in step with an external period signal, 
usually called a synchronizing signal. Whereas in free-running opera- 
tion, the frequency of a relaxation oscillator is decided by its circuit 
parameters, in synchronized operation (subject to certain conditions) 
it is equal to or is a multiple of the frequency of the synchronizing 
source. The ratio of the sync frequency to the output frequency of 
a synchronized relaxation oscillator may be called the division or 
synchronization ratio, nsyn-. It may range from unity to several thou- 
sand. When “gynce = 1, the relaxation oscillator is operating at its 
free-running or natural frequency. When freyp- exceeds unity but 
remains an integer, the relaxation oscillator operates at a submulti- 
ple of the free-running frequency, thereby functioning as a pulse- 
repetition rate or pulse-repetition frequency (PRR or PRF) di- 
vider. 

A triggered relaxation oscillator normally operates in synchronism 
with its trigger-pulse source, but, given certain conditions, it can 
also operate as a pulse repetition rate divider. However, output 
pulses will cease to appear as soon as the trigger source stops sup- 
plying trigger pulses. In contrast, removal of trigger pulses will 
leave a free-running relaxation oscillator operating at its own fre- 
quency. 

As arule, the sync voltage has the form of short pulses (in compar- 
ison with pulse repetition period or spacing) or a sine wave. In prac- 
tice, the most commonly used sync pulses have a fast rise time, be- 
cause they ensure the best time lock between the relaxation oscillator 
and the sync source. 

The output pulses of a frequency divider depend on its circuit 
configuration and can be shortened, if necessary. 

PRR (or PRF) division is widely utilized to lock relaxation oscil- 
lators to one another in a multichannel system, to measure or main- 
tain time intervals in radar and radio navigation systems, to supply 
precise time marks in oscilloscopes for observation of periodic pro- 
cesses, to generate sweep waveforms in TV, etc. 
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10.2. SYNCHRONIZATION OF FREE-RUNNING RELAXATION 
OSCILLATORS 


Synchronization bands. Consider the basic relations that apply 
to synchronized relaxation oscillators, using as an example a block- 
ing oscillator synchronized by short pulses impressed on an addi- 
tional transformer winding (Fig. 10.1a). The manner in which this 
is done is illustrated in Fig. 10.10. The figure shows the voltage 
waveforms across the additional winding and at the transistor base 
at the end of two cycles of free-running operation. As is seen, the 
period Tsyn, is many times the pulse duration t, which is always 
the case in practice. Referring to Fig. 10.1b, when the time-control- 
ling voltage vc is combined with the sync pulses applied to the base 
winding of the transformer, the resultant emitter-to-base voltage 
Ugg is brought down, and the transistor turns on when this voltage 
becomes equal to the threshold value, Vin, which occurs at every 
second syne pulse (syne = T/T sync = 2). Thus, a necessary, but 
not sufficient condition for operation at the synchronization ratio 


Nsync 18 


Tos T = Myncl'sync (40.1) 


where 7, is the free-running or natural period of the relaxation 
oscillator. 

In selecting the circuit parameters required to obtain the desired 
synchronization ratio, let us deem, at least approximately, that 
the timing voltage is linear and that the duration of the sync pulse 
and of blocking-oscillator pulses is negligible. The waveform ideal- 
ized in this sense, within one cycle for myn, = 4, is shown in 
Fig. 10.2a. 


T sync 
e) -E, e 


| T=Neyne Tyne 


Fig. 10.1 
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T= "sync Tsync (sync 71 ) Tsync 


Ye 


* 
To min=" 


sync 


Fig. 10.2 


Proper synchronization can be upset if the free-running period 
becomes shorter than Mgyncl'sync- This can happen in any one of 
two cases. Firstly, if the sync pulses are sufficiently large in ampli- 
tude, a decrease in the free-running period or an increase in the am- 
plitude of the sync pulses will cause the transistor to turn ON after 
the (n — 1)st sync pulses. Geometrically, the free-running period 
has a minimum value, 7'9,min, when the (n — 1)st sync pulse occurs 
at the point e (Fig. 10.2b). From the similarity of the triangles ABC 
and deC we may write 


dW = 1—(Neync — 1) Omax (10.2) 


where A = Veync/ (VB,m — Vin) is the relative amplitude of sync 
pulses and 6 = 7/T, is the relative period of oscillation. 

Secondly, if the sync pulses are not too large in amplitude and 
the natural period is T)< MgyncZ'sync the oscillations will fail to 
lock in step with the sync pulses and will cease within the nth cycle 
of the sync pulses. Geometrically, the minimum value, 7*9 min 
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1/4 113 1/2 1 6 


Fig. 10.3 


occurs where the timing-voltage line cuts the threshold voltage 
line (Fig. 10.2c): 


T§,min =Mesyncl'syne OF Omax = 1/Nsync (10.3) 


Synchronized operation can also be upset if the natural period 
exceeds Mgyncl'syne OF because of a decrease in the amplitude of 
sync pulses. The value of 7» max can be found geometrically at the 
point where the nth syne pulse cuts the threshold voltage line 
(Fig. 10.2d): 


N= 1 — Neync9min (10.4) 
where ®min = Vsync/T'0,max: 


Using Eqs. (10.2) through (10.4), we can readily plot a diagram of 
synchronization bands for various synchronization ratios. These 
equations are in effect the equations of straight lines delineating 
bands with specified values of ngyy-. Referring to the plot of 
Fig. 10.3, we can determine the nominal value for the natural period 
of a blocking oscillator, the amplitude of sync pulses for a given 
value of Mgync, and the maximum deviations in these quantities 
which leave the desired form of synchronization. Referring to the 
diagram, an increase in the synchronization ratio causes the re- 
spective region of stabilization to become narrower. Because of this, 
more stringent requirements have to be met as regards the stability 
of 6 and A. 

When the trigger pulses have a finite duration, the regions of 
constant Mgync are Separated in the diagram by spaces corresponding 
to intersections between the Vi, line and the peaks of the trigger 
pulses [1]. Analysis shows that the optimal amplitude of syne pulses 
is approximately equal to the increment AV in the linear time- 
controlling voltage over the repetition period T'gy,, of the sync pul- 
ses. For transistor blocking oscillators, nsyy- usually ranges from 3 
to 5 and is limited by the temperature instability of 75. 
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The synchronization mechanism and the basic relations examined 
above apply as well to other free-running relaxation oscillators, 
notably multivibrators [4] and phantastrons (on the assumption 
that the synchronizing voltage is linear). If no special measures are 
taken to stabilize the repetition period of a multivibrator, its 
Nsync, max Will be 3 to 5, as for blocking oscillators. 


10.3. PULSE RATE DIVISION BY TRIGGERED RELAXATION 
OSCILLATORS 


In free-running relaxation oscillators, sync pulses terminate the 
temporary state. thereby limiting the half-period of oscillation. 
By contrast, in triggered relaxation oscillators (multivibrators and 
phantastrons) used as PRF dividers, syne pulses mark the beginning 
of the temporary state. Given certain conditions to be defined later, 
it is possible to make fgyp, independent of the amplitude (peak 
value) Veync of the trigger pulses or, if Wsyn-: be held constant, to 
obtain substantially higher values of Mgyne. 

Consider the operation of a direct-coupled one-shot with a cutoff 
diode D2 (Fig. 10.4a), used to divide the recurrence rate of trigger 
pulses by a factor ngyno- The trigger pulses are applied to the col- 
lector of 71 via a trigger diode D1. If at t< t (Fig. 10.4b) the 
multivibrator is in its initial stable state, the trigger pulse arriving 
at time t) passes through D1 and starts up the multivibrator. During 
the temporary state (the interval t) and the greater part of the re- 
covery time (the interval t;,) the diode D1 is reverse-biased by a volt- 
age exceeding the peak value, Veync, of the trigger pulses. The 


19—01590 
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multivibrator is rendered insen- 
sitive not only to the pulses 
arriving during the temporary 
state (these pulses cannot change 
the state of the circuit even if 
their amplitude exceeded the 
reverse bias on the diode, 
Veync > Ec), but also to the 
pulses arriving during the inter- 
val from ft, to t,. The multivibra- 
tor is again started by the trig- 
ger pulse arriving first after 
time t,, when the reverse bias 
on the diode falls below Veync- 
In this way, the rate at which the 
multivibrator swings back and 
Fig. 10.5 forth is 1/ngyno of the trigger pulse 
rate (in Fig. 10.4 6, msyne = 9 
Consider the conditions for a relaxation oscillator to operate 
as a PRF divider when the repetition period Tgyy. of syne pulses 
is shorter than the recovery time, t,,. The division mode will be 
effected, if the trigger diode is turned on by the nth sync pulse when 
the circuit has returned to its original state, rather than by the 
(n — 1)st pulse. By inspection of the circuit in Fig. 10.46, the ap- 
plicable conditions may be written as: 


(Msyne — 1) T sync ST + Tre 
10.5 
Nsyncl sync = T + Tre (10.5) 


where 
Tre a —RaC In (1 =. E/Ec) 
Tre = — ReyC In [1 —(Ec—Veync)/Eci] 
From Eq. (10.5), we get 


Reyne > Neynt > Teync (10.6) 
where 


neyne= (1+ bk) +4 
have =n(1+4,,) 


1 = VT syne 
b= TrelTre 
Kye = Trelt 


The straight lines representing the functions defined by Eqs. (40.6) 
are shown in Fig. 10.5. As is seen, an increase in ngyn, entails a de- 
crease in the maximum deviation, -- An, of y from the average opti- 


mal value, y, and, as a consequence, more stringent requirements as 
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regards the stability of pulse duration t for the multivibrator and 
the amplitude of trigger pulses. Using Eqs. (10.6) and referring 
to Fig. 10.5, the relation between the maximum attainable division 
ratio, Msync, max, and the circuit parameters may be written 


ts en A oh Se 
"eyne,max = TE Oy) d= Biro On) © Ie lb) 226, (10.7) 
where 5y = An/n. 
If Ec/Ec, is less than 0.5, then b = 1 — A, where A = Veyn-/Eg 
= Veync/Vo,m, and Eq. (10.7) may be simplified 


Neync, max = (4 + Kye) | (Are + 25n) (10.8) 


It follows from Eq. (40.8) that an increase in the relative ampli- 
tude of trigger pulses and in the instability of the temporary state 
(the parameter Sn) entails a decrease in Msgync, max. When A exceeds 
26, there is a decrease in ?gync, max With the recovery time (the 
parameter k,.), whereas when A is less than 26n, there is an increase 
iN Ngync, max With the recovery time. The latter case is more typical 
of transistor relaxation oscillators in which the temperature insta- 
bility of t is especially pronounced. If 6y = 0.15, 4 = 0.1, and 
kye = 0.4 and 1, then Ngync, max Will be 3 and 5, respectively. 

To minimize the effect of the trigger-pulse amplitude, it is essen- 
tial that the temporary state be terminated between the (nm — 1)st 
and the nth trigger pulses. Then ngync, max Will be given by Eq. (10.8) 
for’ = 1. 

In practice, individual PRF dividers based on the principles ex- 
amined above are com)ined into more elaborate systems capable of 
higher values of Ngync, max, better adjustment capabilities, and higher 
reliability. Among them are frequency dividers based on pulse 
discrimination and feedback chain dividers [4, 38]. 

Another way to divide the repetition rate of pulses is by means 
of a digital counter (see Chap. 13) which generates an overflow 
pulse in response to each uth input pulse, where pw is the modulus 
of counting. 


REVIEW QUESTIONS AND PROBLEMS 


10.4. Plot synchronization diagrams for the blocking oscillator 
of Fig. 10.4, assuming normal synchronization by the ngth pulse; 
consider the conditions in which this form of synchronization will 
be disturbed; plot appropriate timing diagrams. 

10.2. Plot a diagram of synchronization bands for several values 
Of Nsyne- 

10.3. Using a diagram of synchronization bands, establish the 
relation between the relative deviations in 64 = AA/Agp, and 8@ 


419% 
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= A6/8op1, on the one hand, and the maximum synchronization 
ratio, Mgync, max» ON the other. In working out the problem, assume 
that Agn_ and 09), are the coordinates of the centre point of the dis- 
persion triangle with sides 2A\ and 2A8, lying in the range of values 
for sync, max SO that one of its corners lies on the straight line defin- 
ed by Eq. (10.4) and the opposite vertical side coincides with the 
straight line defined by Eq. (10.3). 

10.4. Using the results of Problem 10.3, show that the optimal 
amplitude of sync pulses is approximately equal to the change AV 
in the linear control voltage over the repetition period of sync 
pulses. 

10.5. Draw the circuit of a one-shot multivibrator operating as 
PRF divider; plot the waveform of its output signal and explain 
its operation. 

10.6. Derive Eq. (10.7), and determine “gyno, max independent 
of the amplitude of trigger pulses. 


|] GENERATION OF SAWTOOTH 
(RAMP) CURRENT 


11.4. GENERAL 


In magnetically deflected cathode-ray tubes the deflection of the 
electron beam is proportional to the current in the deflection coils 
(often collectively called the deflection yoke); hence, a sawtooth 
(ramp) waveform of current is required. 

The major difficulties associated with the generation of sawtooth 
(ramp) current are to avoid or eliminate the distortion produced in 
the deflection waveform by transients at the start or end of the sweep 
and the nonlinearities and instabilities in the tube or transistor 
parameters. These difficulties can be resolved in any one of several 
ways, depending on the specific requirements for the accuracy, speed, 
economy and other features of the deflection system. 

The sawtooth current generators used in radar, where the accuracy 
requirements are especially stringent may be classed into two basic 
groups. Those in the first are in effect a combination of a suitable 
sawtooth voltage generator and a current amplifier which converts 
the generated voltage into the deflecting current. As will be shown 
later, an appropriate amount of negative feedback must be applied 
to the current amplifier so as to minimize frequency and nonlinear 
distortion in the deflection current. Those in the other group are 
basically opamp integrators with a feedback voltage derived from 
across the deflecting coil placed in the output circuit of the final 
amplifier stage. 

The sawtooth current generators used as TV timebases where the 
accuracy requirements are more lenient usually have no negative 
feedback amplifiers, and the amplitude of the deflecting current 
is boosted by the transients occurring at the beginning of fly- 
back. 

For each particular type of the deflection system, there is a certain 
definite number of ampere-turns. Jv, required to deflect the electron 
beam across the CRT screen. Here. 7, is the maximum required 
deflecting current, and w is the number of turns in the deflecting 


coils. 
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11.2. TRANSIENT RESPONSE 
OF THE DEFLECTION SYSTEM 


Consider a linear equivalent circuit of the deflection system 
(Fig. 11.1) where r and C are the olsmic resistance and the stray capa- 
citance of the system, respectively, Reg = Aout || Asn is the equiv- 
alent shunting resistance which includes the internal resistance of 
the output stage and the damping resistance R,,. Assume that the 
scan portion (working stroke) of the sweep current is linear: 


i= A;t 
where 0 << t <1 (where t is the scan time of the linear sweep). 


Then the voltage across the deflection coils. v (¢), and the current 
of the output (or control) stage, iy (t), may be written 


v (t) = LA; + rA,t (11.44) 
where P(t)?-= S(t) CLA; is the initial delta function of the control 
current. 5 (t) is the impulse function, By = L/R.g + Cr is the 
current step, and Ay = A; (4 +7/R,q) is the rate of change of the 


deflecting current. 
For real deflection systems, it is usual that 


Cr < L]/Req and r/R <1 (11.2) 


If so, the relation between By and Ag, on the one hand, and A,, 
on the other, has the form 


By ~ A,L/Reqs Ag ~Y A; (11.3) 


Thus, for the deflecting current to rise linearly with time, it is 
essential that the output-stage current should contain an initial 
impulse of an infinite amplitude so that the charge Q, = LC,A; 
on the stray capacitance can build up instantaneously, and the 
current step must be referenced to the rate of linear change of the 
current: 

By & AoL/Reg (11.4) 


Let us see how the waveform of the deflecting current will be 
distorted. if the function i, (¢) is other than defined by Eq. (41.1b). 


Fig. 14.4 
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This calls for knowledge of the initial current in the deflection 
system. The Laplace transforms of the deflection-system voltage 
and current are 


ig (s) 


i (s) = CL (s—s) (s —Se) + tinit (s) (41.5a) 
aa cae aa (41.5b) 
where 
init (8) = v O/L-+i O)/CRe+ si (0) 


(s— $1) (s—S) 


and s, and s» are the roots of the characteristic equation 


s?+ §(1/CR.qg4+r/L) + (4+1/Reg)/CL=0 (11.6) 
In view of Eqs. (41.2), we obtain from Eq. (41.6) that 


where A = 1 — 1/y?, y = p/2Ryq, and p = VLIC. 

To begin with. let us see how the sweep current waveform is 
produced by a trapezoidal control current, ip (£) = Apt + By. Two 
forms of the transient response are of interest, namely: the critically 
damped response when negative current feedback is applied to the 
sweep-generator amplifier, and the overdamped (aperiodic) response 
when negative voltage feedback is applied. The first case, for which 

= 0 and y = 1, takes place when the equivalent shunting resist- 
ance is 


Req = Req, er = 9/2 (11.8) 


Under zero initial conditions, the deflecting current will obey the 
following law: ° 


i (t) = Aot {4 + (4 + Bo/Ap%o) exp (— t/to) 
+ By (1 —2ApT9)/Bo) [1 —exp (—#/t))]} (11.9) 


where %) © VCL = 2CReg, cr. 

With any value of Bo, the initial portion of the sweep waveform 
is nonlinear, and the change in the deflecting current will be linear 
only after the transients described by the exponential term in 
Eq. (14.9) have died out. 

The current step value determines the time shift in the linear 
portion of the sweep waveform. With By < 2A t), this shift is 
positive, and the linear portion of the actual sweep waveform lags 
behind the ideal sweep current, i = A,t. With By > 2A ot, the 
real sweep leads the ideal one. 

The time shift is fully balanced out when 


By = 2Aoto (11.40) 
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Then the voltage across and the current in the deflection system 
(Fig. 11.2) are 


v (t) = LA; {1 — exp (—t/t))] + LA, (t/t) exp (—t/t») (11.11a) 
i (t) = A,t [4 — exp (—t/t))] (41.41b) 


where A; = Ag. 
The maximum per cent slope error, 5i, in the function defined by 
Eq. (41.44b) which occurs at ¢ = t, is given by 


per cent Si =| Ai |max/i (t) =0.37AjT)/A;t 
= 0.37 (T)/t) x 100 (41.42) 


This error can be minimized by boosting the control current with 
an initial compensating pulse of amplitude J, and duration teom, 
sufficient to produce the charge Q). 

A substantially overdamped response (A > 0, y > 1) is achieved 
when Req < Freq, cr- Retaining only the first two terms in the power 
expansion of the second term in the parentheses of Eq. (11.7), the 
roots of the characteristic equation are approximately found to be 


y= —1/t,, 8, = —1/t, (11.13) 


where 1, + L/R,q and t, © CReq, such that t, > T.. 

With an overdamped response, the transients in the deflection 
system have two components, a “slow” exponential term with a time 
constant 1, and a “fast” component with a time constant t.. If 
we choose the control-current step By 
so that 


By = Act (14.14) 


we can fully balance out the “slow” 
component. Then the deflecting cur- 
rent will be 


i= Ay {t — Tt, [1 — exp (—t/t,)]} (11.15) 


After the transients represented by 
the exponential term in Eq. (14.15) 
have died out, the sweep waveform 
will be delayed by a time T,. This 
time and also the initial nonlinear 
portion of the sweep might be mini- 
mized by reducing the value of Rgp. 
This would, however, lead to a sub- 
stantial rise in the control current 
owing to the current drawn by Rgp. 
Fig. 11.2 Because of this, overdamping should 
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preferably be utilized in sweep generators using a large amount of 
feedback provided by the voltage across the deflection system, as 
this permits a reduction in the equivalent internal resistance of the 
output stage by dropping the low-value resistor R,,. Another disad- 
vantage associated with overdamping is that it takes a long time 
for the current to return to its initial value at the end of flyback 
because of the “slow” component, so the speed of the sweep generator 
is rather low. To avoid this, the negative feedback path should be 
opened for the duration of flyback and the deflection system should 
be shunted by a resistor, A,,, whose value is equal to that under 
critical damping, Rey. 

Now we shall take a look at the transient response of the deflection 
system driven by a staircase contro] current, ig (t) = By. This form 
of response is shown by a pulsed sweep and also during the flyback 
of a linear sweep. On substituting i, (s) = B)/s in Eqs. (11.5), we 
obtain the following relations for the three forms of transient re- 
sponse in terms of deflecting current and voltage. 

The overdamped response for which y>1, 1, >>T,, and ¢ 
> 3t, — 4T.: 


i (t) = i (0) — (Req/L) [i (0) — Bol It, exp (—é/t%) 
— t, exp (—t/T,) — (t, — T.)] 


=~ B, + li (0) — By) exp (—t/t,) (11.16a) 
v(t) = Req [i (0) — Bol [—exp (—t/t,) + exp (—t/t)] 
= —Req li (0) — Bo] exp (—t/T,) (11.16b) 
—the critically damped response for which y = 1: 
i (t) = By + [i (0) — Bol {4 + (t/t9) exp (—t/t)] (41.17a) 
v (t) = 2Req li (0) — Bol (t/t) exp (—t/T)| (14.17b) 


—the underdamped (oscillatory) response for which y < 1: 


i (t) = Bo-+ (2Req/p) {i (0) — Bol ( 7 =; sin ot VIF 


+7008 mt VI—¥*) exp (— Yo) (11.18a) 


sin wot V1i— v) exp (— Pot) 
(41.418b) 


b(t) = 2Reg li (0) — Bol (— es 


where ow, = 1/V LC. 

The settling time of the deflecting current in a pulsed sweep and 
the flyback time of a linear sweep are maximal for the overdamped 
response. 

If the generator stage operates within the linear portion of the 
characteristics, the deflection system is shunted by Rgp whose value 


298 CH. 141 GENERATION OF SAWTOOTH CURRENT 


is equal to or somewhat higher 
than R,,. The functions defined by 
Eqs. (11.17) are shown in Fig. 11.3a 
and b, where I,, = B, — i (0), and 
by = BolI[m: 

Referring to Fig. 11.3, v/pl,, is 
a maximum at ¢t =T, and is equal 

1 ae to 0.37. Because the deflection sys- 
ee! (a) ° tem has a fairly high characteristic 

0.37 FK-— impedance (30 kQ in vacuum-tube 

| sweep generators and 1502 in tran- 
| sistor sweep generators), a change 
of 0.1 to 10 A in the control current 
may cause the voltage across the 
; ie deflection system to run into hun- 
(b) ° dreds or tens of volts, respectively, 
thereby moving beyond the linear 
Fig. 11.3 portion of the characteristics of the 
vacuum tubes or transistors. 

In the underdamped (oscillatory) case, the rise time t, of the 
deflecting current decreases, and the output waveform is a train of 
waves progressively decreasing in amplitude (known as ringing). 
The relative rise time wot, of the deflecting current and the relative 
overshoot amplitude 6/,, depend on y which defines the degree of 
damping provided by the resonant circuit. Sometimes, the settling 
time of i (¢) is evaluated in terms of the damping factor kg for the 
envelope of sinewaves [33]: 

kg = exp (—yoTq) (41.19) 
where Tq is the damping time, or the time it takes the waves to die 
out completely. 

Theoretically, the damping time must be a minimum in the crit- 
ically damped case for which y = 1. For practical visual displays, 
however, it is often convenient to deem that all transients have died 
out when the luminous spot on the CRT screen has practically come 
to a stop, which occurs when the spot has deflected for not more 
than a half-diameter. In present-day intensity-modulated CRTs, 
the spot diameter is 1/500th of the screen radius. 

Thus, the spot practically cease moving at kq -= 2 « 10-3. 
If the deflection system resonant circuit be shunted by Rg whose 
value somewhat exceeds the critical value, the response will be 
slightly underdamped (slightly oscillatory), and tg. min = 5-8 VLC 
will occur at y = 0.885 for which the relative amplitude of the first 
eycle is 2 x 10-%. For comparison, it may be noted that for the crit- 
ical case (y = 1), Ta, min = 8.2 VLC. As is seen, even a small 
decrease in y leads to a reduction of 40% in the damping time. 
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11.3. NEGATIVE-CURRENT-FEEDBACK SWEEP GENERATORS 


In practical sweep generators of this type, the control current 
is that of the final stage built around sufficiently high-power Lubes 
or transistors. 

As already noted, one way to reduce nonlinear distortion in, and 
the drift of, the deflection current caused by the nonlinearity and 
instability of the final stage, is to apply a sufficient amount of 
negative feedback to the latter. 

The load resistors supplying the negative feedback voltage are 
chosen to be very small so as to avoid a fal] in the operating voltage 
of the deflecting stage which usually draws a heavy current (the 
resistance values are usually several ohms for transistor final stages 
and tens or even hundreds of ohms for vacuum-tube stages). To ob- 
tain the desired amount of negative feedback in the circumstances, 
it is usual to place a preamplifier between the sweep generator and 
the deflection stages. 

In a vacuum-tube sweep generator incorporating an ideal preampli- 
fier with an unlimited passband and a constant gain, the critical 
response would be obtained in practically the same manner as in 
the isolated resonant circuit examined above. This is because the 
negative-voltage feedback would raise the equivalent output resis- 
tance of the tube, which even without negative feedback markedly 
exceeds the critical value of the shunting resistor. 

In transistor sweep generators incorporating a preamplifier, the 
transient response is somewhat different. This is because the deflec- 
tion coils have a small number of turns, so the distributed interturn 
capacitance of the deflection system and also its ohmic resistance 
have a lesser effect on the response than the transit-time parameters 
of the final-stage transistor, namely the collector-junction capaci- 
tance C, and the time constant t§ of collector current. Taken togeth- 
er, this serves to complicate the structure of the automatic control 
system formed as a result of applying negative feedback to the tran- 
sistor sweep generator. The transient response of this system will 
depend on the transit-time parameters of the system itself and also 
on the place of connection of the deflection system and the load 
resistor R, across which the feedback voltage is developed. In prac- 
tice, the deflection system and A, can be connected in any one of three 
ways (Fig. 11.4). In the circuit of Fig. 11.4a, the negative feedback 
circuit stabilizes all of the control current, ic, whereas in the circuits 
of Fig. 11.40 and c it controls the deflecting current i and the current 
flowing in the shunt. 

Consider the conditions required for the response of the above 
circuits to be critically damped. To begin with, we shall make 
several simplifying assumptions, usually valid in practice. The point 
is that the preamplifiers most often used in sweep generators are IC 
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ta) 


Fig. 11.4 


differential opamps with a high input resistance. Also, to avoid 
parasitic oscillations, the preamplifier passband is reduced by placing 
a capacitor across the load resistor. So, we may deem that R,, is 
infinite, and approximate the transfer gain by a single-pole rational 
function 


K (s) = K,/(4 + stamp) (44.20) 


where tamp = (2A/))~* is the time constant corresponding to the 
3-dB passband Af, of the preamplifier. 
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For r.f. power transistors used in the output stage, such as the 
Soviet-made 2T803 with tg = 6 ns, it may be taken that their 
transit-time behaviour is solely decided by the base junction capaci- 
tance and that t; = Btg = 0. Also, recalling that R, is very small, 
the signal at the input to the preamplifier may be written 


Vin © Yre — (1 — Yr) Urs (11.21) 
where 


Yr = R/(R, + R,) 


UEB © lout 


such that gu, = % for the circuit of Fig. 11.4b and igy, = ip for 
the circuits of Fig. 14.4a and c. 

Sweep generator with a stabilized control current. An a.c. equiv- 
alent circuit of a sweep generator with a stabilized control current 
(Fig. 11.4a), drawn up under the above assumptions, is shown in 
Fig. 11.5. From its analysis [33], it may be concluded that the amount 
of negative feedback required to minimize the effect of the parame- 
ters of the active elements on the deflecting current i., is subject 
to the following inequalities: 


K>1, KRo> (in + Bs)/h (11.22) 
where Rg = Rout + rp and K = K, (1 — yr). 

Subject to the Lae (11. 22), the heries transform of the 
deflecting current, iv. (s), in the case of a step input e = E/s may 
be written 

(s)= {a—sCe(ra+ Ro) I (11.23) 


(ags° 4-a,s?-+ ays—-1) s 


Fig. 14.5 
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where 
I~ ER/RR, 
rp = Tin/(1 + B) 
ee L(rg+RotFp , tas (re+ Ro) 
a3 oe, Tampec [ KR, a KR, ] 
ag = LC, + (1 + 1rp/Ro) (Tas Tout + Tastamp + TampTout)/K 
ay = Tag + (1 + 1rp/Ro) (Tout + Tamp)/K 

Tas = L/Rs» 

Tout C Rp 
where Tg, is the time constant of the deflection system. 

As is seen from Eq. (11.23), if the inequalities (11.22) are well 
satisfied, the coefficient a, becomes very small, so that its effect 
will only be felt within the initial portion of the transient response. 
Therefore, the conditions required to minimize the free response 


time can be found by using an abbreviated form of the characteristic 
equation [the denominator of Eq. (11.23)]: 


ays" + ays + 1=0 (11.24) 
which has the following roots: 


42 + (a4/ay) AAV 1— 4a,/a?) 
Subject to the equality 
= 4d, (41.25) 


the critically damped response can be obtained, if we take Rey 
= R.,. Using Eq. (11.25) we obtain that R., and ty will respective- 
ly be 


Roy = Rey2p (11.26a) 
sis oS 
Ty = am V 1c, sean (11.26b) 
where 
— Tout + fonts Famp 1 tampTout 
and p = VIIC.. 


Equations (411.26) are developed under the practically sound 
assumption that rp/R, is usually much smaller than unity. From 
Eqs. (11.26) and Fig. 11.6 it follows that the time constant ty of 
the critically damped system is longer than that of an isolated res- 
onant circuit (see Fig. 11.1) because of the limited passband of the 
preamplifier and the presence of a resistive component in the capaci- 
tance arm of the equivalent circuit of the deflection system. An 
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increase in the preamplifier 

gain which controls’ the 

amount of negative feedback, 

minimizes the effect of these 1 

parameters, and the difference 

in dynamic behaviour be- 

tween the circuits in Figs. 11.1 

and 11.4a progressively de- 

creases. ViCe 
Equations (11.26) will yield 

results satisfactory for prac- 

tical purposes subject to the 


Rept 


following inequality [33] = 
Afy > 10(K 2n VIC.) * 
(11.27) Fig. 11.6 


Sweep generator with deflecting current stabilization over the 
emitter circuit. An equivalent circuit of such a sweep generator 
(see Fig. 11.4c) appears in Fig. 11.7. Subject to the inequalities 
(41.22), the coefficients of the abbreviated characteristic equation 
applicable to this case are 


a, & L (Tout + Tamp)/KRo 
ay © Tas-+Tamp | 1+ Spit pare | K + tout (1+ re/Ro)/K (11.28) 
Using Eq. (11.25), we get 
Ror = K [—0.5 (6/Ro+ tamp + Tout) 
+VRpK (1+ Tamp/Tout)/Rol* — (11.29a) 
to = V LC.Ry (1 + Tamp/ Tout)/KRo (11.29b) 
where 
Fainy me Teno LCs 
Tout a Rs/p 


Plots of the functions R,,(K) and t) (K) appear in Fig. 11.8, 
where it is assumed that Ttamp/Tout > 41 and L/Ry is markedly in 


Fig. 41,7 
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excess Of Tamp and Toyt, Which 
is often the case in practice. 
From Eq. (14.29) it follows 


that in the sweep generator 
of Fig. 11.4c the speed increases 
with an increase in the 


passband of the preamplifier 
Underdamping | Overdamping and a decrease in the effective 

inductance of the equivalent 
resonant circuit of the deflec- 
tion system due to the effect 
of negative feedback. Free 
Kein Ko p=4Kmin x oscillations will be critically 
damped at high values of the 
gain, K > Kyin, where 


t i Kin © L/4R otamp=NAFL/2Ry 

(11.30a) 
The time constant correspond- 
ing to Ky is 


—_____ To, max = (Afy)* (41.30b) 


Overdamping 


eo 
Kmin Kext™ 4K min. K In practice, it is often advis- 
(b) able to drop RAgy. Then, if 
K > Kymin to a first approxi- 
Fig. 11.8 mation, the time constant 


will remain the same as fol- 
lows from Eq. (11.30b). If K << Kymin, the free oscillations will 
be overdamped, with the “slow” component having a time constant 
t, ~ L/KR, and the “fast” component having a time constant 
T: © Tawnp- Therefore, the speed of the sweep generator in such 
a case will be determined by the value of t,. For tamp/Tout > 1. 
we get 


T) & V Ltamp/KRy © V Lj2nR,AfyK (14.31) 


It is seen from the above relation that the speed of the sweep genera- 
tor depends on the time constant of the deflection system and the 
passband of the preamplifier, rather than on the value of C,. 
Simulation of the circuit in Fig. 11.4c, with the inclusion of the 
cubic term in the characteristic polynomial, has shown [33] that 


to a first approximation it is legitimate to take R,, as defined by 
Eq. (41.29a). The minimum transient time, tm, can be estimated 
accurate to within 10% by the equation 


Tmin = 3.6%, (14.32) 
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Comparison of sweep generators in terms of speed. The speed of 
the sweep generator in Fig. 11.4a depends on the preamplifier pass- 
band Aj) very little. In fact, it is solely decided by L and C, over 
a wide range of gain values (K = 100 to 500). As regards the circuit 
of Fig. 11.4c, its speed is controlled by K and Af, nearly to the same 
extent. 

If we take the same values of Z and C, for both circuit configura- 
tions, that in Fig. 11.4¢ will be more fast-acting over the above 
range of gain values if the preamplifier has a sufficiently broad 
passband (Af) = 100 to 200 kHz). If, however, the preamplifier 
has a relatively narrow passband (less than 10 kHz), the more fast- 
acting circuit will be that in Fig. 14.4a. The circuit in Fig. 11.40 
stands midway between the two. Similarly to that in Fig. 11.42, 
it is fairly insensitive to gain value, but like the circuit in Fig. 11.4c, 
its speed substantially depends on the preamplifier passband. To be 
more specific, if the preamplifier passband is from 100 to 200 kHz 
or more, it is inferior in terms of speed to the circuit in Fig. 11.4c, 
whereas at low values of Af, il is inferior to the circuit in Fig. 11.4a. 

Large-signal speed. So far we have been concerned with the tran- 
sient responses of sweep generators operating on relatively small 
signals, such as the linear timebases of radar scopes or the sign 
channel of alphameric displays where relatively small step changes 
in the deflecting current are involved. In the coordinate channel of 
alphameric displays, such responses occur only within some portions 
of the deflecting current waveform. Spikes on the leading and trail- 
ing edges of current pulse or on the return stroke of a sawtooth 
current will drive the tube or the transistor in the output stage to 
the overdriven (critical) or saturation region, unless suitable measures 
have been taken to the contrary. If this is allowed to happen, the 
transient response becomes heavily overdamped [33], and the tran- 
sient response time increases considerably. 

To keep the output stage in the active region in the presence of 
large signals, it is usual to employ either an additional voltage 
source (voltage boost) or a current source having a high differential 
resistance (current boost). Voltage boosting is based on an impulse 
increase in the supply voltage of the output stage over a time inter- 
val equal to the total transient time or a part thereof, so as to avoid 
completely or in part the fall in voltage across the amplifying ele- 
ment to its critical value. The magnitude of the voltage boost pulse 
should be chosen such that the decrease in the voltage across the 
amplifying element owing to a spike of amplitude V,, will leave the 
operating point within the active region of the characteristics. 

In this way, it is possible to keep the transient time to a minimum 
by eliminating the time interval over which the resonant circuit of 
the deflection system is heavily overdamped. Then the transient 
response time will be governed by the same factors as in the small- 
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signal case. Power dissipation will not practically increase, because 
the voltage boost is effective over a short time interval proportional 
to the transient time. 

The method outlined above may be used only if the spike amplitude 
remains below the maximum rated collector voltage of the output 
transistor. Otherwise, the transistor might be damaged even by 
short but large spikes if there is a mismatch in waveform between 
the vollage spikes on the deflection system and the voltage boost 
pulse. To avoid this, the boost voltage must be limited to the maxi- 
mum rated collector voltage of the transistor (50 to 400 V). In prac- 
tice, the above method can be employed only in rare exceptional cases, 
involving high-vollage transistors and very heavy deflecting cur- 
rents. The spike amplitude can be brought down by a decrease in 
the characteristic resistance of the equivalent resonant circuit of 
the deflection system and an increase in C,,,. Most transistor sweep 
generators have to be content with only a partial boost of the fall 
in the supply voltage. The amplifying element is driven into the 
saturation region, but its stay there is markedly shorter as compared 
with that when no voltage boost is used. 

With current boost, an element with a high differential resistance 
exceeding the critical resistance of the deflection-system resonant 
circuit is switched in between the power supply and the deflection 
system for the duration of transients. The d.c. resistance of this 
element is chosen to be small so as to reduce the drain on the power 
supply. This element may advantageously be a choke whose induc- 
tance exceeds that of the deflection coils by at least an order of 
magnitude, and whose current issomewhat greater than the maximum 
deflecting current. The choke will, to a first approximation, act as 
a current source with an infinitely high internal resistance for the 
duration of transients in the deflection system. The saturated 
transistor in the output stage will not shunt the deflection system, 
so the deflecting current may readily be critically damped. 

When a choke is placed in series with the deflection system and 
the saturated transistor, the deflection-system current tends to rise 
to the value of the choke current during the rise time of the input 
signal. When the current flowing through the saturated transistor 
becomes equal to Bip,, the transistor moves out of the saturated 
region, and the deflection-system current becomes nearly equal to 
its steady-state value. Because at that instant the choke current 
usually exceeds the current in the deflection system and output 
transistor, the ensuing transients due to the difference in value he- 
tween these currents may be avoided, using various circuit arrange- 
ments. Their choice depends on the type of sweep generator used [33]. 
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As already shown, if the electron beam is to be swept across the 
screen in a linear fashion. the sweep voltage must be a ramp (or 
sawtooth) waveform supplied by a ramp voltage generator ordinarily 
containing an amplifier to which a large amount of negative feed- 
back is applied. In some cases, the discharge current of the capacitor 
in the ramp voltage generator may be stabilized by the preamplifier 
of a current timebase generator. In this way, a ramp (sawtooth) 
voltage generator and a ramp (sawtooth) current generator will be 
built as a single unit. This combination is usually called an opamp- 
integrator sawtooth current generator. 

Most often, an opamp-integrator sawtooth current generator is 
built in any one of two configurations. In the configuration of 
Fig. 141.9a, the deflection system is not included in the feedback 
path, the current-stabilizing opamp is loaded into the base-emitter 
circuit of the output stage, and the feedback voltage is taken off Ry 
placed in the emitter lead of the same stage. 

In the configuration of Fig. 11.9, the current-stabilizing opamp 
is loaded into the collector circuit of the output stage, and the feed- 
back voltage is taken off the deflection system. Because transistor- 
driven deflection circuits have a low resistance, it is usual to enhance 
the performance of the sawtooth current generator in Fig. 11.96 


Cc 


(b) 


Fig. 11.9 
20* 
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by connecting the deflection system in series with a resistor, Ro, 
serving as load for the opamp. 

The two circuits in Fig. 14.9 operate by about the same principle. 
When the switch Sw is opened, the capacitor C begins to be charged 
by a nearly constant current from a constant-voltage source e = E, 
as is done in the Miller integrator ramp voltage generators examined 
in Chap. 9. The resultant voltage across the negative feedback circuit 
(which is resistive-capacitive in its effect) will be trapezoidal, that 
is, it will have both a step portion and a ramp portion. Thus, in the 
generator of Fig. 11.9a, negative feedback will stabilize the trape- 
zoidal current of the output stage, and in the generator of Fig. 11.9, 
the trapezoidal voltage at the collector. If we deem the current 
in the negative feedback circuit constant, I, ~ E/R,, and neglect 
the transit-time effects in the preamplifier (tamp) and the output 
stage (tc), then, in order to obtain a deflecting current rising linear- 
ty with time, i = A,t, the circuit parameters must be chosen such 
that 


L/Rey = CR, (11.33a) 
for the circuit in Fig. 11.9a, and 
L/R, = CR, (11.33b) 


for the circuit of Fig. 11.96. Then the rate of rise of the deflecting 
current will be 


A, = EICR,R, (11.34) 


In practice, because the preamplifier (most often, an IC differen- 
tial opamp) has a finite gain, the current in the negative feedback 
circuit does not remain constant. This causes the deflecting current 
to show a degree of nonlinearity which is further aggravated by 
failure to satisfy exactly the conditions defined by Eqs. (11.33). 
The transit-time parameters, which tend to limit the preamplifier 
passband, bring down the rate of change A, of the deflecting current 
and produce a further nonlinearity within the initial portion of the 
waveform. Analysis [33] shows that the effect of these parameters 
can be minimized by increasing the amount of negative feedback 
which is in turn dependent on the gain of the preamplifier. 

The charge on the integrating capacitor is restored after the control 
pulse ceases. Thus, the speed of response of the sweep generator in 
question depends not only on the time it takes the deflecting current 
to attain its steady-state value. but also on the time required for the 
capacitor C to recover its initial charge. If the capacitor charge fails 
to be restored by the time when the next control pulse arrives, the 
sweep speed A; will change. Therefore, sweep generators built along 
the lines illustrated in Fig. 11.9 should include appropriate circuits 
to speed up the recovery of the charge on the integrating capacitor. 
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Because the negative feedback circuit of the generator is now open, 
the magnetic energy stored by the deflection system should preferably 
be dissipated by switching in an appropriate damping resistor to 
obtain critical damping. 


11.5. SAWTOOTH (RAMP) CURRENT GENERATORS 
FOR TELEVISION 


The sawtooth (ramp) current generators used in the vertical (fra- 
me) and horizontal (line) scanning circuits of TV receivers are designed 
to meet requirements differing markedly from those to be satis- 
fied by the sweep generators employed in radar indicators. The 
typical TV sweep is continuous, with a relatively short retrace 
(flyback) time accounting for 5% and 10% of the sweep period for 
the frame and line scanning circuits, respectively. The requirements 
for linearity and stability are usually fairly lenient (€; = 5 to 10%), 
with principal emphasis placed on simplicity of control, economy, 
small size, and low cost. 

Because the duration of the vertical sweep is hundreds of times 
that of the horizontal sweep, the respective sweep generators differ 
in a substantial way. 

Vertical scanning. Because the rate of vertical (frame) scanning 
is relatively low, the distortion in the waveform of the frame deflect- 
ing current caused by the stray capacitance are ordinarily negligible, 
so, in a first approximation, this capacitance may be ignored in 
defining the waveform of the scan portion. This is why this capaci- 
tance is omitted from the equivalent circuit in Fig. 14.1. On the 
other hand, in the case of a continuous sweep (Fig. 11.10) the deflec- 
tion system carries a reverse current, J) ~ 0.5J,,, when the scan 
portion just begins. Accordingly, the Laplace transform of the deflect- 
ing current over the time interval t may be written 


i (s) = pp 2 Ja ea (11.35) 


where Pp = Req/(Req +7) and tas = L/(Req + 7). 


Fig. 11.10 
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In the case of a trapezoidal control current, 
ip (s) = (Ao/s + B,)/s 
the inverse Laplace transform of Eq. (11.35) will be 
i (t) = A,;t — I, 
+ (Ig + A;Bo/Ao — TagA;) (1 — exp (—t/Tas)] (11.36) 
where A; = yRpAo. 


For i (t) to vary linearly with time, the step 8) must be such 
that 


By = Ap (Tashi — 19) A; (11.37a) 
Since A; = Ip/t, we get 
By = Im (1 + 1/Req) (Tas/t — 9.5) (11.37b) 


In practice, variations in the parameters of the tube or transistor 
used in the output stage usually result in that the condition defined 
by Eq. (11.37) is not satisfied in full, and the deflecting current 
becomes nonlinear. The degree of nonlinearity increases with that of 
the V-A characteristic of the tube or transistor and also owing to 
the magnetizing current which flows in any transformer-coupled 
circuit. In either case, the waveform of the deflecting current can 
be improved by using frequency-dependent negative feedback and 
including compensating RC-networks. During vertical retrace, the 
tube or transistor in the output stage is driven to cutoff, and the 
damping resistor ensures that the deflection-system resonant circuit 
operates under slightly underdamped conditions, 

Horizontal scanning. In this case, the basic problems are to mini- 
mize the flyback time (to not over a few microseconds) and to reduce 
power dissipation. Calculations [41] show that in practice, assuming 
that al! of the magnetic energy stored by the deflection system is 
dissipated during retrace, power consumption is over 20 W. Because 
of this, instead of damping resistors practical horizontal sweep 
generators use active damping elements, such as diodes or transistors, 
which turn off for the duration of retrace. If so, the retrace time is 
determined by a half-cycle of oscillation in the resonant circuit of 
the deflection system. It is stabilized by trimming capacitors connect- 
ed in parallel with the deflection system. Therefore, 


typ & WV LC (11.38) 
Now the magnetic energy stored by the deflection system by the 
end of retrace is utilized to nearly double the deflecting current 
during scan. This is illustrated in Fig. 11.144a where the switch 
simulating the action of the active elements in the output stage is 
bidirectional (reciprocal). During the scan interval, t, — t,, the 
switch is closed and the resonant circuit is shunted by Ruy < Rey, 
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so that the resonant circuit is heavily overdamped. Neglecting C 
in this case, we may deem that the deflecting current varies expo- 
nentially (Fig. 11.11b): 


i (t) = E [1 — exp (—t/Tgy) Rew — Im exp (—t/tsw) (11.39) 
where Tow — L/Rgy. 


From Eq. (11.39), the initial rate of change, A;, and the nonlinea- 
rity, &;, of the deflecting current are found to be 


A ae EIL) for t/tew<2 — (44.40a) 


‘=o ~ | 


E, = t/tew (41.40b) 


During scan, the voltage across the deflection system is vg,  E. 
During retrace, t; — ¢,, the value of vy, rises to its peak value 


Vin © Im V LIC = 2LI pq! jp (14.44) 


which is 100 V and higher in transistor horizontal sweep generators. 
The circuit of a practical transistor horizontal sweep generator, 
simplified by omitting minor elements, is shown in Fig. 11.12. 
During scan, the power transistor in the output stage, containing 
the deflection system in its collector lead, accepts via a transformer, 
Tri, a positive pulse of base current, Jpg > /pygat), Where Jp(saty 
= /,,.f. Asa result, the scan portion of the sweep is generated while 
the transistor is at saturation, being reverse-biased during the first 
half of the scan and forward-biased during the second half, so that 
the transistor operates as a bidirectional (reciprocal) switch. If the 
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transistor is a conventional power type in which the emitter and 
collector junctions differ in size, the transistor is shunted by a damp- 
ing diode shown by the dashed line in Fig. 11.12. 

During flyback, the transistor base accepts a negative current 
pulse of large amplitude so as to turn off the transistor quickly. 
The cosine-wave voltage pulse of about 100 V amplitude, developed 
across the deflection coils, is impressed on the primary winding of 
a high-voltage transformer 7r2 with a turns ratio of n > 100: 14. 
The filter capacitor C; and a vacuum diode D3 in the secondary 
winding of the transformer make up a rectifier for the high voltage 
fed to the second anode of the picture tube. 

Instead of a vacuum diode, the H.V. rectifier may use H.V. semi- 
conductor structures, such as selenium stacks which are usually 
arranged in a voltage doubler or tripler circuit. 

If the horizontal output stage is built around a vacuum tube 
(usually, a beam power tetrode), its circuit is more complicated. 
Because the tube cannot act as a bidirectional (reciprocal) switch, 
one is forced to use a damping diode. Also, because the tube has 
a high output resistance, the deflection system is connected via 
a step-down transformer. The operation of, and basic relations for, 
the vacuum-tube line sweep oscillator are examined in [4]. 


REVIEW QUESTIONS AND PROBLEMS 


141.1. Draw the waveform of the control current required to pro- 
duce a sawtooth (ramp) current in the deflection coils. 

11.2. Draw the waveform of the deflecting current in the case of 
a trapezoidal control current, assuming the critical and overdamped 
response. Point out the difficulties associated with the overdamped 
case. 

11.3. Draw the waveform of the deflecting current in the case of 
a stop input (control) current for the underdamped, critically damped 
and overdamped cases. 
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11.4. Draw the three types of negative-current-feed back transistor 
sweep generator you know; explain their differences. 

11.5. Draw the equivalent circuit of the sweep generator in 
Fig. 14.4a; derive the functions R,, (A) and t, (AK) from analysis 
of the simplified step-input transient response. Compare the effects 
of the amplifier’s time lag, the transition (junction) capacitance of 
the output transistor, and the inductance of the deflection coils on 
the two functions. 

14.6. Work out Problem 11.5 for the sweep generator in Fig. 11.4c. 

14.7. Compare the performance of the sweep generators in 
Figs. 11.4a and c. 

11.8. Explain the rationale of using voltage and current boost 
under large-signal conditions; explain how voltage and current 
boosting works. 

11.9. Draw the circuits of the two opamp integrator sweep gene- 
rators you know; explain how they differ in operation. 

11.10. Derive Eqs. (11.33) and (41.34). 

41.41. Determine the distortion produced in the deflecting current 
by failure to meet the conditions (11.33) exactly. 

11.12. Draw a simplified equivalent circuit for the transistor 
vertical scanning output stage of a TV receiver; plot the associated 
waveforms and determine the relations between the circuit para- 
meters required to obtain a sawtooth (ramp) current. 

41.13. Draw a simplified equivalent circuit for the transistor 
horizontal scanning output stage of a TV receiver; plot the associat- 
ed waveforms, and explain its operation. Determine the parameters 
of the scan and retrace portions of the sweep; explain the operation 
of the circuit in Fig. 11.12. 


12 NEGATIVE-RESISTANCE PULSE 
CIRCUITS 


12.4. GENERAL 


Using semiconductor devices whose volt-ampere characteristics 
show a portion with a negative slope, gm = di/dv <0, it is possible 
to build regenerative pulse circuits in which positive feedback occurs 
within the devices, that is without an external feedback circuit. In 
some cases, this simplifies circuit configuration and serves to improve 
speed of response, load capacity, etc. 

There are basically two types of negative-resistance characteristics 
that a device might have. These are N-type (Fig. 12.1a) and S-type 
(Fig. 12.16). In the former, the current is a unique function of volt- 
age, so these devices are voltage-controlled. In the latter, the voltage 
is a unique function of current, so they are current-controlled. The 
N-tvpe characteristic is exhibited by tunnel diodes which generate 
pulses in the nanosecond range of duration. The S-type characteristic 
is shown by avalanche transistors (when connected in a common- 
emitter circuit) and four-layer structures (thyristors) which can 
generate strong pulses of large amplitude. 


12.2. TUNNEL-DIODE PULSE CIRCUITS 


The basic circuit using a tunnel diode is shown in Fig. 12.2a. 
in the diagram, C, is the stray capacitance combining the circuit 
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(wiring) capacitance, the load capacitance, and the transition (junc- 
tion) capacitance which ranges in value from units to tens of micro- 
farads. The tunnelling portion of the characteristics (Fig. 12.25) 
has a negative slope between points Af and N. where the average 


resistance is negative, —p. The negative-resistance characteristic 
is defined in terms of the peak-point current Jp, the peak-point 
voltage Vp, the valley-point voltage V,-, and the voltage range V,. 
The typical values of these parameters are: 7p = 1 to 50 mA, Vp 
= 75 to 330 mV, Vy = 300 to 600 mV, V, = 0.4 to 1.3 V, and 
Tp/ly = 5:1 to 10: 14. 

Depending on the value of supply voltage E and R —= (tan a)-}, 
the circuit in Fig. 12.2a may have five equilibrium states illustrated 
in Fig. 12.26 [30]. If the load line intersects one of the rising por- 
tions of the volt-ampere characteristic of the tunnel diode and 
R<p, a state of stable equilibrium will occur at points J and 2. 
Now. a deviation of the emitter voltage of the tunnel diode from 
its mean value owing to some factor will cause the capacitive current 
to flow in a direction such that the rate of displacement of the operat- 
ing point will tend to minimize the initial deviation. This case is 
characteristic of one-shot multivibrators with an initial stable state 
at point J or 2. 

At point 3 where R is likewise less than p, the above effect and, 
as a consequence, a state of stable equilibrium will occur if the 
inductance is sufficiently small, so that L/R <pC,. This condi- 
tion is typical of tunnel-diode amplifiers. If the above condition 
is not satisfied, the state of equilibrium at point 3 will be unstable, 
and the circuit will be running free. Then, if L/R >> eCg, the oscil- 
lations will be of relaxation type, such as generated by a free-running 
multivibrator. 
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For triggered operation, it is essential that R >, whereas L 
is not a mandatory element. If the supply voltage E is chosen such 
that the load line crosses all the three portions of the V-J curve 
(points A, 4, and & in Fig. 12.26), the circuit will have two states 
of stable equilibrium (at points A and &) and one state of unstable 
equilibrium (at point 4), so it can operate asa bistable multivibrator. 
If the load line crosses only one of the rising portions of the curve 
(at point 5 or 6), the circuit will operate as a Schmitt trigger; it 
will act as a pulse-shaping circuit if the Q-point is initially positioned 
outside the hysteresis loop. 

The switching time of the tunnel diode from the low-voltage state 
(point A) to the high-voltage state (point 2) and back depends on 
the time it takes the stray capacitance C, to charge and discharge. 
As a rule, the current in the ZR load (i,) has no time to change 
during this interval, and the capacitive current, ic, is determined 
by the ordinates icc, and ig gy, lying in the plot of Fig. 12.26 
between the Jp or Ty levels and the diode characteristic. If we 
deem, in a first approximation, that the portions MN and NE 
are symmetrically linear, then the switching time from the low- 
voltage to the high-voltage state may be written 


ty & 2C, (V, — Vp)/Ip (4 — Iy/Tp) (12.1) 


For practical circuits with a finite load resistance and driven by 
signals having a finite rise time, the switching time is longer in 
comparison with what is given by Eq. (12.1), but it depends on the 
diode parameters in about the same manner. 

In the pulse circuits to be discussed later, the switching time is 
negligible in comparison with the duration of the transients related 
to changes in the energy stored by the reactances, above all the coils. 
Also, the speed of cascaded pulse circuits using tunnel diodes is 
often affected by buffer amplifier stages and is substantially lower 
than that of the individual stages arranged as shown in Fig. 12.2a. 
Therefore, one of the problems facing the circuit designer is to uti- 
lize the inherent speed of tunne! diodes to advantage. 

Tunnel-diode multivibrators. The basic circuit of a tunnel-diode 
free-running multivibrator is shown in Fig. 12.3a. The divider 
R,/R, serves to position the Q-point on the negative slope of the 
diode characteristic (Fig. 12.36), subject to the conditions 


R<p (12.2a) 
Vos ESR SV 5 (12.2b) 


where R = R, "Re and Ry, > R. 
Also, the slope of the dynamic load line at switching must be 
substantially smaller than that of the negative portion of the tunnel- 


12.2 TUNNEL-DIODE PULSE CIRCUITS 317 


Fig. 12.3 


diode characteristic, which is equivalent to requiring that 
(L+L,)/R>C,09 (12.2c) 


where L, is the stray inductance associated with the diode leads. 

To make the waveform of output pulses generated by a tunnel- 
diode multivibrator as rectangular as practicable, the inductance 
is chosen to be sufficiently large. Therefore the dynamic load line 
may be deemed horizontal at switching. The inequalities (12.2) 
define the conditions for operability of the circuit. 

When a tunnel-diode multivibrator is just turned on, the Q-point 
is positioned within the rising (“tunnelling”) portion of the diode 
characteristic, and the voltage across and the current in the coil 
and the corresponding diode current ip begin to rise exponentially. 
On reaching a maximum at point M (at time ¢,, Fig. 12.3c), the 
circuit switches in the forward direction. At switching, the coil 
current i remains practically unchanged, and the Q-point jumps 
abruptly to point B. During the interval from ?, to t,., the multivibrator 
remains in a temporary stable state and generates the second half- 
cycle of oscillation, during which the diode voltage and current 
decrease exponentially, and the Q-point moves down the “diffusion” 
part of the characteristic. The circuit switches in the reverse direc- 
tion at point N (the time ¢,), the Q-point jumps abruptly to point A, 
and within the interval between points A and J¥% the circuit generates 
the first half-cycle of oscillation from which we began our discus- 
sion. Until the circuit switches in the forward direction, the current 
rises as follows: 


i = (Ip — 1) (1 — exp [—(t — t)/to:l) + Ti (12.3) 
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where T, = L/(R + rp), 4; is’ the initial value of current equal 

to i (tp) =Jy and J is the final value of current equal to E/(R +r p, 1)- 
On substituting i (¢;) = Jp, we obtain 

EKR+rp,)—1v 

EMR Etp. 3) Tp 2h) 

Until the circuit switches in the reverse direction, the change in 

the current may be written 


i= , + Is) exp {[— (é _ ty)/Too) _ tT; (12.5) 


U% = To. In 


where 
To2 = L/(R +1p, 2) 
=i) = Tp 
Tp=(— E+ €2)/(R +1 p, 2) 


ry, and rp.» are the averaged resistances, and é, is the cutoff 
voltage on the second portion of the curve. 
On substituting i (t.) = ly, we get 


Ip+ (os ~ EWR + rp, 2) 
Ty -+ (@92—£) (A +rp, 2) (12.6) 


Obviously, 7 = 1, -+ tz. It follows from Eqs. (12.4) and (12.6) 
that the stability of 7 depends on that of the diode parameters and 
supply voltage. To enhance it, it is desirable to make £& as close 
to 92 as practicable. The maximum speed (frequency response) 
of such circuits is limited by the possibility to satisfy the condi- 
tion defined by Eq. (12.2) and usually ranges between 10 and 
20 MHz. 

The circuits of triggered tunnel-diode multivibrators are similar 
to that of Fig. 12.3a with the only difference that the values of 
R and F are chosen such that the static load line intersects the rising 
(“tunnelling” or “diffusion”) portion of the characteristic. Because 
of this, the initial stable state gives way to a temporary state under 
the action of a trigger pulse. The duration of the temporary state 
is determined, as in the case of a free-running multivibrator, by 
the decrease or rise of current in the inductance to the limiting 
values Jy or Jp. After the circuit switches in the reverse direction, 
the current in a triggered multivibrator is brought back to its initial 
(static) value. To minimize the recovery time (which usually exceeds 
the duration of the temporary state), it is usual to include one more 
pulse or backward diode (the so-called nonlinear bias circuit) [4]. 

Tunnel-diode flip-flops. The simplest tunnel-diode flip-flop does 
not differ from the basic multivibrator circuit shown in Fig. 12.3a. 
However, the values of R,, R,, and E are chosen sufficiently large 
for the load line to cross both rising portions of the diode character- 
istic. 


VT. == To. In 


12.3 AVALANCHE-TRANSISTOR RELAXATION OSCILLATORS 319 


A tunnel-diode flip-flop can operate 
in any of two modes: current-switching 
and voltage-switching. In the cur- 
rent-switching mode corresponding to 
relatively small values of R = R, || R, 
and E = E,, the change of tunnel-diode 
current at switchover is a maximum 
and close to the difference Jp — Ty, 
whereas the change of voltage is rela- 
tively small and close to Vy — Vp. 
This mode of operation is usually 
employed in the case of symmetrical 
triggering where the initial control 
signals are unipolar. For reliable ope- 
ration of such a flip-flop, the initial 
current value is maintained at switchover by including an in- 
ductance. In the voltage-switching mode which is characterized by 
high values of R and E = £,. the change of output voltage is a 
maximum, being close to ’, — Vp, whereas the change of current 
is small. In such flip-flops, no inductance is ordinarily included. 

Because the pulses applied to one terminal of a flip-flop must 
be bipolar, symmetrical triggering calls for the use of suitable cir- 
cuits to derive such pulses from the original unipolar pulses. In 
the flip-flop shown in Fig. 12.4, switchover is brought about by 
unipolar pulses. When the circuit changes state in the forward direc- 
tion, the backward diode, BD, is held at cutoff by the high level 
of output voltage, and the positive trigger pulse goes to the anode 
of the tunnel diode via a low-value resistor Age, When the circuit 
changes state in the backward direction, the backward diode is con- 
ducting and passes the trigger pulse to the cathode of the tunnel 
diode. 

The frequency response of tunnel-diode scaling circuits is several 
hundred megahertz and more. 


Fig. 12.4 


12.3. AVALANCHE-TRANSISTOR RELAXATION OSCILLATORS 


Basically, avalanche transistors do not differ from the conventional 
bipolar ones. What difference they have in terms of design and man- 
ufacture is related to the requirement for better stability and reli- 
ability under shock ionization when the collector voltage is rather 
high. 

When an avalanche transistor is connected in a common-emitter 
circuit (Fig. 12.5a), the avalanche-breakdown region of the collector 
junction usually lies within the limits Vg<ucg< V),, where 


V, is the critical value of vce at B = oo, and V5, is the avalanche 
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Fig. 12.5 


breakdown voltage at which the shock ionization ratio, M, is in- 
finity. Within this region (Fig. 12.5), the volt-ampere characteristic 
for negative base currents, /3 <0, is S-shaped and has a portion 
with a negative dynamic resistance, rg = —p, where the collector 
voltage varies between the limits Vg > Vcz > — Von. The turn- 
on voltage, Von, analogous to the firing voltage of thyratrons*, 
is given [14] by 


Von © Vu / 1+ Ipolls (12.7) 
where Jp ~ —Ep/Rzp, and n is the exponent whose value depends 
on the semiconductor material used, type of junction, and the carriers 
that bring about the avalanche breakdown. For obrupt germanium 
junctions, n ~ 3 if the breakdown is produced by holes, and n ~ 6 
if the breakdown is caused by electrons. For obrupt silicon junctions, 
the respective figures are 3.5 and 2 [30]. 

Among the advantages offered by avalanche-transistor relaxation 
oscillators are simple circuit configuration, short rise time of the 
output pulses (not over 0.1 ns), large-amplitude current pulses (up 
to several amperes) and voltages (as high as 100 V and more), high 
triggering sensitivity (a few tens of millivolts), a short delay time 
(0.4 ns and less), good isolation between the input and output cir- 
cuits, and satisfactory temperature stability. Among the prin- 
cipal disadvantages are a high residual voltage in the ON state 
(8-10 V and more), and a relatively low pulse repetition frequency 
(not over tens of megahertz) because of the relatively low average 
power dissipation of the collector junction [30]. 

Because of the factors listed above, the best avalanche-transistor 
relaxation oscillators are multivibrators generating strong nanosec- 
ond pulses with a low pulse duty factor, which resemble fairly close- 
ly high-power transformerless blocking oscillators. 


* Some authors call it “firing voltage” for avalanche transistors as well.— 
Translator’s note. 
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Fig. 12.6 


The basic circuit of a simple avalanche-transistor relaxation oscil- 
lator is shown in Fig. 12.6a. Output pulses in opposite polarity 
are usually taken off the load resistors R,. Similarly to tunnel 
diodes with an N-shaped volt-ampere characteristic, the choice 
of the value for Rc and —Eg decides whether the relaxation oscil- 
lator in Fig. 12.6a will operate as a free-running or a one-shot multi- 
vibrator (cases 7 and 2 in Fig. 12.6b), as a flip-flop (case 3), or 
as a Schmitt trigger (case 4). It is an easy matter to show that the 
relations between Rc and p required for the operation in any one 
of these modes are reverse of those for tunnel-diode circuits because 
of the S-shaped static characteristic. More specifically, Rc >p 
for avalanche-transistor multivibrators, and Rc <p for a flip-flop. 

The operation of an avalanche-transistor relaxation oscillator 
can be explained in the following manner. As is seen from Fig. 12.6c, 
the time-controlling phase of the preceding oscillation cycle term- 
inates at t < t,, when the transistor is at cutoff and the potential 
at its collector goes down because the time-controlling capacitor 


21—01590 
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is being charged. At t = fo, the collector voltage vc rises to Von 
and brings about shock ionization, which is equivalent to closing 
the positive feedback circuit in a blocking oscillator. The result 
is that during the interval t) — ¢, the circuit generates the leading 
edge of the output voltage v, proportional to the discharge current 
of the capacitor, which is rising during this interval. At %,, the 
Q-point moves into the upper (positive-resistance) portion of the 
volt-ampere characteristic of the avalanche transistor (practically, 
the resistance may be taken zero at Vg). 

At the end of shock ionization (time ¢,), the output pulse begins 
to fall due to the action of the current produced by the removal of 
the excess minority carriers stored in the emitter junction forward- 
biased during the previous interval. This process is analogous to 
the removal of excess minority carriers from the emitter when the 
switch is turned off by a heavy current (see Chap. 3). At time fg, 
all of the excess minority-carrier charge is removed, and this term- 
inates both the discharge of the capacitor and the fall of the output 
pulse. The duration of the interval ¢, — t, depends on the excess 
minority-carrier charge stored in turn determined by the charge on 
the capacitor C which diminishes over the interval t) — ¢, and is 
governed, among other things, by the value of C. Thus, the amplitude 
and duration of the output pulse in the circuit of Fig. 12.6 depend 
on the value of C, as is the voltage —Vco to which the time-control- 
ling capacitor discharges. 

During the interval ¢, — ft,, the capacitor charges and the time- 
controlling phase of an oscillation cycle is shaped, from which we 
began our discussion. The duration of this phase can readily be 
found, assuming Toy, c-9o >> Rc and MIco9 Ro < Ec: 


a Vo.m 
ty— tp =Thime In (1+ SF —) (12.8) 
where Vo. m = Von — Veo, and Tttime = CRe. 

As already noted, it is usual that t<t, — ty, so Eq. (12.8) 
may be taken as defining the period of oscillation, 7. When the relax- 
ation oscillator of Fig. 12.6a operates as a one-shot multivibrator, 
the initial state is stable, because if the load resistor is made suf- 
ficiently large, the load line in Fig. 12.60 intersects the lower posi- 
tive-resistance portion of the volt-ampere characteristic. The circuit 
is started by applying a negative trigger pulse to the base. The trigger 
pulse reduces the base current in absolute value and this leads to 
a decrease in Von. 

The delay between the instant when the leading edge of a trigger 
pulse is applied to the base and the instant when the circuit is actual- 
ly triggered is caused by the minority-carrier charge stored at the 
emitter junction. Thisturn-on delay does not usually exceed a frac- 
tion of a nanosecond or several nanoseconds [30]. The remaining 
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phases (rise, fall and recovery times) are the same as in a free-run- 
ning multivibrator. 

The principal limitation of the simple multivibrators examined 
above is the instability of pulse repetition frequency and pulse 
duration. This limitation can be avoided by using crystal-controlled 
frequency stabilizers [30]. 


12.4. THYRISTOR RELAXATION OSCILLATORS 


Thyristors, or four-layer p-n-structures, are the semiconductor 
analogues of gas-filled tubes (thyratrons and gas-filled rectifier 
diodes). The volt-ampere characteristics of a controlled-base thy- 
ristor (trinistor) are shown in Fig. 12.7a, whereas Fig. 12.7b and ¢ 
show, on an enlarged scale, the initial portions of these character- 
istics for the positive and negative base currents, respectively. 
It is assumed that Jpg > 0 is the current entering an n-type base 
(in a pnpn-device) and leaving a p-type base (in an npnp-device). 
For a dinistor (a structure having no base lead), Jp = 0. 


Yo 


Fig. 12.7 
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As is seen from Fig. 12.7a, thyristors have an S-shaped volt-am- 
pere characteristic, and the dynamic resistance within the interval 
2 between the turn-on and turn-off points, ON and OFF, is negative, 
a2 = —p, where e = [du-/dic|at ig = constant. The average 
values of p range from 5-10 to 50-100 kQ [14]. As in an avalanche 
transistor, this negative-resistance portion is produced by the shock 
ionization of carriers at the middle (collector) junction of the device. 
Within portion 7, the collector current ig is very small (units or 
tens of microamperes) for low-power devices, whereas the resistance 
is high (units or tens of megohms), so the device may be deemed to 
be in the OFF state. 

Portion 3 is analogous to the volt-ampere characteristic of a con- 
ventional crystal diode: the device is in the ON state with a residual 
voltage of 0.5 to 2 V and a current of a few tenths of an ampere to 
several hundred amperes, solely limited by the maximum rated 
power dissipation. Power silicon thyristors (or silicon controlled 
rectifiers, SCRs) have operating currents of 1-2 kA and are used 
as contactors or current switches, in inverters, and rectified power 
supplies. 

A thyristor turns on when the collector voltage is Von (the point 
of inflection between portions 7 and 2). At Jp <0, this voltage 
ranges from 25-50 V to 2-3 kV depending on the type of device used. 
As the positive base current (the triggering current) is increased, 
this voltage may fall to zero very nearly. 

When a thyristor is turned off, the collector current fallsto Jopp 
ranging (at J/g >0) from tens of microamperes to tens of milliamperes, 
depending on the type of device [3]. At Jpg =>0, as usually hap- 
pens in practice, for a thyristor to turn off it will suffice to reduce the 
operating current to ic <Jorp by bringing down the collector 
voltage or raising the load resistance. Another way to turn off the 
device, as follows from the characteristics in Fig. 12.7c, is to reverse 
the polarity of the base current, J, <0. In existing thyristors, 
however, the “extinguishing” current is comparable with Jopfr; 
the ratio Jorp/Ip ex, being anywhere from 10:1 to 5:1 or 
even less [14]. 

The basic parameters of thyristors are the turn-on time, Ton, 
and the turn-off time, torr. The turn-on time is the sum of the 
delay time required to build up the excess minority-carrier charge 
in the collector junction and the time required for the barrier capac- 
itance, Cy, to discharge. The turn-off time is the sum of the storage 
time required for the removal of minority-carrier charge and the 
time required for Cy to charge. The total turn-off time is usually 
by an order of magnitude longer than the turn-on time. For present- 
day low-power high-speed thyristors, ton is tens of nanoseconds, 
and torr is hundreds of nanoseconds [14]. 
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Fig. 12.8 


Thyristor flip-flops. The circuit of a simple RS flip-flop built 
around a single trinistor is shown in Fig. 12.8a. The values of 
Ec and R are chosen such that 

Ec < Von, (Ec — Vorr)/R > Torr (12.9) 


Equation (12.9) locates three points of intersection between the load 
line and three regions of the thyristor’s characteristic, that is, defines 
the conditions for the triggered operation of the circuit. If these 
conditions are satisfied, injection of positive and negative trigger 
pulses with an amplitude matching the characteristics of the device 
will cause the flip-flop to change state in the forward and backward 
direction, with a change of voltage equal to Vy, =~ Ec — Vopr. 
As already noted, such a flip-flop is substantially less sensitive to 
negative turn-off pulses than it is to positive pulses. Therefore, the 
latter may be fed into the emitter circuit, as shown by a dashed line 
in Fig. 12.8a. 

A two-stage RS flip-flop (Fig. 12.8b)ismore sensitive to trigger 
pulses and, also, is capable of delivering a noninverted and an invert- 
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ed output signal. To cause a change of state in the backward direc- 
tion, each stage is coupled to the next by a capacitor C placed be- 
tween the collector load resistors R. Suppose that at t < ty (Fig. 12.8c), 
T1 is OFF and T2 is ON (the first stable state of the flip-flop). 
Now the capacitor C is charged to ve = Eg — Vresia, where Vresta 
is the residual voltage across T2, close to Vorg. When a trigger 
pulse is applied at t), transistor 71 turns ON, and the negative 
change of collector voltage, —V,, determined by the initial recharg- 
ing current of capacitor C, is transferred to the collector of 72 which 
turns OFF in a time torr largerly controlled, as already noted, 
by the removal of excess minority-carrier charge from the collector 
junction. After capacitor C has recharged to ve = —Ec + Vresia, 
the flip-flop finds itself in its second stable state (71 is ON and 
T2 is OFF). The trigger pulse e, arriving at time ¢, initiates a similar 
chain of events which cause the flip-flop to go back to its first stable 
state. The minimum value of the coupling capacitor, Cmjn, should 
be chosen such that the time interval At (Fig. 12.8c) during which Eq. 
a negative potential is maintained at the collector of the OFF trans- 
istor is longer than its turn-off time Topp: 


torr < At ~ 0.7CR (12.10a) 
In practice, it is always that V) < FE. From Eq. (12.10a), we get 
Cin © 1-4tore/R (42.40b) 


Equations (12.9) and (12.10) define the conditions for the oper- 
ability of the flip-flop. Theresolving time, Tmin, of such a flip-flop 
depends on the recharging time of the capacitor: 


Tain = 3CR to 4CR (12.11a) 
For C = C mins 
Tin 4 4torr to 6 TOFF (12.411b) 


As a rule, Fmay = 1/Tmin is tens or hundreds of kilohertz [30]. 

The circuit of Fig. 12.8b can be re-arranged into a T flip-flop by 
adding any one of the RC-networks for steered symmetrical trigger- 
ing examined in Chap. 6. 


REVIEW QUESTIONS AND PROBLEMS 


12.14. Draw the basic circuit for a tunnel diode, using its volt- 
ampere characteristic; list the stable states and illustrate their 
use in pulse circuits. 

12.2. Draw the basic circuit of a tunnel-diode multivibrator; 
plot its signal waveform; formulate the conditions for correct opera- 
tion; determine the period of oscillation; explain what triggered 
operation is like. 
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12.3. Draw the circuit of a single-stage tunnel-diode flip-flop. 
Explain operation of the flip-flop in two modes. 

12.4. Draw the circuit of an avalanche-transistor multivibrator; 
explain its operation; plot the signal waveform, and determine 
the period of oscillation for free-running operation. 

12.5. Draw the circuit of a single-stage trinistor flip-flop; explain 
its operation. 

12.6. Draw the circuit of a two-stage trinistor RS flip-flop; 
explain its operation; plot its signal waveform, and determine the 
resolving time. 


13 FUNCTIONAL PULSE 
AND DIGITAL CIRCUITS 


13.1. GENERAL 


At present, the design of complex electronic circuits (systems) 
widely utilizes the “building-block” principle. It is based on the 
fact that information processing can be broken down into a sequence 
of arelatively small number of standard operations (microoperations). 
The execution of each microoperation can be assigned to a particular 
functional or operational circuit or unit. Some examples of standard 
microoperations are data selection, reception, storage and retrieval, 
comparison of values, arithmetical operations, pulse counting, and 
data conversion for subsequent display. 

The various functional circuits or units are usually arranged in 
an hierarchical system in which the circuits at a lower level (the sim- 
pler units) may be part of a higher-level circuit or unit. 

It is usual to call “digital” a functional circuit or unit which uti- 
lizes binary variables forinput, intermediate results, and output. 

A functional circuit or unit is called “pulse”, if, in addition to 
binary variables, it utilizes, say, the amplitude ofa pulse or the instan- 
taneous value of a varying voltage to convey information. 


13.2. REGISTERS 


As already noted, an elementary unit of information in digital 
systems is a binary variable, or a bit. To handle numbers, characters, 
etc., one has to use bits arranged into what are called words—ordered 
strings of bits. In a word, the bits take up places or positions which 
are numbered by integers from 1 to n, where n is equal to the total 
number of bits in a word and defines the word length. 

It is customary to use the capital letters A, B, X, etc. to designate 
words, and the low-case letters a;, b;, z;, etc. to designate the res- 
pective bits (or thestages of the circuit), where the i’s are the ordinal 
numbers of the places (or stages). 

Words are held (stored), while information is being processed, 
in registers. Each bit of a word is written into a separate register 
stage which is basically a flip-flop. The stages of a register are num- 
bered in the same order as the bits in a word. 

From registers, words are usually transferred to combinational 
logic circuits where logical operations are performed on them. The 
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outcomes of these operations, in the form of one or several words,. 
are written into output registers. If a register is built from internal- 
delay flip-flops, the result of an operation can be transferred back 
into = registers storing the operands (the words being operated 
upon). 

Registers may be parallel, serial, or serial-parallel, according 
as words are written in. In a parallel register, all the bits of a word 
are written into all the register stages concurrently. In a serial regis- 
ter, each word is written one bit at a time, starting with that in 
the most or least significant position. As their name implies, serial- 
parallel registers are adapted to both modes of operation. They 
serve as a basis for the conversion of serial to parallel information 
and back. 


Parallel Registers 


A parallel register is an ordered set of flip-flops having common 
control and sync signals and individual data inputs to accept all 
the bits of the word being written in at the same time. In the general 
case, each stage of a parallel register has as many data inputs as. 
there are information sources connected to it. 

Data read-in and read-out in parallel registers usually occur at 
different times. Therefore, the register stages may be simple flip- 
flops. 

Depending on the number of lines feeding data into the register 
stages, there are true-input and true-and-complement-input parallel 
registers. In a true-input parallel register, each bit ofan input word 
is written in over a single-wire circuit which carries the signal rep- 
resenting the true value of the bit. A true-and-complement-input pa- 
rallel register has a two-wire circuit to carry two signals, one repres-- 
enting the true value of each bit and the other, its complement. 

A further subdivison of parallel registers is into asynchronous 
and synchronous. In a synchronous parallel register, control signals 
are gated (“sampled” or “strobed”) by clock pulses. In this way, 
the register is rendered less immune to false pulses accompanying 
the valid control signals. It should be noted, though, that within 
an asynchronous parallel register the control signals act in effect 
as clock pulses, as they control the order in which the flip-flops are 
switched in its bit stages. 

Consider several typical circuits of parallel register stages. 

Clear/enable true-input parallel register. The register has data 
inputs A,, Ay, ..., Am and control inputs R’, V,, Ve, ..-, Var 
In writing a word A, into the register, one applies a reset (clear) 
pulse to input R’, and an enable pulse to enable input V,. The 
first pulse clears (resets to zero) the register, and the second causes. 
the word A, to be written into the register. 
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Figure 13.1 shows a logic diagram 
of a NAND gate register stage. The 
stage uses a flip-flop which has an 
increased number of complementing 
set inputs, S, and there is a propor- 
tionally increased number of input 
NAND gates. 

In a synchronous parallel register, 
the enable signals V,, V.,..., 
V;, are gated (sampled) by aclock pulse 
applied simultaneously to all the 
input NAND gates (see Fig. 13.1). 


Fig. 13.1 Enable true-input parallel register. 

The register has anumber M of data 

inputs A,, A,, ..., Ay, and a number M™ of enable inputs V,, 
V., ..-, Vay. A word A), is written into the register in response to 


a signal applied to input V,. 

The circuit of such a register stage based on D-type latch flip- 
flops is shown in Fig. 13.2a. To have a larger number of D inputs 
a distributed (or wired) AND connection is used. This is an econom- 
ical configuration because its enable-pulse inverters are common to 
the entire register. The enable signal is a binary 0 applied to input 


Fig. 13.2 
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Fig. 13.3 


V, or V,. Enable signals are gated by clock pulses, using input 
NAND gates (Fig. 13.20). 

Figure 13.3 shows the circuit of a NAND gate register stage. The 
register is similar in structure to a D flip-flop with set-reset inputs. 
In order to obtain a larger number of D inputs tied together, an 
increased number of R and S inputs is provided on the flip-flop 
circuit along with an increased number of pairs of input NAND 
gates. 

The manner in which the stage of a D flip-flop register is clocked 
is shown by dashed lines in Fig. 13.3. 

True/complement-input register. Each stage ofsuch a register is 
a clocked RS flip-flop which can be made with NAND or AND-NOR 
gates. For simplicity, Fig. 13.4 shows only one register stage. A larger 
number of inputs can be had by providing an increased number of 
gate pairs at the flip-flop input (in about the same way as this is 
done in the D flip-flop examined earlier). Clock signals (not shown 
intthe diagram) can be applied by using a clock input C made com- 
mon to all the AND gates (the distributed or wired AND connection). 


Serial Registers 


Serial registers provide facilities to shift a word one place to the 
right or left, or both. Quite aptly, they are called shift (or shifting) 
registers. The microoperation of a right shift moves every bit so 
that it takes up the next higher significant position; taking the kth 
bit as an example, a right shift will move it to the (& + 1)st posi- 
tion. Similarly, a left shift moves every bit so that it takes up the 
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next lower significant position; taking the Ath bit as an example 
again, a left shift will leave it in the (k — 1)st position. 

As already noted, a shift register can move the bit string stored 
to only the left or right, or both. Consider a shift register as a sequen- 
tial circuit and define its transition functions for the various form 
of shifting. 

The internal state of the register is specified by the sum of the 
states of its stages, Q,, Qo, .--, Qn, which give in fact the value 
of the word stored in the register. 

Unidirectional shift register. It has two data (D) inputs, two cont- 
rol (V) inputs, and one output, Y. The transition and output func- 
tions of the register as a sequential circuit are defined by switching 
functions as follows: 

—for a right-shift register 


Qn (t+ 1) =VQn-s (t) + VQ,(t) K=41, 2,...,0 (13.1) 
Qo =D 
Y= Qn 
—for a left-shift register 


Qy (+1) =V Quo (t) + VQ; (t) k=1, a oe eg 
Qrni1=D (13.2) 
Y=Q 


It follows from the above relations that a shift is performed when 
V = 1. The bit position vacated by the shift is taken up by an input 
variable D, and the bit shifted out of the register appears at its 
output which is the outermost cell towards which the shifting is 
done. When V = 0, the word stored in the register remains unchanged. 

Bidirectional shift register. This type of register has two data 
inputs, Dp and D,, and two data outputs, Vz and V,. A bidirec- 
tional shift register may have two symmetrical control inputs 
V, and Vz or one control input V and one sign input Sgn, depending 
on the form of control signals used. 

The former type of bidirectional register operates as a right-shift 
register when V; =O and as a left-shift register when Vp = 
Application of both Vp and V;, control signals at the same time is 
forbidden. That is, 

VaV_ = 0 (13.3a) 


The transition function of this register has the form 
Qn (t+ 1) =VinOn-s (t) + Vint (t) + VV nQr (t) 
k=1, 2,...,7 (13.3b) 
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Fig. 13.6 Fig. 13.7 


The latter type of bidirectional register operates as a right-shift 
register when Sgn = 0 and as a left-shift register when Sgn = 1. 
Its transition function can be written 


Qp (t-+ 1) =V (Sgn Ops (t) + Sgn Ons (t)) +VQp (t) K=1,2,...,2 
(13.4) 


The inputs and outputs of bidirectional registers are written 
Qo=Drz, Ve=Q,, Qnir=Dz, Vi=Q 


A serial register may be built synchronous or asynchronous. 
For a synchronous serial register, the time unit, ¢, is the spacing be- 
tween two successive clock pulses. A synchronous serial register may 
have one, two, three and more clock inputs. Most often, use is made 
of synchronous serial registers with one clock input (Fig. 13.5) and 
two clock inputs (Fig. 13.6). 

An asynchronous serial register (Fig. 13.7) is a sequential circuit 
in which each operation is performed at discrete instants of time, 
following a change in the signal at the control (V) input. In Eqs. 
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Fig. 13.8 


(43.1) through (13.4), the control variables V, Vp and V, take on 
a value of unity when the respective control input accepts the posi- 
tive- or negative-going edge of the signal. 

Serial registers in cascade. Registers are connected in cascade 
to increase their storage capacity. Figure 13.8a shows two unidirec- 
tional shift registers in cascade. If register RG1 can store 7, bits, 
and register RG2, n, bits, the cascade will be able to store n, + n, 
bits of data. A cascade connection of bidirectional registers is shown 
in Fig. 13.80. 

A serial register with an arbitrary number of stages may be treated 
as a cascade of one-bit registers. 

One-bit register. This is a sequential circuit with two internal 
states, Q = 1 and Q = 0. Its transition functions can be derived 
from Eqs. (43.4) through (13.4) on setting k = 1. 

For a right- or left-shift register, 


QeE+1)=VHDH+VORW (13.5a) 
For a bidirectional shift register with two control inputs, 


Q (t+ 1)=VeDet+V Di +V iV nQ (t) (13.5b) 
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Fig. 13.9 


For a bidirectional shift register with a sign input, 
Q(t +1) = (Dp Sgn+ D; Sgn) V + VQ (t) (13.5¢) 


From Eq. (13.5a) it is seen that a D flip-flop may well be used 
as a Stage in a unidirectional register. Also, clocked RS and JK 
flip-flops operated as a true/complement D flip-flop can be used, 
where the S or J input accepts the true D value, whereas the R or K 
input, its complement. 

In the former case, the stage of a bidirectional shift register is 
a D flip-flop with two groups of inputs. Figure 13.9 shows the stage 
of aclear/enable bidirectional shift register. The circuit is ineffect a 
master-slave flip-flop (see Chap. 6). The master flip-flop is a pri- 
mitive D flip-flop with a single clock input and true/complement. 
data inputs, for which theset-reset functions may be written 


s= DV ~C,+ DpaV ely 
nS DiV iC, ot DgV C4 


As is seen, at clock time C1, the master flip-flop goes to the state 
Qy, = D, if V, = 1, and to the state Q,, = Dp if Vp = 1. When 
ViVp = 0, the set and reset functions are both zero, and the state 
of the flip-flop remains unchanged. 

The slave flip-flop is a simple RS flip-flop with a single clock 
input. When the clock signal equals 1, the slave flip-flop sets to the 
state Qs = Qa,. 

Using the connections shown by dashed lines, one can build 


a register stage from single-phase D flip-flops. 
In order to obtain a similar stage for a unidirectional shift register, 
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it will suffice to remove one pair of input NAND gates (Z and 2 
or 3 and 4) in the circuit of Fig. 13.9. 

As regards circuit configuration, enable-only synchronous serial 
registers are close to asynchronous serial registers. As will be 
shown shortly, an asynchronous circuit can be converted 
into a synchronous circuit by replacing the control pulse V at the 
input of the asynchronous register with a logic product VC. In other 
‘words, the task of the clock signal is to strobe (“sample”) the control 
signal V. 

The transition function for an asynchronous one-bit register can 
be derived from Eq. (413.5), with VdV replacing V. 

For a unidirectional shift register, 


Q(t+1)=DVdV-+QVdaV, dQ@=(D@Q)VaV  (13.6a) 
For a bidirectional shift register with two symmetrical control 
inputs, 
Q (¢+1)= DLV, dV, + DrVp dVp+ QVR dVpV, dV, 
dQ=(Q @ D,) Vi dV,+(Q @ Da) Vp dV Rp 
For a bidirectional shift register with a control input and a sign 
input, 


(13.6b) 


Q (t+ 1) =(D, Sgn + Dp Sgn) V dV = QV av 


dQ = [(D, Sgn + Dp Sgn) @ Q| V dV 

The above relations apply when the stage changes state in response 
to a negative control signal V; so the V input is a complementing 
dynamic input. It is possible to configure a stage with a true dyn- 
amic V input. Then the variable V in Eqs. (13.6) must be replaced 
by V. 

A likely arrangement of a stage for an asynchronous unidirectional 
shift register and its logic symbol are shown in Fig. 13.40. It 
is essentially a D flip-flop with a true/complement data (D) input. 
Initially, V = 1, the input gates 7 and 2 are enabled, and the RS 
flip-flop 5 is set to a state Q’ = D. The value of Q’ is transferred 


Vo 


(13.6c) 


(a) (b) 
Fig. 13.10 
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to the output ARS flip-flop, 6, as V goes from 1 to 0. Thus, the V 
input in this arrangement is a complementing dynamic input. 

A multibit register formed by a cascade of the above type of asyn- 
chronous devices will operate properly if the V signal goes to all 
of its stages at the same time. This might be done by taking the V 
signal from a common logic gate. However, the fan-out of existing 
logic gates is relatively low, and the resultant multibit register could 
only have a limited number of stages. It would seem that the situa- 
tion could be rectified by including a power stage to drive the inputs 
of all the stages in a multibit register. Unfortunately, the signal- 
steering circuits would then carry substantial currents which might 
give rise to strong inductive pickup. 

In practice, control signals are steered to the register stages by 
means of a multitier tree structure of logic gates (usually inverters) 
(Fig. 13.11). If the fan-out of one logic gate is N, then the 
number of gates in the next tier will be N times that in the pre- 
vious tier. So, an n-tier circuit can be loaded into N” logic gates 
or 0.5 N” register stages. The instants when the control signals V’ 
are changed at the input of the multitier tree structure are delayed 
from the initial change in the variable V by the time required for 
the signal to propagate down the chain of logic gates. Even in circuits 
built of identical logic gates, the discrepancy in switching time may 
be considerable (by a factor of 4 to 7 or more). Because of this, the 
control signals do not act on their respective register stages simulta- 
neously. For the circuit configuration in Fig. 13.10, this might lead 
to ambiguous performance of the register usually known as the race 
condition. 

For better insight into the race problem, consider the operation 
of two adjacent register stages, the ith and the (i + 1)st, assuming 
that the control signal applied to the input of the (i + 1)st stage 
changes later than the control signal applied to the ith stage 
(Fig. 13.12). Suppose also that initially the ith stage awaits a signal 


to ¢ ; ty 
vi 7 
Vv’ 
v’ 
P4 
e vi 
Fig. 13.11 Fig. 13.12 
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Fig. 13.13 


that will drive it to the 1 state, Qj; = 1, and the (i + 1)st stage 
awaits a signal that will drive it to the 0 state, Qj4, = Q; = 0. 
At time to, the negative-going edge of V; causes the ith stage to 
cliange state. Because the negative-going edge of the Vj4, signal 
is delayed from to, the (i + 1)st stage will remain in the previous 
state. During this time delay, ty, Qj4, might change again, so that 
in response to the V;+, signal, the (i + 1)st stage might go to a 1, 
rather than a 0 state, which is a malfunction. 

There are different ways to avoid the race problem. One is to 
employ a lockout circuit (see Sec. 6.6) that will forbid another change 
of state by the Q;+, stage during the delay. Figure 13.13a shows 
the circuit of a register stage which, like that in Fig. 13.10, has two 
memory cells and a circuit that forbids data entry into the second 
cell. Operation of the stage can be modelled by a cascade connection 
of two flip-flops one of which has a true dynamic V input, and the 
other, a complementing dynamic input (see Fig. 13.13a). 

A disadvantage of the above configuration is that it uses a larger 
count of elements than the circuit in Fig. 13.40. This can be avoided 
by combining functionally the output flip-flop with the input gates 
of the next stage. This principle is embodied in the multibit register 
shown in Fig. 13.14. The first stage has a true input to simplify 
its interfacing with other digital circuits. The remaining stages 
use true/complement inputs. Each stage contains four NAND logic 
gates. 

Consider the transfer of a signal from the kth stage to the (k + 1)st 
stage of this register. Assume that initially the control signals are 
Vi = Vr+, = 0. Gates 3 and 4 are disabled, and the state of the 
stages is determined by that of flip-flops 5 and 6. To make our dis- 
cussion more specific, let the Ath stage be in the 1 state. Q, = 1, 
and the (k — 1)st stage in the 0 state, Q,_, = 0. Because gates 7 
and 8 are enabled, input flip-flops 7 and 2 of the (k + 1)st stage are 
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Output 
Ist stage kth stage flip-flop 
| nn _—_ 


Fig. 13.14 


in the 1 state, Qii, = Q, = 1, and, similarly, QO; = Q,-, = 0. 
Consider the transients occurring as V goes from 0 to 1. Two cases 
may arise. 

1. The positive edge of the V; signal leads that of the V;,4, signal. 
Because gates 7 and & are disabled, the change of state in flip-flops 
do and 6 cannot be transferred to the input flip-flops, 7 and 2, of 
the next stage. Therefore, the input cell of the (k + 1)st stage re- 
mains inthe1 state, Q@,4, = 4. In fact, this cell serves to “memorize” 
the state of the Ath stage for the duration of the time delay in the 
positive edge of the V,4, signal. With arrival of the positive edge, 
the 1 state of the input flip-flops is transferred to flip-flops 5 and 6 
and, at the same time, produces a signal that disables gates 7 and 4. 

2. The positive edge of the V;, signal lags behind that of the Vi4, 
signal. Now, the 1 state of flip-flops J and 2 in the (k + 1)st stage 
is transferred to flip-flops 5 and 6 before gates 7 and & in the kth 
stage are disabled. The lockout signal generated in the (&k + 1)st 
stage confirms the 0 signal from the output of gate 7. After V;, goes 
to 1, both outputs of the kth stage are set to 1, and the 0 state of 
flip-flops 7 and 2 is written into flip-flops 5 and 6. 

Now we shall examine the events that take place when the control 
signal changes in the reverse direction. As before, two cases are 
likely to happen. 

1. The negative edge of the V; signal leads that of the V;,, signal. 
As gates 7 and 8 are enabled, this causes a 0 signal to be applied 
to the input gate 2 of the (4 + 1)st stage, thereby switching it to 
the 1 state. The signal will not propagate any farther in the (k + 1)st 
stage owing to the lockout action of gates / and 4. After the Va4, 
signal changes from 1 to 0, gates 3 and # are disabled, gate 7 is enabled 
and flip-flops 7 and 2 are set to a 0 state, Over = Q, = 0. 

2. The negative edge of the V4, signal lags behind that of the 
V;, signal. As gates 3 and 4 in the (&k + 1)st stage are disabled, and 
flip-flops 5 and 6 are set to the 1 state, Q,4; = 1 


22* 
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In this way, the state of the kth stage is correctly transferred to 
the (k + 1)st stage despite any discrepancy in switching time bet- 
ween the V; and V4, signals. 

A distinction of the above arrangement is that at V = 1, an 
indeterminate 1 state appears at both the true and complementing 
outputs. To remove this indeterminacy in the output, recourse is 
had to an additional RS flip-flop with complementing inputs, made 
with two NAND gates. 

A bidirectional shift register with a sign input can be built in 
a similar manner. In this case, the stage must include an additional 
pair of gates 7’ and 8’ to interface the output of the (&k + 1)st stage 
with the input of the kth stage. When Sgn = 0, gates 7 and & are 
disabled, whereas at Sgn = 1, gates 7’ and S&’ are disabled. 

Let us dwell in brief on the structure of a synchronous enable-only 
shift register. For simplicity, we shall limit ourselves to a unidirec- 
tional shift. Assuming that the discrete (sampling) times occur 
at the negative edge of the clock signal, the transition function 
of the asynchronous D flip-flop modelling the operation of a register 
stage may be written 


dQ =(D @ Q) VC dC (43.7) 


In practice, registers are configured, assuming that the control 
signal V changes between two successive clock pulses, that is, CdV 
=0 and dCdV = 0. Then the following equalities hold 


d (CV) = (C @ aC) (V @ AV) @CV=VAC 
(CV) d (CV) = CV-V dC = VC AC 


Hence, the transition function, Eq. (13.7), may be replaced by an 
equivalence function 


aQ =(D @ Q)CV d(CV) (13.8) 


-As follows from Eq. 13.8, a synchronous enable-only register can 
be implemented as an asynchronous register controlled by the 
logic product of the clock pulse C and the control signal V. 
In this arrangement, the control signal is gated (“sampled”) by a syn- 
-chronizing pulse. Several ways of injecting the clock signal are 
shown in Figs. 13.40, 13.13, and 13.14 by dashed lines. 


Parallel-Serial Registers 


These registers combine the properties of parallel and shift regis- 
ters. The core of a parallel-serial register is a shift register which is 
extended to include parallel read-in circuits. As an example, we 
shall examine the circuit in Fig. 13.15. It is built around a NAND 
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Fig. 13.15 


gate asynchronous bidirectional sign-input shift register. For parale 
lel read-in, the circuit is supplemented with input gates 9 and 10 
which form, between them, a steered single-phase D input. Also, 
it has set-reset inputs, S and R&, which are used to set all register 
stages to a0 or / state initially. Shifting is done in response to a pulse 
applied to the V, input, and parrallel writing in response to a pulse 
applied to the Vy, input. 


Dynamic Registers 


The registers we have examined so far are static registers. That 
is, the bits of the word stored remain in the same register stages 
throughout the storage time. Apart from static registers, digital cir- 
cuits and systems widely employ dynamic registers. 

The dynamic register in Fig. 13.16 is a loop or ring structure in 
which the stored word is continuously circulating. Quite aptly, 
this form of register is often called a recirculating register. It con- 
sists essentially of a unidirectional shift register and an input logic 
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Output 


Fig. 13.16 


circuit which serves to select the desired mode of operation —read-in 
of new information or regeneration of the information coming from 
the output—in response to an enable signal V. The shift register 
proper has no enable input, and the shift operation is performed con- 
tinuously at the repetition frequency of clock pulses. If the clock 
rate is sufficiently high, the storage medium in dynamic shift regist- 
ers may be LC networks. More frequently, however, they are based 
on MOS-transistors in which the storage capability is provided by 
internal capacitances (the gate-to-source capacitance Cgs and the 
parasitic capacitance between the electrodes and substrate). Among 
the advantages of dynamic MOS shift registers are simplicity, high 
speed, low power dissipation, and high manufacturability. 

Dynamic MOS shift registers usually use a multiphase clock, two- 
and four-phase types being most frequent. 

A typical stage of a two-phase MOS dynamic shift register can 
be obtained by cascading two MOS inverters (Fig. 13.17a). Here, 
T1 and 74 are inverters proper, 72 and T5constitute the load, whereas 
T3 and 76 act as bidirectional switches. Clock waveforms M, and 
@, (Fig. 13.176) are applied to the gates of the load and switch 
MOSFETs. 

When ®, = O, = 0, 72, 73, T5, and 76 are OFF, and the 
register draws no power from the supply. The parasitic capacitances 
C, and C, slowly discharge due to the action of reverse currents 
across the source-substrate pn-junctions of the OFF switch transis- 
tors. The maximum spacing between clock pulses ischosen such that 


Fig. 13.17 
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a drop in the voltage across the parasitic capacitances could not 
cause the inverters to change state. 

Applying a clock pulse ®, turns on 72 and 73. If 71 is held 
OFF by a high level on C,, C, will charge via 72 and 73 towards 
a low (negative) voltage level. If, on the other hand, 71 is ON, 
it will offer a low resistance, C, will discharge via 71 and 73 and 
pull up to a high (nearly zero) level. In this way the bit of data is 
transferred from C, to C, and the logic level deposited on C, in 
response to the first clock pulse ©, is the complement of the logic 
level on Cj. 

Applying a second clock pulse ®, causes the bit of information 
to be farther transferred from C, to C{ in a similar manner so that 
the level stored on C{ is the same as existed on C, before the applica- 
tion of the clock waveforms, but delayed by a clock period. As a re- 
sult, the string of bits stored is shifted one position. 

A limitation of a two-phase MOS dynamic shift register is that 
when the output of any of the two inverters goes high, its load and 
inverting transistors are conducting together. This constitutes 
a heavy drain on the power supply. Also, as in static registers, the 
transconductance of the inverter transistor must exceed that of the 
load transistor. As a consequence, they will take up a larger area 
on a chip. 

A better choice is a four-phase MOS dynamic shift register. One 
stage of such a register is shown in Fig. 13.18a. The bit of information 
stored on C, is transferred to C, in two steps (Fig. 13.18). First, 
the clock pulse D, turns on 73, and C, charges up to the supply volt- 
age, —F. Next, the clock pulse @, turns on 72 and, if 71 has been 
ON (C, has stored a low logic level), C, discharges to zero; otherwise, 
it remains at a low level. Transfer of a bit of information from C, 
to C} timed by clock pulses ®, and ®, proceeds in a similar manner. 

Transistors 72 and 73 (or T5 and 76) are never conducting to- 
gether. This resultsinasaving of power which is solely used up to 


Fig. 13.18 
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charge the capacitances. Also, the transistors used in the circuit 
may be all of the same type and rating, which fact simplifies the 
circuit design and reduces the area occupied on a chip. 


Charge-Transfer Devices (CTD] Shift Registers 


An extension of the ideas underlying MOS dynamic shift registers 
has led to the invention of novel types of MOS ICs which have come 
to be known as charge-transfer devices (CTDs). We shall dwell on 
two forms of CTDs, namely bucket-brigade devices (BBDs) and charge 
coupled devices (CCDs). 

BBDs (Fig. 13.19a). Physically this type of device is an IC struc- 
ture (Fig. 13.19b) consisting of p-regions produced by diffusion in 
the surface layer of an n-type substrate, and a system of metal electr- 
odes separated from the semiconductor material by an oxide layer. 
Two adjacent p-regions form a transistor, onc of the p-regions being 
common to two series-connected transistors. In one, it acts as the 
drain, and in the other, as the source. At the same time, this p-re- 
gion is one plate of a storage capacitor. The other capacitor plate is 
a metal electrode which also doubles as the transistor gate. As is 
seen, each element of the IC structure acts in several capacities. 
This leads to a high packing density which is a major advantage of 
these devices. 


%, @ 2 0 3 E 
re TL eS aa 
i} y CLL LLL LLL LLL Lah LL LL LL 
Ch CA i rE 8 3 
| H a Th 
' ! H 
! ! Cz) 


(b) 


—— T3 @, 
Le 
i- E 
2 {T, o t 


ral ‘ 
Cc, ae 


(c) 


Fig. 13.19 


13.2 REGISTERS 345 


The register is clocked by. three-phase waveforms ®,, ®,, and 
@,, shown in the diagram of Fig. 13.19c. Assuming that the driver 
input transistor Tg is OFF, application of the clock waveforms to 
the respective transistors (7,, T,,..., Tn, and 7) will turn them 
on one after another, and the storage capacitors C, through C, 
will charge up, whereas the source and drain voltages of the trans- 
istors will go down. The capacitors will cease charging when these 
voltages have become as low as —(Ea — Ves, tn), where Eo is 
the amplitude of the clock waveform and Vgs ;y is the threshold 
voltage of the transistors. No further fall in the voltages is possible, 
because the applied clock pulses leave the respective transistors 
just at the verge of turn-on. The resultant voltage is in fact the low 
logic level 


V" = —(E@ —Ves, tn) (13.9) 


Now suppose that, by the time when the clock pulse ®, is applied, 
the driver transistor is turned on by an input signal. Then the cur- 
rent flowing in 74 and 7, will charge C,, thereby incrementing the 
drain voltage of 7, by AV. This increment usually exceeds the dif- 
ference Eg — Ves tn. S0, when the clock pulse ceases, the drain- 
substrate p-n junction is rendered conducting, and C, drops toa nearly 
zero voltage representing the high logic level, VH ~ 0. Now, we 
may take it that the total increment in the voltage on C, is equal 
to Eo = Vas, tn 

The next clock pulse M, causes the charge on C, to be transferred 
to C,, so that the drain voltage of 7, goes back to Vl = —(Eo 
— Vestn) and the drain voltage of 7, is incremented by AV. 
In a similar manner, the charge is transferred from C, to C3, etc. 
Each time a clock pulse @, is applied, C, goes to the low logic level, 
VL, and, depending on the state of the driver transistor, C, may 
or may not receive an additional charge during the clock pulse 
@,; this charge will then be moved along the chain of capacitors 
C, through C,. The magnitude of the output signal appearing during 
@, is determined by the voltage on C,. The output voltage changes 
in two steps. During the first step, D, drives C, to a low logic level. 
During the second, ®, causes the signal to be transferred from C,_, 
to C,. Taking ®, as the time origin, the output signal may be written 


y (t + n/2) = z(t) 
whence it follows that the network in question is equivalent to an 
n/2-bit shift register. 

Let us trace in more detail the transfer of charge from C;_, to 
C;, in response to yg). An equivalent circuit for the charge trans- 
fer path is shown in Fig. 13.20. In the equivalent circuit transistor 
T; through which the charge is transferred is represented by a current 
generator ip. Initially (prior to application of a clock pulse), v; 
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Fig. 13.20 Fig. 13.24 


is equal to the low logic level, V', and v;_, differs from V™ by 
AV which determines the magnitude of the signal being transferred 
(Fig. 13.21). Applying a clock pulse turns on the transistor. At 
the same time, its drain voltage undergoes a step change which 
drives the transistor into the gently sloping region of its volt-ampere 
characteristics. The drain current is 


ip =v (Ves —Ves, th)? = (Via—V")?? (13.10) 


This current substains the transfer of the positive charge from C;_, 
to C; until v;_, falls to V4 when ip = 0. If C;_, and C; are equal, 
v;-, and v; will be incremented by the same absolute amount. There- 
fore, at the end of the clock pulse, v; becomes equal to V4 4+ AV. 
In other words, AV is transferred from C;_, to C;. 

The transient change in v;_; can be written 


c Bis = ig (13.14) 


where C is the capacitance of the storage capacitor. 
Solving Eqs. (13.10) and (43.141) simultaneously, subject to the 
initial condition v,_, (0) = V4, we obtain 


_ yh 1 -1 
vis (Q)=V"+ (Spe + w/c) (13.12) 

As follows from Eq. (13.12), in the course of charge transfer v;_, 
obeys a hyperbolic law and approaches V" asymptotically. For 
v;-, to be close to V™ at the instant when the pulse ceases (t = 7), 
it is essential to satisfy the condition 


vt/C > 1/(VH — VE) 


under which v;-,(t) is approximately equal to VU + C/vt. The 
term C/vt represents the dynamic losses suffered by the signal as 
it is transferred through the cell structure. 
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Fig. 13.22 


Charge-coupled devices. Imagine a MOS transistor with an extre- 
mely long channel and with many gate electrodes closely spaced 
between source and drain. Each gate electrode and the substrate 
(n-type silicon) form a MOS capacitor which can store charge. This 
charge is accumulated when a sufficiently high negative voltage 
is applied to an electrode, so that a potential energy well (a deple- 
tion region) is induced under it. If now this voltage is removed 
from the electrode in question and simultaneously applied to that 
next down the channel, the charge packet will move in the same 
direction to fill the potential well induced next. By repeating this 
process, charge is transferred from well to well, and hence this confi- 
guration is called a charge-coupled device*. Extremely high-density 
shift registers can be built with CCDs. 

Figure 13.22a shows a fragment of a two-phase p-channel CCD** 
along with the clock waveforms M, and Q, it uses in Fig. 13.220. 
The potential profile (variations in potential @ with distance <x) 
in the substrate at times to, ¢,, and ty, differing in the relative ampli- 
tudes of M, and @, is shown in Fig. 13.22c. The potential wells are 
formed under the gates lying closer to the substrate surface. Suppose 
that at time ¢, the potential well under electrode E2 is empty and 
that under £1 holds a charge packet of minority carriers (holes), 
Q (see Fig. 13.22c). Application of a negative clock pulse @, (at 


* Some authors call it a charge-transfer device (CTD).—Translator’s note. 
** The name “p-channel” is used because the charge packet consists of holes 
in the n-type substrate.—Translator’s note. 
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t = t,) deforms the potential profile so that the charge“overflows” 
from the well under £1 into the well under £2. At the same time, 
the potential well is vacated under £3 in readiness to receive the 
charge packet from the well under £2 when a second clock pulse 
@, is applied. This completes a shift by one position. 


13.3. COUNTERS 


A counter is a circuit which counts the number of inputs (input 
pulses) it receives. Counters are widely used in various fields of 
radio engineering, applied electronics, and computers. 

The performance of a counter is essentially stated in terms of its 
speed and count capacity (maximum count). The speed of a counter 
is a function of two parameters, namely the maximum counting rate 
f.(or the minimum counting period, T,=1/f,), and the transition 
time, T;, equal to the time interval between the arrival of the last 
count pulse and the display of the output count (word or 
code). 

The count capacity of a counter is related to its base or modulus, w. 
A modulo-p counter has a count capacity of w — 1. Accordingly, 
a counter may be treated as a sequential circuit with p internal 
states coded as a numeral N which can take on values 0, 1, 2, ... 
..., # — 1. In our further discussion, the code N will be identified 
with the internal state of a counter. The code WN is also the output 
count (word) of the counter. 

The initial state is N = 0. As a rule, counters have a facility 
to clear (reset) them to zero. This operation is initiated by a reset 
(clear) pulse applied to the A (reset) input, and the counter cycles 
back to its initial state (zero). 

Counters may beclassed as up-counters, down-counters, and up-down 
counters. In an up-counter a 1 input increments the count by one; 
in a down-counter this input decrements the count by one. As 
its name implies, an up-down counter will increment or decrement 
the count, depending on the command signal received. 

The above definitions are not rigorous enough to define the beha- 
viour of a counter in an overflow condition, when the counter has 
reached its maximum (or minimum) count, and normal counting 
up or down cannot be carried on any longer. We shall consider coun- 
ters with suitable outputs whose signals indicate when an overflow 
condition arises. Owing to these overflow outputs, as they are called, 
several counters can be cascaded so as to increase the overall count 
capacity. In rigorous terms, such counters can be specified, using 
the description of finite-state (sequential) machines. 

Up-counter. This is a sequential circuit with a single data (count) 
binary input, Typ, and a binary carry output, Pup. Itcanbe specifi- 
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ed by giving its transition function 


N (t) for Tp (t)=0 
N(t+4)=4 N(t)+1 for Typ(t)=1 and N(t)Ap—1 (13.13a) 
0 for Typ(t)=1 and N(t)=p—1 


and its output function 


p o={4 for Tip(t)=0 or N(t)Ap— 
up (i) = 4 for 7,,)(t)=1 and N(t)=p— 


From Eqs. (13.13) it follows that if at time ¢ the count is p — 1, 
normal counting cannot be carried on any longer. In this state, 
a 1 input generates a signal P,,, = 1 and resets (clears to zero) the 
counter (the counter cycles back to zero). The 1 at the Pup carry 
output is an indication of an overflow and is called an overflow one. 

Down-counter. This is a sequential circuit with a single data 
(count) input, Tapwn, and a binary carry output, Pgown. It can 
be specified by giving its transition and output functions 


N (t) for Paown (t)=0 
N(t+1)= | N(t)—1 for Taown(t)=1 and N(t)4O0 (13.14a) 
p—1 for Taown(t)=1 and 'N (t)=0 


1 
(13.13b) 


O for Taown(t)=0 or N(t)40 


fotor: Fee y=tand Noo. “ert 


Paown (t) = { 


If we compare the respective functions of an up-counter and adown- 
counter, it is seen that the only difference is that incrementing the 
count by one is replaced by decrementing the count by one. An over- 
flow occurs when the down-counter reaches its minimum count, 
N =0. 

Up-down counter. Also known as a forward-backward or reversible 
counter, it can be made to count up or down (in the forward or the 
reverse direction), depending on the command signal used. Jt may 
have two count inputs or one count input and one sign input. 

In the former case, it will have an up-count input 7 yp, an up-count 
carry output Pyp, a down-count input 7yoy,,, and a down count 
carry output Pyoyn. It will count up when Tgoy, = 0, and down 
when Typ = 0. It is not usually permitted to apply a 1 signal to 
both count inputs at the same time. In the absence of inhibition, 
it is essential that the counter should not count when TupT gown 
= 1, that is, 


Pup = Paown = 0 and N (t+ 1) = N (2) (13.15) 
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(c) 


Fig. 13.23 


In the latter case, a counter has a count input 7, a carry output P, 
and a sign input Sgn which controls in which direction the counting 
should proceed. When Sgn = 0, it operates as an up-counter; when 
Sgn = 1, it operates as a down-counter. 

Any of the above counters can be made synchronous and asynchro- 
nous (or ripple-through). Synchronous counters use synchronous 
(clocked) flip-flops (Fig. 13.23). In addition to its data inputs, 
each counter also has a clock input C which accepts the train of clock 
pulses maintaining the desired discrete time intervals in the circuit. 

Asynchronous (ripple-through) counters are made with asyn- 
chronous flip-flops or with synchronous flip-flops but operated in the 
asynchronous mode when the sync input is used as a data input. 
The number and functions of the data inputs and outputs in an asyn- 
chronous counter are the same as in a synchronous counter. Extern- 
ally, the operation of an asynchronous counter differs from that 
of a similar synchronous one in that the 1 signal ordinarily existing 
at the inputs Tup, Taown and 7 and the outputs Pup, Paown and 
P is replaced by a dynamic signa] changing the values of the respec- 
tive binary variables from 0 to 1 or from 1 to 0. In the former case, 
the asynchronous counter may be said to have a true dynamic input, 
and in the latter, a complementing dynamic input. Figure 13.24 
shows symbols for several types of synchronous counters. The Sgn 
input of an up-down counter is designated as a static input, because 
by itself it cannot change the state of the counter (a control input). 

Counters in cascade. A cascade connection of counters is used 
in order to increase the count capacity in excess of what the indi- 
vidual counters can give. Toform a cascade, the carry output of one 


(a) 


Fig. 13.24 
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Fig. 13.25 


counter is taken to a similar count input of the another, say Pup 
to Tup or Paown to Taown, etc. AS an example, consider the opera- 
tion of the counter shown in Fig. 13.25. It is a cascade of a modulo-p, 
and a modulo-y, counter. Suppose that initially both counters are 
in the initial (zero) state. After the count input of the first counter 
has received p, units, an overflow condition arises. The carry signal 
reaching the input of the second counter is recognized as a count 
pulse. As a result, the first counter cycles back to 0, and the count 
N, on the second is incremented by one. This situation will occur 
again after the input of the first counter has received another py 
units. The total number of units fed to the counter input will be 


Ns =pN,4+N, (13.16) 


Both counters generate an overflow signal after they have received 
ty, units. Thus, two counters in cascade count a modulo which 
is the product of their respective moduli. A similar result canbe 
obtained, using a cascade of down-counter and up-downcounters. 
It can readily be extended to a cascade of an arbitrary number of 
counters. In a typical situation, all the counters in cascade have 


the same modulus, ty == Uy =... = Up = Ww. Then the total num- 
ber of units applied to the counter input is 
Ns=p"™ItN, +p"? 4+... + pony (13.17) 


which is a generalization of Eq. (13.16). 

Equation (13.17) shows that a cascade of counters with the same 
modulus may be treated as a counter whose output count is a code 
in a base » number system. 


Binary Counters 


A binary counter is a counter which counts in the binary number 
system: its modulus is an integer power of 2 and the output count 
is a binary number: 


N=2™1N, +2"2N 4 + eee 4. 2°N, (13.18) 
where Ni, No, ..-, Ny are binary variables. 
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From a comparison of Eqs. (13.18) and (13.17) it is seen that 
a binary counter can be built by connecting in cascade a number 
n of cells or stages each of which is a modulo-2 counter (u = 2). 
In our further discussion we shall call this elementary counter a_ bi- 
nary cell or, simply, a binary. 

A binary is a sequential circuit with two internal states and usually 
contains one flip-flop whose binary output variable Q gives the 
output count, that is, N = Q. In addition to a flip-flop, a binary 
may include logic circuits to produce steering and carry signals. 

The transition and output functions of a binary can readily he 
derived from the general equations (13.12) through (13.14) which, 
upon replacement of NV by Q, are written as switching functions: 

—for an up-count binary: 


Q (t+ 1) a Q (t) ® Tup (t), Pup (t) = Q (2) Pup (t) (13.19a) 
—for a down-count binary: 
Q(t+1)=Q (t) ® Paown (t) 
Paown (t) =Q (t) Taown (t) (13.19b) 
—for an up-down binary with two count inputs: 
Q (t+ 1) =Q (t) OlTaown (4) + Pup (4) 
Pup (t) =Q (t) Tup (t) Taown (t) (13.19¢) 
Paown (t) = Q (t)iT vp (t) Taown (C) 
—for an up-down binary with a sign input: 
Q (t+ 1)=Q (t) T(t) 
P (t) =[Q (¢) ® Sgn (é)} T (¢) 


From a comparison of Eqs. (13.19a) and (13.19b) it is seen that 
to change from up-counting to down-counting it will suffice to invert 
the variable in the equivalence defining the function of output 
carry. In this way, one can readily convert up-counters into down- 
counters by replacing the true output of the flip-flop in the carry 
circuit by a complementing one or, conversely, by making the com- 
plementing output a true one. 

Synchronous binaries and counters. This class of binaries is usual- 
ly made with synchronous T7' flip-flops. The structure of the binaries 
can be configured immediately from Eqs. (13.19). The circuit of 
an up-count binary is shown in Fig. 13.26a, and the transition func- 
tion (13.19) is implemented by applying the count pulse to the 7-in- 
put of the flip-flop. To generate the carry signal, the circuit is exten- 
ded to include an AND gate. The flip-flop may be a JK or a DV 
type. Figure 13.26) shows an up-count binary realized with a DV 


(13.194) 
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Fig. 13.26 


flip-flop. Similarly, the 7 flip-flop can be replaced by a universal 
flip-flop in all the circuits examined below. 

A down-count binary (Fig. 13.26c) differs from an up-count binary 
in that the variable Q at the input of the AND gate is replaced by 
its complement. 

Up-down binaries with two count inputs are shown in Fig. 13.27. 
The structure of the circuit in Fig. 13.27a is uniquely specified by 
Eqs. (13.19c). The circuit in Fig. 13.27b is derived on the assumption 
that it is not permitted to apply 1’s to the Tuy and Tg yp inputs 
at the same time. The terms TypTaowns TupFaown: ad Taown ® Tup 
replace, respectively, Tup, Taown, and Tup + Taown: In designing 
the circuit in Fig. 13.27b, the basic Boolean functions have been 
replaced by NAND functions (see Chap. 5). 

An up-down binary with a sign input, answering Eqs. (13.19d), 
is shown in Fig. 13.28. When Sgn = 0, it operates as the circuit 
in Fig. 13.16a; when Sgn = 1, it operates as the circuit in Fig. 13.26c. 

The mean counting rate of a synchronous counter is a maximum 
when a 1 signal is applied to the data input during each clock time. 
Then the speed of the counter is determined by the minimum clock 
pulse repetition period just sufficient for normal operation. Because 
all transients in the flip-flops and the associated gates must comple- 
tely dic out by the instant when the next pulse arrives, the minimum 


Fig. 13.27 
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time between pulses is T¢, mn 
‘=Ty + Tzg, where tp is the pro- 
pagation delay of one flip-flop and 
the tsg is the propagation delay 
through all the associated gates. 

The value of tzg depends on 
the counter structure. For binary 
counters examined so far, which 
Fig. 13.28 are binaries in cascade, the speed 

Pas of operation is limited by the 
carry propagation delay. 

Let tp denote the carry propagation delay of a binary relative 
to the instant when a count pulse 7, is applied. Taking the latter 
instant as the origin of time, the count pulse will appear at the input 
of the second binary after a time delay equal to Tp, at the input of 
the third binary after a delay 2tp, etc. The time delay will bea max- 
imum equal to (x — 1) tp at the input to the last (n th) binary con- 
taining the most significant bit of the output word.This carry propa- 
gation delay determines the value of tyg. Hence, the minimum 
repetition period for synchronous counters made with several binaries 


in cascade is’ 


To, min=Ttr-+ (n— 1) tp (13.20) 


Equation (13.20) shows that with synchronous counters in cascade 
the maximum counting rate decreases. 

The time required for the output word to form (the transition time) 
in the synchronous counters examined above is the same as the clock 
pulse repetition period and is not a decisive parameter. 

Asynchronous binaries and counters. In asynchronous form, the 
transition and output functions can be derived from Eqs. (13.19) 
on replacing the level-type variables Tup, Taown, T, Pup, Paown 
and P by their dynamic analogues, namely TupdTup, Taowndlaown 
TAT, PupdPup, PaowndPaown and PdP if the circuit is triggered 
by the negative edge of the signal, and TupdTup, TaowndTaowns 
TAT, PupdPup, PaowndPaown, and PdP, if the binary is triggered 
by the positive edge of the signal. 

For a positive-edge-triggered up-count binary, from Eq. (13.19a) 
we get 

Q(t+1)=Q(t) @ Tap dT ap (13.24a) 
Pup IPup = Q (t) Tup dT up (13.21b) 


The transition functions defined by Eq. (13.21b) are implemented 
by an asynchronous Tf flip-flop. In differential form, this function 
may be written 


dQ (t) =P yp (t) AT up (13.22) 
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Fig. 13.29 


On substituting Eq. (43.22) into (13.21a), the transition function 
may be written 


Pup dPup = Q (é) dQ (t) = Q (Z) dQ (t) (13.23) 
As is seen, the carry signal may be the positive step change in the 
signal existing at the complementing output of the 7 flip-flop, that 
is, Pup = Q. 

Three stages of an asynchronous (ripple) counter based on asyn- 
chronous positive-edge-triggered T flip-flops are shown in Fig. 13.29. 
Figures 13.29b and c show how the terminals of clocked JAK and D 
flip-flops should be connected so as to obtain the counting mode, 
using the C input as the data input. 

As already noted. an asynchronous up-count binary can readily 
be converted into a down-count binary, if we replace the complement- 
ing input on the flip-flop in the carry line by a true input. 

For negative-edge triggering. it is necessary either to place an 
inverter at the counter input or to use flip-flops having a complement- 


ing dynamic count input. On replacing Pyp by Pup in Eq. (13.23), 


we obtain ” 
Py dPup = Q (t) dQ (t) 


That is, the carry signal for a negative-edge-triggered up-count 
binary should be the true output of the flip-flop (Fig. 13.30). Con- 
versely, for a down-count binary, this should be the complementing 
output. 

In the asynchronous binaries and counters examined above, the 
carry propagation delay is related to the switching time of the flip- 
flops. In some cases, this delay can be minimized, using what might 
be called “ripple-carry” circuits where the variable P is generated 
as a switching function of the input signal and the state of the flip- 
flop. 

If we take negative-edge-triggered binaries, then for an up-count 
binary the switching function of the carry operation will be 


Pup = TupQ (13.24a) 
23* 
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Fig. 13.31 


and for a down-count binary, 
PT eg cO (13.24b) 


The circuit of a clocked JK flip-flop up-count binary and its 
timing diagrams are shown in Fig. 13.34a@ and 6, respectively. 

The “carry” switching functions for positive-edge-triggered bina- 
ries can be derived from Eq. (13.24) on replacing the variables Pup, 
Paowns Fup, and Taow, by their complements. Then, according 
to De Morgan’s theorems 


Pyp = Tup Fe Q, Pian i Taown + Q (13.25) 


Asynchronous up-down counters with two count inputs utilize 
ripple carry. Figure 13.32 shows a stage of a such a counter triggered 
by the negative edge of the input signal. It is not permitted toapply 
Tup = 0 and Taown = 0 at the same time. 

An asynchronous counter with a sign input can be built using 
the circuit in Fig. 13.33. It converts the signals Sgn and T into 
a pair of count signals. Typ) and T'g,y,. When it is connected to 
the input of a counter with two count inputs, it will supply pulses 
to the up-count input when Sgn = 0 and to the down-count input 
when Sgn = 1. 

Each binary may be treated as a PRF (PRR) divider. The maxi- 
mum counting rate of a complete counter is limited by the maximum 
switching rate of the flip-flop in the first binary containing the least 
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Fig. 13.32 Fig. 13.33 


significant bit of the output word. The stages storing the more sig- 
nificant bits may be circuits having a lower speed as compared with 
the stages storing the less significant bits. 

The transition time t; of asynchronous counters depends on the 
carry propagation delay of the chain of the binaries and on the final 
count. It is a maximum when the binary variables change in value 
all at the same time and in all the stages. In up-counting, this situa- 
tion arises when N = 0 and N = 2”-', and also in the case of an 
overflow. The maximum transition time is given by 


Tt, max = tr+(n—1) Tp 


where t y is the propagation delay of one flip-flop and Tp is the carry 
propagation delay of one binary. 

In counters without ripple carry, tp = ty, whereas in counters 
with ripple carry tp depends on the propagation delay through 
the logic gate and is usually smaller than Ty. 

The transition time is a minimum when the binary variable is 
changed in only one of the stages. In up-counting, this situation 
arises when N = 2™ + 41, where m = 0, 1, ..., n —1. The min- 
imum transition time depends on the speed of the flip-flop storing 
the least significant bit: T:, min = Tr- 

Parallel-carry binary counters. In contrast to ordinary synchro- 
nous counters (or asynchronous counters with ripple carry), these 
counters use a parallel rather than a cascade connection of the 
“carry” gates. 

For insight into the principle underlying the design of parallel 
(or look-ahead) carry binary counters, we shall examine up-counters 
analogous to those shown in Figs. 13.26a and Fig. 13.31a. In either 
case, the carry signal is generated by ANDing the input signal 
T up and the state of the flip-flop. This can be described in terms of 
a recursive equation 


T up, k = T up, n-1Qn-1 


where Tuy, , is the value of the binary variable at the data input 
of the Ath binary, and Q, is the state of the flip-flop used in the Ath 


358 CH. 13 FUNCTIONAL PULSE AND DIGITAL CIRCUITS 


Fig. 13.34 


binary. On expanding the above equation consecutively, we get 


Tup, n= Pap, n-1Qn-1 = Tup, n-2Qn-2On-1 
= .4e5 Lup, 194 eee Qr-4 (13.26) 


The design of a parallel-carry counter reduces to implementing 
the right-hand side of Eq. (13.26) separately for each stage of the 
counter. The synchronous and asynchronous binaries thus developed 
appear in Fig. 13.34a@ and b, respectively. 

‘The minimum pulse period for a synchronous parallel-carry counter 
(see Fig. 13.34a) is 


To, min = tr+ tg (13.27) 


where Tg is the propagation delay of the input AND gate. 
For an asynchronous parallel-carry counter (see Fig. 13.345) the 
transition time is 


Ty = Tp +e (13.28) 


From Egs. (43.27) and (13.28) it is seen that the speed of parallel- 
carry counters does not depend on the number of stages used. 

In some cases, the AND function can be implemented, using the 
internal logic gates of the flip-flop. In such a case, the speed of 
parallel-carry counters will solely depend on the propagation delay 
through the flip-flop proper. 

The need to have a larger number of inputs on binary cells for 
the more significant bits is a disadvantage of parallel-carry counters. 
Sometimes, a combination of parallel-carry counters in cascade 
may fill this need. 


13.4. COMBINATIONAL DIGITAL FUNCTIONAL 
SUBUNITS 


The basic digital microoperations performed by combinational 
logic networks are addition, comparison, and code conversion. 
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Adders 


An adder is a combinational logic circuit which sums two numbers. 
Digital systems mostly use binary adders because of their simplicity 
and economy of components. 

Two multibit numbers may be added serially (one column at 
a time) or in parallel (all columns simultaneously). Obviously 
serial addition can be done by one and the same one-bit adder used 
repeatedly. Parallel addition requires as many one-bit adders as 
there are the bits being summed, and is carried out within a single 
bit time. 

A one-bit adder may have three inputs: the addend a, the augend 
b, and the carry ¢ from the next lower bit, or the input carry 
(Fig. 13.35a); this is a full adder. Or it may have only two inputs: 
the addend a and the augend Jb, but no input for the carry from the 
next less significant bit (Fig. 13.355); this is a half adder. 

The addition of two or three one-bit numbers gives a two-bit 
number. The least significant; bit is the sum,S,and the most sig- 
nificant bit is the carry, C, to the next higher bit (of another adder). 
Accordingly, there are two outputs, S for the sum bit and C for 
the output carry. 

In Tables 13.1 and 13.2, the output binary variables S and C 
are defined as the switching functions of the input variables a and b 
(c). The respective switching (Boolean) expressions are: 


Table 13.14. Switching Functions of a Full Adder 


0 0 oOo O 90 4 0 0 oO 14 
0 oOo 14 0 4 4 0 4 4 =«0 
0 1 0 0 4 4 4 0 4 90 
0 4 4 +4 ~ 0 4e 54s SR ol wal 

a+ FAals 4 s 

b 

c Cc b Cc 


(a) (b) 
Fig. 13.35 Fig. 13.36 


360 CH. 18 FUNCTIONAL PULSE AND DIGITAL CIRCUITS 


Table 13.2. Switching Functions of a 
Half Adder 


a b Cc s 
0 0 0 0 
0 1 0 1 
4 0 0 J 
4 4 1 0 


—for a full adder 
S = abe + abe + abc + abc 
C = ab +ac + be (13.29) 
—for a half adder 
S = ab + ab, C = ab (13.30) 


The likely logic diagrams of a half-adder and a full adder are 
shown in Figs. 13.36 and 13.37. It is left as an exercise for the reader 
to verify the correspondence of these diagrams to Eq. (413.29) or 
Eq. (13.30) by writing a set of structural equations (see Sec. 5.1), 
substitution and identity transformations in Boolean algebra. In 
these diagrams, all inputs (a, 6b and c) and all outputs (S and C) 
are true. In some cases, adders may have inverting (complementing) 
inputs and/or outputs. This will usually simplify the adder circuit 
and enhance its speed. An example is the full adder arranged as 
shown in Fig. 13.370, with the output inverters omitted. The invert- 


Fig. 13.37 
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ed outputs S and C are gene- FA} s@ 
rated directly by AND-NOR 

gates (the dashed lines in ee 
Fig. 13.376). The graphic sym- 

bol for a full adder with inver- (a) 
ted outputs is shown in 

Fig. 13.38a. 


A distinction of the functions Fig. 13.38 


S (a, b, c) and C (a, b, c) im- 
plemented by a full adder is their self-duality*. This implies 
that the two functions are such that 


S (a, b, c) = S (a, b,c), Cla, b, c) =CQ, }, c) 


The self-duality of the switching functions of a full adder implies 
that the inversion of the binary variables at all of its inputs results 
in the inversion of the output variables, irrespective of their values. 
Therefore, an adder with inverted outputs (Fig. 13.382) may be 


* The function f* (%, ...; Zn) is a dual of the function f (2, ..., 2p), 
if f* (2, ..., tn) = f (a, .. +. Z,). A function is said to be self-dual, if it is 
identical with a function ‘which is its own dual. 


Vv; V3 


Fig. 13.39 
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Cl 


Fig. 13.40 


interpreted as being equivalent to an adder with inverting inputs 
such as shown in Fig. 13.380. 

Adders with inverting inputs (outputs) can conveniently be used 
in conjunction with symmetrical flip-flops which, in addition to the 
memory function, may also perform inversion. 

As typical examples of multibit adders, we shall discuss the cir- 
cuits shown in Figs. 13.39 and 13.40. 

Parallel adder circuit. This type of adder (Fig. 13.39) has an ad- 
dend register RGA, an augend register RGB, and a sum register 
RGS. The combinational part consists of n full adders with signal 
inversion. The carry line is formed by connecting the C output of 
the ith stage to the input of the (i + 1)st stage. Each odd adder is 
treated as a full adder with inverting outputs, and each even adder 
as a full adder with inverting inputs. Also, a true output is always 
taken to a true input, and an inverting output to an inverting input. 

Serial adder circuit. A serial adder (Fig. 13.40) differs from a pa- 
rallel adder in that two multibit numbers are added serially, that 
is, one column at a time, starting with the least significant bits. 
Accordingly, the addend and the augend are fed to a full adder se- 
rially. The carry signal C is generated during the previous bit time 
and delayed for one bit time by a D flip-flop. The result is written 
into a serial register. 


Digital Equality Detectors 


A digital (or binary) equality detector serves to check the equality 
of two binary numbers. Two n-bit numbers X and Y are equal, if 
a bit in a particular position of one number is equal to the bit of 
the same significance in the second number, that is, if the equality 
a;b; + a;b; = 1 holds for all the i bits. Accordingly, the switching 
function Y implemented by a digital equality detector may be writ- 
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Fig. 13.44 


ten 
Y= i (a,b; + a4)y) 


Figure 13.41a shows a logic block diagram of a digital equality 
detector made with NAND gates; its logic symbol appears in 
Fig. 13.41b. The likely modifications of an equality detector stage 
based on AND-NOR gates are shown in Fig. 13.41¢ and d. Since 
the bits of the numbers being compared are handled all at the same 
time, the total delay of the circuit only slightly depends on the 


number of bits, and ranges from 3tq to 5tq 


Decoders/Demultiplexers 


A decoder (demultiplexer) is a functional subunit with n inputs 
which excites one and only one output for each of the likely comb- 
inations of input signals (input codes). If a decoder uses all the likely 
binary combinations, the number W of outputs is W = 2". This 
will be called a complete decoder in contrast to a partial decoder 
which uses only some of the likely input combinations. We shall 
only be concerned with complete decoders. 

A need for a decoder (demultiplexer) arises when a binary signal 
(serial data) is to be routed into one of W lines, the desired line being 
designated by an n-bit code (address). If we arrange the inputs and 
outputs of a decoder in increasing order of bit significance, so that 
the input code 2x,, t, t%4, ..., Z_n-1 causes the excitation of an 
output whose number is w = x, + 2%, + 4x, +... + 2™ 'xgn-1, 
then W ranged expressions can be written for the outputs of a com- 
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plete decoder. Let, for example, n = 3, and W = 8. Then, 


Yo SLX Xl, 
Vy = 2qlqhy 
Y, = LyLoX, 


Yq = 242_0y 

Linear decoder. When the above switching functions are imple- 
mented with AND gates, the result is a linear decoder (demultiple- 
xer), the simplest of all as regards structure. 

Consider some aspects of how such decoders can be made with 
NAND gates. 

When a decoder is built with NAND gates, its outputs are not 
the functions Y;, but their complements. In other words, only one 
selected output is in a 0 state, whereas all the remaining (unselected) 
outputs are in a 1 state. Because of this, the outputs on the; logic 
symbol of such a decoder must be denoted by inversion symbols 
(Fig. 13.42). In order to implement true outputs, the decoder must 
be supplemented by an inverter array (which is implied in Fig.13.42a). 
The inverted output of the decoder matches well the set and reset 
inputs of NAND gate flip-flops (Fig. 13.42b). Now the RS flip-flop 
is set to a 1 state when the zero output of the decoder is excited. 
When the output of a decoder is coupled to clocked D flip-flops, it 
is likewise advisable to use an inverted signal because the inversion 
can be performed by the flip-flop itself. 

The expressions describing the input-output behaviour of a decoder 
involve not only the input variables but also their complements. 
Accordingly, the inputs of the NAND gates must be driven by both 
the true and the complement values of the input variables. To satisfy 
this, either true/complement connections must be used from 
the decoder to the register or the signals must be inverted inside 
the decoder by an inverter. In a linear decoder, each input is loaded 


NOna WN = O80 


(a) 
Fig. 13.42 
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Fig. 13.43 Fig. 13.44 


by W/2 NAND gates. Since the register may be loaded into several 
functional subunits, it is advisable to provide at the decoder input 
several distributors (inverters, Fig. 13.43) which permit a sizeable 
decrease in the load that the decoder puts on the register flip-flops. 

A demultiplexer is in effect a multi-output combinational network, 
and as in any such network the signals propagate from input to out- 
put with a different time delay. Quite logically, this is fraught 
with the race problem. The race condition can be avoided by “sam- 
pling” (or gating) the otuput signal, which can be done by clocked 
flip-flops. A more economical approach is to combine decoding and 
gating in the same NAND gates. For this purpose each NAND 
gate must have one input more than the length n of the code to be 
handled, and a gating (strobe) signal c must be applied to this addi- 
tional input as shown in the circuit of Fig. 13.43. Since the gating 
signal is fed to a large number of logic gates, it is usual to provide 
at the demultiplexer input one more distributor-inverter which 
inverts this input (Fig. 13.420). 

High-order demultiplexers. Figure 13.44 shows a group of five 
demultiplexers arranged in two-section “tree” formation. All the de- 
multiplexers are identical and have structure analogous to that shown 
in Fig. 13.43. The first section, or trunk four-output demultiplexer, 
DMA, accepts the more significant bits of the input number, z, and 
z,. DM4 determines which four out of the likely 16 combinations 
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Fig. 13.45 


contain the desired output. The trunk enables the corresponding 
branch, or demultiplexer in the second section, by feeding a 0 signal 
to the c input, because all the other outputs of DM4 generate a 1 sig- 
nal; the remaining “branch” demultiplexers remain disabled. The 
less significant bits of the input code go directly to the branches 
where only one demultiplexer is operating, so that out of the 16 out- 
put lines only one corresponding to the input code is excited. For 
example, if the code applied to inputs zg, 2,, Z2, and zr, is 10114, 
only output 2 will be excited in DM4, so that only D//2 will be 
enabled, and the otherdemultiplexers in the second section (“branch- 
es”) will remain disabled. The least significant bits of the input 
code, x, = 1 and xz, = 1, decoded in DM2, will excite its output 3. 
As a result, output 44 will be selected, which corresponds to the 
input code. 

Thus, high-order demultiplexers with a large number of outputs can 
be built using low-order demultiplexers as building blocks. Low- 
order demultiplexers are usually manufactured as standard ICs 
or plug-ins. 

Because the most essential components of a high-order demultiple- 
xer are concentrated in its last section, it will be advantageous to 
make its elements as simple as practicable. An ideal case would 
be if each output signal were generated by a two-input gate. This 
would however lead to an increased number of gates in the preceding 
section. By far the best solution is offered by rectangular demultiple- 
xers. 

Rectangular demultiplexer (Fig. 13.45a). This network is made 
up of two demultiplexers, DM1 and DM2, in the first section and 
one matrix demultiplexer, DM3 in the second (Fig. 13.456). The 
high- and the low-order bits are decoded independently by DM1 
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and DM2, respectively. Asa result, the output of the matrix demulti- 
plexer produces a signal generated by a NAND gate at the intersec- 
tion of the excited input lines. If. for example, a 0 signal be applied 
to inputs y, and z,, the output signal will appear on output 6. 
The second section of a rectangular demultiplexer contains a num- 
ber W of two-input NAND gates. With a given W, the size of DM1 
and DA2 will depend on how the combination of input variables 
is partitioned. Let DM1 have W, outputs and DM2, W outputs. 
Then W,W, = W. and W, + W, indicates how many gates are 
required for the first section. For a given product, the sum of the 
terms is a minimum when these terms are equal.So the input varia- 
bles should preferably be partitioned into two equal groups. 
If n is even, then W, = W, = VW. This dependence indicates 
that the share of first-section components in the total equipment 
count will decrease with increasing W’, so with high values of W 
the bulk of components wil! be concentrated in the second section. 


13.5. ANALOG COMPARATORS 


An analog comparator (or detector) is a switching network convert- 
ing the sign of the difference between two analog variables z, and z, 
into a binary output variable y. In fact, an analog comparator acts 
as an analog-to-digital converter. 

Assuming that y is represented as a potential (voltage) level, 
the transfer characteristic of an ideal analog comparator may be 
depicted as shown in Fig. 13.46¢. It implies that when 2, > 2», 
the comparator output goes high which corresponds to y = 1. When 
XZ, <{ Z», the output goes low, which corresponds to y = 0. The logic 
levels VEZ and V! must be matched to the logic gates used in the 
digital portion of the comparator. 

Real switching circuits will have transfer characteristics 
(Fig. 13.466) similar to those of an ideal analog comparator only 
if the difference signal, x = x, — Zq. is sufficiently large in absolute 
value. At low values of | z |, the value of the signal at the output 
of an analog comparator cannot be predicted with certainty because 
of many factors. such as drift, fluctuation noise, variations in supply 


Vy 


Uncertainty region 
(a) (b) 


Fig. 13.46 
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Fig. 13.47 Fig. 13.48 


voltages, and hysteresis. The width of the uncertainty region is 
closely related to a major characteristic of analog comparators— 
sensitivity defined as the minimum value of the input signal just 
sufficient for the output variable to go from 4 to O or back reliably. 
Within the uncertainty region, the behaviour of an analog compa- 
rator will differ from type to type. 

Analog comparators may be classed into asynchronous and syn- 
chronous, according as their output variable y varies with a change 
in the input variables. 

Asynchronous analog comparators. An ideal asynchronous com- 
parator generatesat its output a step change of voltage just as the 
difference signal zx (t) passes through zero. Such a configuration is 
referred to as a zero-crossing detector. If the difference signal is 
positive-going, a positive step change, ydy, is formed. If the dif- 
ference signal is negative-going, a negative step change, ydy, is 
produced (Fig. 13.47). 

Real asynchronous comparators are often intended to respond 
to a change in the difference signal in one direction only—either 
positive-going or negative-going. In the general case, they generate 
an output signal at a time other than when z (¢) = 0, the difference 
between the two instants being t (Fig. 13.48). The accuracy of an 
analog comparator is stated in terms 
of the error referred to its input, 
also called the comparison error 
defined as the value of the differen- 
ce signal z= Xq at the instant 
when the output step change is for- 
med. 

Synchronous analog comparators. 
These networks differ from the 
asynchronous type in that the 
Fig. 13.49 output variable changes its value 
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only in response to a clock pulse and is in no way related to the instant 
when the difference signal changes its sign (Fig. 13.49). If we refer- 
ence the discrete (sampling) time intervals to the leading edge 
of the clock pulse C, the transfer function of an ideal synchronous 
analog comparator may be written 


4 for x, (t) >, (t) 
yttH={ 4 for z(t) <2, (t) 


As already noted, real analog comparators differ from ideal ones 
in that they havean uncertainty region. The operation of a synchron- 
ous analog comparator (both within and outside its uncertainty 
region) can rigorously be described, if we treat the appearance of 
a1 ora O at its output as two mutually complementing or exclusive 
random events. 

The systematic comparison error X, of a synchronous analog com- 
parator is defined as the static value of the difference signal such 
that a O and a 1 have an equal probability of appearing at the output. 

The random component of the comparator error, AXo, is defined 
as the minimum absolute deviation of the difference signal from X, 
such that the comparator will operate reliably with a specified con- 
fidence level at time t* and an arbitrary y ({* — 4). Then the points 
X, + AX, and Xo — AXy may be regarded as the upper and lower 
boundaries of the uncertainty region on the static characteristic of 
the comparator. 

In contrast to asynchronous analog comparators, no restraint is 
put on the rate of change in the difference signal between clock pulses 
in synchronous comparators. Therefore, quantitatively the dynamic 
error of a synchronous comparator can he found bv analyzing its re- 
sponse to a standard stepchange in the difference signal, X,, (for 
voltage comparators, X, is usually taken equal to 100 mV). The 
position of the step change (Fig. 13.50a) depends on the time by 
which it leads the clock pulse, and the overexcitation AX equal] 


Operating 
region 


t AXo AX 
(a) (b) 


Fig. 13.50 
1g 24—01590 
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to the amount by which the input signal exceeds the threshold 


signal X,. In the general case, whether the response of a comparator 
is true or false depends on the relation between t and AX. For any 
AX > AXo, there is a finite value Tmin (Fig. 13.506) such that the 
comparator will operate with the specified confidence level. 

The dynamic error, AX ay, may be defined as the amount by 
which the overexcitation exceeds the random crror AX, at a given 
Tmin» Lhe dynamic error tends to zero as t tends to infinity, so the 
required overexcitation is completely determined by the random com- 
ponent of the comparator error. 

The two analog quantities being compared may be different 
physically. Accordingly, there may be amplitude, phase, and fre- 
quency comparators. Amplitude comparators compare the instant- 
aneous values of voltages (or currents), whereas phase and frequency 
comparators compare the characteristics of quasi-periodic pulse 
signals, 


Amplitude Analog Comparators 


An amplitude analog comparator (Fig. 13.51a) is a difference de- 
tector. DD, anda threshold circuit, TC, connected in cascade. The 
difference detector generates an output voltage, vg, which is pro- 
portional to the difference between the quantities being compared: 

vq = K (21 — 2.) (13.31) 


where K is the gain of the difference detector. 
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The threshold circuit converts the 
analog signal vg into a binary va- 
riable. The type of threshold circuit 
used determines the functional capabi- 
lities of the entire comparator. The 
threshold circuit may be treated as a 
zero-crossing detector (the reference 
is set to zero), for which the syste- 
matic, dynamic and random errors 
are precisely known. For the thresh- 
old circuit, the error of primary 
importance is the systematic compari- 
son error in the threshold, critical or 
triggering voltage. In our further 
discussion, the threshold voltage will Fig. 13.52 
be designated V,y, and the input cur- 
rent associated with the threshold voltage will be denoted J y. 

Consider the principles underlying the circuit realizations of an 
amplitude comparator. 

Difference detector. In voltage comparators (Fig. 13.51b), as in 
current comparators (Fig. 13.51¢ and d), the function of the dif- 
ference detector, in accord with Eq. (13.31), is performed by a dif- 
ferential opamp with gain Ay. In current comparators, the difference 
signal is converted into a voltage across the nonlinear impedance 
Z of two parallel-connected diodes. Among the advantages offered 
by the circuit in Fig. 13.514¢ is low input resistance and freedom 
from the limiting action in the amplifier. The circuit shown in 
Fig. 13.54d has a better stability and has therefore a higher gain. 
The nonlinearity of Z limits the voltage amplitude and protects 
the amplifier against overloading. 

Most frequently, comparators are based on IC differential opamps 
built as physically and functionally self-contained packages. The 
circuit of a typical stage in such an opamp is shown in Fig. 13.52, 
Its operation is based on the assumption that al] the transistors have 
the same characteristics. This assumption is valid because the com- 
ponents are manufactured by IC technology. The circuit consists 
of a current switch using transistors 74 and 72 (see Sec. 5.5) and 
a current generator using transistors 73 and 74. Assuming in 
Eq. (5.52) that J=J,, M=1, v, — Ey =v, — vy = va, the transfer 
characteristic of the differential stage may he written 


a pect ce 
va = FE, 4+exp (—vg/m@pr) (13 32) 
Vc2g = Ey — at 


4-- exp (va/m@pr) 
24+ 


372 CH. 13 FUNCTIONAL PULSE AND DIGITAL CIRCUITS 


The gains K, and Ky are found as the derivatives dvc,/dvg and 
dic, dvg at point vg = 0. On differentiating Eq. (13.32), we get 


Ky = —I,aRc,/4mor 
Ky = TaRel4moy (13.33) 


{n practice, symmetrical stages are used, in which Rc, = Re, 
= Ro. Then —K, = +K, = /,aR-/4mpy. Hence, it is seen that 
the gain of the differential stage is a function of the maximum ampli- 
tude of the change in the output signal, equal to J;¢Rc. The value 
of [,¢Rc is limited by the requirement for the circuit to be able 
to handle a wide range of changes in the input voltages. Therefore, 
the stage gain does not usually exceed 100. If a higher gain is desired, 
recourse may be had to multistage amplifiers. If the next amplifier 
stage has a differential input, the output voltage will be vc, — vc. 
If so, the stage gain is doubled. 

In the simple amplifier stage examined above, the transistors 
can be made to operate in the active region by shifting the range 
of changes in output voltage into the positive region. In practice, 
one usually includes suitable feedback shifting elements so that 
a bipolar signal can be obtained at the opamp output (Fig. 13.53). 
At first glance, it would seem that a better choice would be to 
use a differential stage based on pnp-transistors (Fig. 13.53a), 
because it can both shift the output voltage and amplify the signal. 
However, IC silicon pnp-transistors have a low speed. 

In contrast, a higher speed is obtained with a shifting circuit con- 
taining a Zener diode, D (Fig. 13.536). It is employed when the out- 
put voltage is to be shifted by a fixed amount. High speed can alter- 
natively be obtained with a common-base transistor circuit 
(Fig. 13.53c), because the r.f. component of the signal has its path 


Fig. 13.53 
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via a compensating capacitor, Coomp. 

An advantage of this arrangement is ee 
that the amount of shift can be ad- “? 

justed at will by varying Hy or £,. 

Threshold circuit. It can be made Clear 
with flip-flops, multivibrators, blo- 
cking oscillators, or tunnel-diodes. Fig. 13.54 
The more recent trend stimulated by 
advances in digital IC technology has been to use flip-flops 
based on level-type logic gates. The triggering threshold of such 
a circuit is determined by the value of },, on the static transfer 
characteristic of the logic-gate network which carries the signal as 
far as the point of closure of the feedback loop. Variations in the 
triggering threshold of threshold circuits based on general-purpose 
logic gates may run into hundreds of millivolts. High accuracy of 
comparison can be achieved using either a high-gain difference detec- 
tor or automatic error compensation [25]. 

Asynchronous threshold circuits are made with asynchronous 
flip-flops. Most often, this is a circuit using RS flip-flops (Fig. 13.54). 
Initially, the flip-flop is reset by applying a “Clear” signal. The flip- 
flop changes to a 1 state in response to the leading edge of the signal 
from the opamp, which is formed just as the difference v, — v. 
crosses zero. This is a unidirectional circuit. A comparator capable 
of operating in both directions can be obtained by using two ampli- 
fiers, one supplying the signal to set the flip-flop to a 1 state, and 
the other a signal resetting the flip-flop to a 0 state. The RS flip- 
flop shown in Fig. 13.55a goes to a 1 state just as the positive-going 
voltage v (f) crosses the upper threshold level v, (Fig. 13.55), and 
to a O state just as the negative-going voltage v (t) crosses the lower 
threshold level v,. The combination SR = 1 is forbidden; its appear- 
ance at the input of the flip-flop is prevented by satisfying the condi- 
tion v, > v,. This circuit configuration may also be used when the 
input voltages v, and v3 change independently of each other. In 
this case, the conditions v, > v, and v, > v, must not appear simul- 
taneously. 

No restrictions are imposed on changes in the input signals for 
a comparator in which the threshold circuit is a JK flip-flop 
(Fig. 13.56a). The manner in which such a comparator will operate 
depends on which inputs accept v (t). Figure 13.56 shows the case 
where v (t) is applied to the inverting inputs of both opamps. With 
this arrangement, the flip-flop is switched to a 1 and a /) state by 
the positive-going edge of v (t) (Fig. 13.56). Because v (t) is a linear 
function, the pulse appearing at the comparator output has a dura- 
tion proportional to the difference v, — V,. 

As a rule, synchronous threshold circuits are made with clocked D 
flip-flops. The synchronous threshold circuit shown in Fig. 13.57a 
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is essentially a lockout D flip-flop. It would have an ideal threshold 
characteristic, if the logic gates forming its control section were 
identical in performance. The point is that, because there would 
be no uncertainty region, any input voltage would be recognized by 
the circuit as either a 1 or a 0. Therefore, after the application of 
a clock pulse enabling gates 3 and 4, one of them would go into 
a 0 state, and the associated low-level voltage would actuate the 
lockout feature. In practice, however, the component logic gates 
differ in their threshold levels, so it may well happen, at least in 
principle, that v, at the output of gate 7 may be recognized by gates 
8 and 4 asa logic 0 and by gates 2 and 4 as a logic 1. Then, the appli- 
cation of a clock pulse would leave gates 3 and 4 in the 1 state, the 
lockout feature will not operate, and the flip-flop cell will remain 
in the previous state. The maximum width of the uncertainty region, 
AV max(Pig.13.57b) is equal to the ratio of the uncertainty region width, 
Vin, max — Vin. min, to the gain of the input logic gate. Because of 
this, it is a fraction of the likely instability in the threshold level. 
If the associated difference detector has a high gain, the uncertainty 
region of the D flip-flop will have practically no effect on the per- 
formance of the comparator owing to the existence of noise voltages. 

In a latch D flip-flop, no uncertainty region can exist for basic 
reasons. 


Phase Comparator 


In a phase comparator, the input signal is the difference in phase 
between two pulse trains, z, and x,, shown in Fig. 13.58a. The phase 
is measured in terms of the time interval between the positive-going 
edges of the pulses.As is seen from Fig. 13.58a, if the phase differ- 
ence is positive (~, — ~, > 0) during the positive-going edge of 
ZX, (t), the variable z, is a logic 1; if the phase difference is negative 
(2 — 1 <0), it is a logic 0. Therefore, the function of a phase 
comparator can be performed by a clocked D flip-flop (Fig. 13.580). 


(a) t —2n _ 2n(T-t) 0 2ar 22 Go-% 
T al: 


Fig. 13.58 
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Periodicity in the transfer characteristic y (p. — ,) of a phase 
comparator (Fig. 13.58c) arises from the fact that the phase differ- 
ence can be determined accurate to the term 2mn (where n is any 
integer). The error in operation of a phase comparator has its source 
in the propagation delay through the logic gates of the flip-flop. 
Therefore, the resolution of a phase comparator is improved as the 
speed of the flip-flop it uses is increased. The systematic comparison 
error is the phase difference such that the flip-flop can go to a 0 
or a 4 state with an equal probability. 


Frequency Comparator 


The output of a frequency comparator is a binary signal y whose 
value is determined by the sign of the difference in frequency, /,;—/,, 
between two periodic pulse trains, z,; and z,. Basically, the compar- 
ison of frequencies f, and f, consists in detecting and analyzing the 
instants at which the leading edges of pulses in trains z, and Zz» 
occur (in the timing diagrams, these instants are numbered consec- 
utively). Like a phase comparator, a frequency comparator detects 
two equiprobable conditions (provided it is free from a systematic 
error), namely whether z, occurs ahead of x2, or vice versa. So, the 
joint occurrence of z, and z, is left out of consideration. 

If f; = fo, 2, and x, occur alternately with precision. If /; + fo, 
this regularity is violated. To make our discussion more definite, 
suppose that /, > f.. Let t, denote the time interval within which z, 
occurs by unity more frequently than z,. On writing 


fete — fit, = 1 
we find that 
Te = A/(f, — fi) (13.34) 


An arbitrary t, can contain only one pair of adjacent z,’s (they are 
marked ¢; and tg in Fig. 13.596) between which two z,’s can occur 


Fig. 13.59 
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(the respective occurrence times are ts and tz). Similarly, if f; < fo, 
the time interval t, ~ 1/(f; — f.) will contain only one pair of 
adjacent z,’s between which twoz,’s can occur. Such a departure from 
an alternating occurrence of z, and x, is repeated at a frequency 
fa=|lh—fal 

A frequency comparator is an asynchronous sequential network 
with two true dynamic inputs z, and rg. Its algorithm may be stated 
as follows. 

1. The output state remains unchanged, if the inputs accept a train 
of precisely alternating signals x, and 25. 

2. The output goes to a 1 state, if the input x, accepts a contiguous 
pair of signals not separated by an zy, signal. 

3. The output goes to a 0 state, if a contiguous pair of signals is 
applied to input 2. 

The circuit of a frequency comparator operating in the above 
sequence is shown in Fig. 13.59a, and its timing diagrams in 
Fig. 13.590. : 

If the trains of input pulses are interleaved regularly, every next 
pulse causes the asynchronous JK flip-flop to change state in such 
a way that when an 2, is applied the flip-flop is in the state Q, = 0, 
and when an z, is applied, it is in the state Q, = 1 always. 

Should two z, signals come contiguously, the J&A flip-flop will 
be in a 1 state by the time the second x, arrives. As a result, the 
second 2, signal will write a 1 into the upper D flip-flop, Q, = 1, 
and it will set the output RS flip-flop to a 4 state. 

Similarly, should two z, signals come contiguously, the JA flip- 
flop will be in a O state by the time the second zy arrives. Asa result, 
a 1 will be written into the lower D flip-flop, and the signal Q, = 1 
will switch the output flip-flop to a 0 state. 

Pulses occur at output Q, of the upper flip-flop when /, > f, 
and they do so at a frequency fg = f; — fs. Pulses occur at output 
Q, of the lower flip-flop when f, > /,, and they do so at a frequency 


fa=h—-h- oh 
The above comparator uses no clock pulses, so itis an asynchro- 


nous comparator. 

The output of a frequency comparator goes from 0 to 4 or back 
with a delay relative to the instant when the difference signal f, — fe 
changes sign. In accord with Eq. (13.34) the maximum delay is 
given by , ee 
Ta, max = 1/| fr— fa | 


The mean delay is a half of the maximum one. 

Consider the case where the difference signal varies linearly, 
f, — f, = At. The time interval t; which elapses since the differ- 
ence /,; — f2 changes sign and which contains a number of z, pulses 
by unity greater than the number of z, pulses can be found, using 


25—01590 
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the following equation 
‘ At dt =0.5At? = 4 


Hence, t, = V2A-!. The time interval ¢, defines the maximum 
delay with which the comparator changes state. The mean delay 
can be found in a similar way, using the equation 


0.5A13=0.5 
Hence, 


ta=V1/A 
The systematic error referred to the comparator input will be 
(fi— fe) = Ata =VA 


The systematic error decreases with decreasing rate of ene of 
the difference signal. 


13.6. PULSE TIME GATES 


The function of a pulse time gate is to reproduce an incoming 
signal at its output for the duration of a definite (gating) time inter- 
val. Outside the gating interval, there should be no output signal. 
The gating interval is determined by a control signal ordinary called 
a gating pulse, usually rectangular in shape. A particular form of 
the pulse time gate is the AND gate (see Sec. 6.6) which will block 
or pass a signal, depending on the control (enable or disable) signal 
applied. We shall discuss circuits intended to gate analog pulse 
signals. 

Pulse time gates may be classed into the series type (Fig. 13.60a), 
the parallel type (Fig. 13.600), the series-parallel type (Fig. 13.60c), 
and the current type (Fig. 13.60d), depending on how the switch 
is connected in the circuit. The first three are fully analogous in 
terms of merits and demerits to the series, parallel, and series-paral- 
lel amplitude limiters examined in Chap. 4. The main requirement 
that their switches are to meet is to satisfy the inequality ron<R 
<Trorr. In contrast, in the circuit of Fig. 13.60d the first of these 
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Fig. 13.60 
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Fig. 13.64 


inequalities has practically no effect on the accuracy of the pulse 
time gate. 

Pulse time gates may use transistor and diode switches. Consider 
three basic types of the bridge diode switch (Fig. 13.61) employed 
in series pulse time gates. 

The switch is controlled by a pair of complementary signals, 
e, and —e,. For the switch to be closed, it is required that e, > é, 
in which case all the diodes in the bridge will be conducting. For 
the correct operation of the circuit it is further required that the 
amplitude of the signal e (¢) be such that 


| é Imax < leg | +& 


A limitation of the two-diode circuit (Fig. 13.61a) is a relatively 
high resistance in the ON state: roy ~ A, = Ry. In the circuit 
of Fig. 13.61b and c, the ON resistance is solely decided by the for- 
ward resistance of the diodes, roy ~ 2r;. Among the advantages of 
the circuit in Fig. 13.61c¢ is that 
Ryjas dO not shunt the load resistor 
R, so that the effect of the tinter- 
nal source resistance is reduced. 
Similar diode switches may be used 
in parallel pulse time gates. 
Referring to the current time gate 
(Fig. 13.62), its state is determined 
by that of the current switch using 
transistors 74 and 72. In the ON 
state, transistor 72 is conducting. 
Now practically all of the emitter 
current, i, (¢), of 73, determined 
by the input signal e (¢), is flowing Fig. 13.62 


25* 
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through the load resistor AR, thereby producing the output sig- 
nal u(t). In the OFF state, transistor 72 is cut off, and 
v (t) = 0. 


13.7. VARIABLE PULSE DELAY CIRCUITS 


A variable pulse delay circuit generates an output pulse which 
appears ata time delayed for a time t, from the appearance of 
a trigger pulse, Ving. The value of t, is determined by the control 
signal which may be an analog quantily (say, a control voltage e.) 
or a digital quantity (say, anumerical code NV). In most cases, it is 
required that ty be a linear function of e, or Ng. 

A typical block diagram of an analog delay circuit and its timing 
diagrams are shown in Fig. 13.63. The initial state of the circuit 
is determined by that of the flip-flop, Q@ = 0. The leading edge of 
a trigger pulse, Virig, sets the flip-flop to a 1 state and triggers the 
ramp generator. Taking the trigger pulse as the origin of time, the 
manner in which the voltage at the generator oulput varies may be 


(b) 


Fig. 13.63 
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written as v, (t) = At. At the instant when 
At =e, (13.35) 


the comparator is switched and the one-shot multivibrator, , 
is triggered. The leading edge of the pulse appearing at the multi- 
vibrator output resets the flip-flop, thereby switching the circuit 
back to its initial state. Solving Eq. (13.35) for time, we find 
that the output pulse of the multivibrator is delayed from the lead- 
ing edge of the trigger pulse by a time interval 


Ty = e,/A (13.36) 


In real delay circuits, Eq.(13.36) is satisfied only approximately 
because of the errors introduced by the ramp generator and compar- 
ator. The per cent error may be reduced to less than 1% through 
the use of precision components. 

The above delay circuit uses discrete elements. If the requirements 
for the accuracy of time delay are very stringent, the complete equip- 
ment may be simplified by combining the ramp generator, compara- 
tor, and flip-flop. An example is the phantastron generator exam- 
ined in Chap. 9. 

In digital pulse delay circuits. v, (t) and e.are respectively replaced 
by the numbers NV and V.. The ramp generator is replaced by a coun- 
ter. and the analog comparator by a digital comparator (equality 
detector) (Fig. 13.64). Initially, @ — 0 and N = 0. Application 
of a trigger pulse sets the flip-flop to a 1 state, Q — 1. Following 
that, every next clock pulse will increment the number N by one. 
The flip-flop will reset to 0 immediately after the comparator detects 
the equality NM ~ N.. The time delay is given by ty = TyyncVes 
where 7 snc is the repetition period of sync (clock) pulses. 

The per cent error of digital pulse delay circuits depends on the 
instability in 7.,,¢. Through the use of crystal-controlled clock oscil- 


Fig. 13.64 
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lators, the error may be reduced to anywhere between 10~ and 10-5, 
practically unattainable with analog delay circuits. 


Table 13.3. Sequence of Control Signals 


t R’ Vi Va 
0 0 0 0 
1 1 0 0 
2 4 1 0 
3 4 0 0 
4 1 0 1 
5 4 0 0 
6 0 0 0 


Table 13.4. Sequence of Input Signals 


Vtyr VsdV, R S Sgn Dp Ry 
0 0 0 0 1 Oo 4 0 
1 #14 0 4 4 0 1 1 
2 0 1 1 1 0 4 0 
3. 0 1 1 1 | 0 
4 0 0 4 1 1 1 0 
5 0 1 1 1 1 1 0 
6 0 4 4 1 4 0 1 
7 0 0 4 4 1 0 1 
8 0 0 0 1 4 1 0 


REVIEW QUESTIONS AND PROBLEMS 


13.4. What sets serial static registers apart from parallel ones? 
Compare them in terms of the number of control] inputs used, word 
read-in and read-out, and the number of input and output terminals. 

13.2. Point out the merits and demerits of dynamic registers as 
compared with static registers. Draw a block diagram for a parallel 
dynamic register. 

13.3. Input A, ofan8-bit parallel register (see Fig. 13.1) accepts 
an input word 11000100, whereas input A , of the same register accepts 
another word ,01010104.Using the sequence of control signals exhaust- 
ed in Table 13.3, find the word stored in the register. 

13.4. Assuming that the discrete time interval ¢ is known during 
the existence of the clock pulse at input C and neglecting the value 
of A’, solve Problem 13.3 for the registers arranged as shown in 
Figs. 13.2 and 13.3. 
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13.5. A three-bit serial register is built as shown in Fig. 13.15. 
Using the input signals exhausted in Table 13.4, find the sequence 
of signals at outputs Y p, and }",, if the input word applied to its 
parallel inputs D, through D, is 100. 

13.6. Draw a logic diagram for one stage of the register shown 
symbolically in Fig. 13.6a. 

13.7. Draw logic diagrams for one stage of a serial-carry binary 
counter (Fig. 13.24b) using NAND gates and AND-NOR gates. 
Compare the two circuits for speed, assuming that ty is the same 
for both. 

13.8. Draw a block diagram for one stage of an up-counter and 
an up-down counter. 

13.9. Outline ways and means for enhancing the speed of counters. 

13.10. Draw a logic diagram for aNAND-gate three-bit asynchro- 
nous parallel-carry up-counter. Evaluate the dynamic parameters 
of the counter. 

13.41. Draw a circuit diagram for an analog variable delay circuit, 
using Soviet-made 1YT401b opamps and Series 133 logic gates 
{NAND and AND-NOR), and also the flip-flops shown in Figs. 6.31, 
6.38, and 6.39a. 

13.12. Design a digital functional subunit generating a 1 signal, 
if the binary variable z, takes on consecutive values such that z,(é) 
= 0, z, (¢—1) =1, 2,(¢ — 5) =1, and z, (t — 6) = 0. The dis- 
crete time intervals are marked by the positive-going edge of another 
binary variable, z,. Hint: use a serial-paralle] register and a code 
comparator. 

13.13. Design a functional subunit differing from that specified 
in Problems 13.12 in that the appearance of the given sequence of 
values switches the output variable from 0 to 1. It is switched back 
from 1 to 0 by a sequence of signals such that z, (t) = 1, x, (t — 2) 
=1, z(t — 3) =0, and z, (¢ — 6) = 1. a 

13.44. In a five-bit serial register, output Y , is connected to 
input Dz. Enable input Vz to accept a periodic sequence of pulses. 
Find the values of the word stored in the register at the successive 
time instants t= 1, 2,..., if at t = 0 it is 00000. 

13.15. Using the values of the word found in Problem 13.13 
to code the natural numbers from 0 through 9, design a modulo-10, 
modulo-100, and modulo-10" asynchronous counter. 
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A 
Active region, 72 
Adder, 359 
full, 359 
half, 359 
Addition 


parallel, 359 
serial, 359 
Analog comparator, 357 
Analog detector, 367 
AND-NOR gate, 145 
AND operation, 145 


B 


Basic set in switching algebra, 145 


Binary cell, 352 
Binary coding 
level type, 14 
pulse type, 11 
Binary equality detector, 362 
Bistable circuit, 164 
static, 161 
unsaturated, 177 
vacuum-tube, 177 
Bit, 328 
Blocking oscillator, 234 
collector-coupled, 234 
L-type, 246 
modified, 246 
vacuum-tube, 250 
Bucket-brigade devices, 344 
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Capacitor, speed-up, 84 
Charge-coupled devices, 344 
Charge-transfer devices, 344 
Clamping circuit, 107 

Clear signal, 4185 

Clock pulse, 188 

CML (ECL) gate, 146 


Combinational logic, 180 
Combinatorial logic, 180 
Counter, 348 

binary, 354 

down-, 349 

reversible, 349 

ripple-through, 350 

up-, 348 

up-down, 349 
Current boost, 305 
Cutoff, dynamic, 72 
Cutoff region, 72 


D 


Decoder, 363 
Delay line, 37 
coaxial-cable, 41 
open-circuited, 39 
short-circuited, 39 
spiral, 42 
ultrasonic, 46 
Demultiplexor, 363 
Difference comparator, 376 
Digital circuits, functional, 328 
Digital equality detector, 362 
Diode 
charge-storage, 50 
ideal, 54 
pulse, 50 
Schottky-barrier, 50 
Displacement current, 34 
Droop, 10 
DTL gate, 137 


Fan-in, 1419 

Fan-out, 149 

Ferrites, 33 

Finite automata, 179 

Finite automata theory, 180 
Finite-state machines, 178 
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Flip-flop, 1641, 178 
JK, 186 
latch, 197 
level logic gate type, 194 
master-slave, 191 
MS, 1914 
RS, 186 
T. 186 
thyristor, 325 


tunnel-diode, 318 
Flyback time, 252 


G 


Gating pulse, 378 
Group velocity, 37 


H 


Horizontal scanning, 310 


Inverter, 127 
MOS-transistor, 4155 


L 


L-oscillator, 246 

L-section, 43 

Ladder network, 43 

Leading edge, 9 

Leakage flux, 34 

Limiter 
common-base, 102 
common-collector, 103 
common-emitter, 100 
diode, 94 
double-peak, 93 
emitter-coupled, 104 
negative, 92 
parallel, 94, 95 
peak, 92 
positive, 92 
parallel, 94 
positive-negative, 93 
series, 95, 98 
series-parallel, 95 
transistor, 100 

Logic gate 
CMOS, 157 
current-mode, 146 
emitter-coupled, 146 
level-type, 118 


MOS-transistor, 153 
MOSFET, 153 
multi-input, 129 
multistep, 137 
pulse-type, 149 


M 


Magnetic hysteresis, 32 

Master, 1914 

Microstrip lines, 43 

MOS-transistor, 153 
depletion-mode, 154 
pibaieementmede, 154 
n-channel, 154 
p-channel, 154 

MOSFET, 153 

MOSFET inverter, 156 
biased, 156 
saturated-load, 156 
unsaturated-load, 156 

Multivibrator, 209 
astable, 209 
bistable, 164 
emitter-coupled, 163 
symmetrical, 167 
unsymmetrical, 162 


differential opamp as, 229 


discrete-component, 240 
free-running, 209 
IC logic-gate type, 228 


integrating RC-network, 229 


IC logic-gate type, 222 
integrated-circuit, 216 
modified, 2416 
monostable, 209 
collector-coupled, 210 
one-shot, 209 


integrating RC-network, 234 


synchronized, 209 
tunnel-diode, 346 


N 


Noise immunity, 124 
Noise margin, 124 
NOT operation, 115 


0 


Operational amplifier, 25 
OR operation, 4115 
Overshoot, 9 


P 


Phantastron, 275 
Phase comparator, 375 
Phase velocity, 37 
Pi-section, 43 


Power-driver output stage, 143 


Pulse circuits, 9 
analog, 10 
digital, 10 
functional, 328 
negative-resistance, 314 
tunnel-diode, 344 
Pulse duration, 9 
Pulse fall time, 9 
Pulse length, 9 
Pulse rate division, 289 
Pulse rise time, 9 
Pulse shaping, 14 
Pulse shortening, 18 
Pulse signals 
differentiation of, 24 
integration of, 24 
Pulse time gate, 378 
Pulse transformers, 30 
Pulse width, 9 


R 


Ramp current, 293 
Ramp generation, 256 
Ramp generator, 252 
bootstrap, 266 
constant-current, 262 
CR, 257 
free-running, 256 
Miller-integrator, 273 
triggered, 256 
Ramp voltage input, 23 
Rectangular pulse input, 21 
Register, 328 
dynamic, 341 
one-bit, 334 
parallel, 329 
parallel-serial, 340 
recirculating, 341 
serial, 331 
shift, 334 
bidirectional, 332 
unidirectional, 332 
Relaxation oscillator 


avalanche-transistor, 319 


synchronization of, 285 
thyristor, 323 
Reset signal, 185 
Reset threshold, 163 
Resonant. circuit. 30 
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Response 
critically damped, 29 
overdamped, 29 
underdamped, 29 
Ringing, 9 


Ss 


Sag, 10 

Saturation region, 75 

Satwooth current, 293 

Sawtooth current generator, 293 
opamp-integrator, 307 
TV, 309 

Sawtooth voltage, 252 

Section 
constant-k, 44 
m-derived, 44 

Sequential circuits, 178 
asynchronous, 182 
synchronous, 188 

Set signal, 185 

Set threshold, 163 

Signal 
evel tyne) 11 
pulse-type, 11 

Slave, 194 a 

Slope error, 253 

Square wave generator, 249 

Step input, 24 

Strip line, 43 

Sweep generator 


negative-current-feedback, 299 


opamp-integrator, 307 
Sweep time, 252 
Sweep voltage, 252 
Sweep-speed error, 253 
Switch, 49 
diode, 50 
practical, 60 
transient response of, 64 
saturated, 264 
transistor, 63 
common-emitter, 69, 76 
modifications of, 83 
unsaturated, 86, 264 


Switching algebra, basic set of, 115 


Switching element, 49 
Switching expression, 115 
Switching frequency, 162 
Switching functions, 114 
Synchronization, 285 


T 


T-section, 43 
Temperature stability, 69 
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Theory of finite-state machines, 180 symmetrical, 169 
Thyristor, 323 Truth table, 144 
Tilt, 40 

Time Vv 


forward recovery, 56 
recovery, 162 


resolving, 162 Variable pulse delay circuit, 380 
reverse recovery, 97 Vertical scanning, 309 
storage, 57 Voltage boost, 305 


transition, 56, 57 

turn-on delay, 56 
Time mark, 30 
Time mark generator, 30 WwW 
Timebase voltage, 252 
Totem-pole amplifier, 143 
Totem-pole output driver, 143 
Trailing edge, 9 
Transit time effects, 71 
Transistor 


Waveform, 9 
exponential, 9 
rectangular, 9 
sawtooth, 9 


Ebers-Moll model, 64 trapezoidal, 9 
exponential model, 64 triangular, 9 
MOS-153 Waveshape, 9 

multi-emitter, 142 Word length, 328 


Schottky, 87 
Schmitt, 346 
Triggering 
asymmetrical, 169 zZ 
base, 169 


t- t, 169 
steered. 477 Zero-crossing detector, 368 
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